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ABSTRACT

High robustness against electromagnetic interference (EMI) in-
creases the reliability of modern electronic systems and enables
their operation in harsh environments. Interestingly, an often
used basic building block, the Miller amplifier, is susceptible to
EMI leading to a considerable incorrect output voltage. To coun-
teract this effect, various design criteria and countermeasures are
derived for the amplifier pins and simulated with dedicated EMI
test benches using capacitive and inductive EMI coupling. The
susceptibility of the power supply pins of the Miller amplifier
is demonstrated with small-signal models for the power supply
rejection ratio (PSRR) and verified by simulations. In order to
improve the EMI robustness of amplifiers for a low-power NFC ap-
plication, a current buffer and a no-capacitor feedforward (NCFF)
compensation topology are implemented and compared to the
Miller topology using small-signal models. Especially the in the
literature less used NCFF compensation topology offers high im-
munity against EMI with better dynamic performance than the
Miller topology.
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KURZFASSUNG

Eine hohe Robustheit gegeniiber Elektromagnetischen Stérungen
erhoht die Zuverlassigkeit von modernen elektronischen System
und ermoglicht ihren Einsatz in elektronisch gestorten Umge-
bungen. Der oft verwendete Miller Verstarker ist dabei anfallig
gegenliber elektromagnetischen Storungen, die zu einer fehler-
haften Ausgangsspannung fithren. Basierend auf diesem Effekt wer-
den Design Vorschriften und Gegenmafinahmen fiir die Verstérker
Eingange hergeleitet und mit entsprechenden Test Benches fiir ka-
pazitive und induktive Einkopplung von Stérungen tiberpriift.
Die Anféalligkeit des Miller Verstarkers auf Storungen in der
Spannungsversorgung wird mit Kleinsignal-Ersatzschaltbildern
fir die Power Supply Rejection Ratio (PSRR) demonstriert und
mit Simulationen verglichen. Um die Robustheit gegeniiber
elektromagnetischen Storungen zu erhohen werden ein Current
Buffer und ein No-Capacitor Feedforward (NCFF) kompensierter
Verstérker fiir eine Low-Power NFC Anwendung entwickelt und
durch Kleinsignal-Ersatzschaltbilder mit dem Miller Verstérker
verglichen. Vor allem die in der Literatur eher unbekannte
NCFF Kompensationsmethode zeigt dabei eine hohe Immunitét
gegeniiber elektromagnetischen Storungen und bessere dynamische
Eigenschaften als die Miller Kompensationsmethode.
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1 Introduction

1.1 Background

Over decades, engineers all over the world researched on new technologies to keep up
with Moore’s law. As part of this process, power supply voltages were dropping and
frequency ranges are increasing [1], [2]. As well as such modifications work, problems
arising from electromagnetic interference (EMI) are getting worse and worse. With
the increased frequencies and higher number of integrated devices on single chips,
interferences are increasing. Simultaneously immunity is shrinking as supply voltage
and dynamic ranges are decreasing [1].

As EMI affects all circuitries, a common design strategy for all components is hard to
realize. Therefore a decision must be taken which components are more susceptible
then others. Modern technologies often require to use analog and digital circuits on
a single chip (mixed-signal integrated circuit (IC)). Thanks to the basic concept of
digital signals, a certain threshold for electromagnetic disturbances is given by digital
circuits. On the analog side however, signals arising from electromagnetic disturbances
often can not be distinguished from intended input signals and can therefore easily
spread out over the whole chip [3]. Throughout all analog circuitries operational
amplifier (OpAmp) are considered as the predisposed victims of EMI due to their
high gain architecture [4]. In Fig. 1.1 a simulation of an OpAmp interfered by short
high-frequency EMI strobes with amplitudes of 200 mV is shown. The distorted output
voltage demonstrates the susceptibility of OpAmps, which needs to be reduced to
guarantee a confidential operation.

In the industry often two-stage amplifiers are used because they provide higher gain
than single-stage amplifiers and are able to drive resistive loads. However, frequency
compensation must be applied and these compensation methods often are the cause of
inferior EMI robustness of two-stage amplifiers [5]-[7]. Especially the well known Miller
compensation suffers from a poor power supply EMI performance [8]-[10]. This behavior
is to a large degree determined by the used frequency compensation and not by the
design of the transistors [7]. Because of the omnipresent Miller compensation, modern
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Figure 1.1: Simulation of an amplifier interfered by high-frequency EMI strobes

textbooks do not include other compensation methods very often in their contents [11]
and therefore other, often better frequency compensations methods regarding EMI, are
not frequently used to compensate two-stage amplifiers.

1.2 Scope of the Thesis

So what can be done to increase the robustness of OpAmps against EMI and which
measures are useful for which application? This thesis summarizes different EMI
counteractions and gives an overview of the theoretical backgrounds of each measure.
The effectiveness of each measure is investigated and impacts on the amplifier ac
performance and power consumption are considered. In order to improve the EMI
robustness further, the power supply rejection ratio (PSRR) of different frequency
compensation methods is investigated with small-signal models. Based on the results of
the analyses, a in the literature less mentioned frequency compensation method using
feedforward compensation without capacitances theoretically should offer high EMI
immunity. But until now no direct EMI considerations were taken of this topology.

In order to investigate the EMI susceptibility, dedicated EMI test benches (TBs) are
designed and applied together with a simple simulation framework. Small-signal models
of three frequency compensation topologies are constructed to verify the simulations
and to deliver design criteria for an increased EMI robustness.



1.3 Outline

1.3 Outline

In order to investigate the susceptibility of operational amplifiers, the thesis is divided
into five chapters: After the introduction, the main effects of EMI entering an amplifier
are investigated and linked to the commonly known output voltage shift in Chapter 2.
To characterize the EMI susceptibility, two figures of merit (FOM) are defined and
compared on their effectiveness to describe the electromagnetic susceptibility (EMS) of
amplifiers. Considering these FOM, measurement and simulation setups are examined
and discussed with their limitations for EMI measurements on transistor level. Based
on the theoretical EMI effects, countermeasures to increase the robustness of amplifiers
are introduced in Chapter 3. Hereby measures for the input and output (I/O) pins
are considered in a first step while EMI robust frequency compensation methods are
presented in the second half of the chapter. Proceeding with the results of the first
chapters, a Miller amplifier and dedicated EMI TBs are designed in Chapter 4 and
used to evaluate simple EMI measures for the /O pins of the Miller amplifier. With
the simulation results a table is established in order to show the effectiveness of each
EMI measure on the amplifier robustness. In Chapter 5 the susceptibility of the Miller
amplifier on the power supply is confirmed with small signal models. Current buffer
and feedforward compensated frequency compensation topologies are designed and
compared to the Miller amplifier. From the simulation results tables are established for
the ac and EMI performance in order to give guidelines for future designs.






2 EMI Susceptibility of Operational
Amplifiers

Commercially used operational amplifiers need to withstand a large number of distur-
bances when used together with digital circuitry or in harsh environments. The effects
of EMI on amplifiers will be investigated to find critical areas that can be improved. As
EMTI arising from the power supply often is considered separately from the I/O pins,
the well known FOM PSRR is introduced and discussed. In order to measure effects
arising from EMI in a correct matter, the last segment of this chapter is dedicated to
EMI measurement. With the knowledge of the effects of EMI and the basic principle
of EMI-TBs all fundamental and important information are then known in order to
harden and test amplifier against EMI in later chapters.

2.1 Effects of EMI on Operational Amplifiers

Some of the most fundamental circuits blocks in analog chip design contain operational
amplifier consisting of metal-oxide-semiconductor field-effect transistors (MOSFETS).
Such circuitry blocks are used all over the chip and can therefore easily be exposed to
conducted EMI on all pins. Once electromagnetic signals are mixed up with the input
signals, they can not be distinguished and are therefore difficult to prevent. A common
effect of EMI entering an amplifier is a dc shift of the output voltage as demonstrated
in Fig. 1.1. Without countermeasures this effect can be quite large under the influence
of large disturbances and can debias complete circuitries connected to the OpAmp.

But how does this de shift occur? A very trivial example from [12] is presented in
Fig. 2.1: A source follower stage is influenced by a small sinusoidal electromagnetic
disturbance at the gate of transistor M;. If the frequency of the injected signal is lower
then the pole frequency of the output pole composed by the source resistance R and
the output capacitance C, the output voltage will be the same as the injected signal.
No dc shift occurs as the capacitor is charged and discharged within one period by the
output signal. However, if the injected signal has a higher frequency then the output
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Figure 2.1: Simulation of a basic source follower interfered with EMI and corresponding
output voltage shift as result of the excited output-pole frequency.

pole, the capacitor will not be able to charge and discharge within one input period and
therefore asymmetric charge rates are produced. The result is a shift of the dc output
value which can reach several 100 mV depending on the frequency and the amplitude of
the interfering signal.

As demonstrated in this simple example, the output shift can be prevented if the pole
frequency is shifted to higher values. Considering an OpAmp, increasing the output
pole-frequency would implicate increasing the bandwidth [3]. However, this simple
procedure is not easily practicable in real life applications as the bandwidth is limited
by a great number of factors. If the accumulation at the output cannot be avoided, the
sources of the shift need to be considered. It has been shown that the effect is related
to three basic phenomena [13], [14]:

o Slew rate asymmetry
o Parasitic input capacitors

o Non-linear behavior of the input stage

It is well known in the literature that for lower and medium EMI frequencies the effect
of slew rate asymmetry plays a major role while for higher frequencies the parasitic
capacitances determine the EMI performance of the circuit [14]-[18]. To understand
the meaning of this phenomena, they all three are considered further on in the next
sections.
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Figure 2.2: Simple CMOS OTA in unity-gain configuration with parasitic capacitances.

2.1.1 Slew Rate Asymmetry

Caused by the limited slew rate of amplifiers, slewing can distort the relationship
between input and output signal heavily. As long as both the positive slew rate SR,
and the negative slew rate SR_ correspond to each other, no dc shift takes place at
the output since the output capacitor charges and discharges equally. Unfortunately,
SR, and SR rarely match together. In [1], [3] and [19] mainly three reasons have been
mentioned:

o Charge modulation inside the bias transistor: To understand this effect, a basic
operational transconductance amplifier (OTA) is assumed to be connected in
voltage follower configuration as visible in Fig. 2.2. If a positive voltage step is
applied to the non-inverting input, the output follows this step and the voltage at
the source of M; and Ms increases. This leads to a higher drain-source voltage of
bias transistor M, and increases the bias current Ig;.s due to the channel-length
modulation (CLM) effect [1]. Assuming a negative voltage step at the input, the
same effect happens but in the opposite direction, Ig;.s decreases due to the lower
Vps of Mra;. Uniting both effects leads to a higher bias current during positive
voltage steps then on negative voltage steps. As Igj.s directly is linked to SR
and SR., different slew rates are produced.

o Asymmetries in the circuit topology: Asymmetric circuit architectures itself easily
lead to asymmetric slew rates. An example is a basic Miller OpAmp where
charging and discharging the dominant output capacitor is not symmetrical. More
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symmetric amplifier architectures as the folded-cascode (FC) topology [4] or cross
coupled architectures [18] decrease the difference between positive and negative
slew rate to a minimum and increase immunity against EMI.

o Parasitic capacitances: The major parasitics capacitances of the amplifier differen-
tial input stage according to [19] are indicated in Fig. 2.2. As these parasitics play
an important role not only for slew rate asymmetries but also for EMI robustness
at higher frequencies, they are considered in more detail in the next section.

2.1.2 Parasitic Input Capacitances

In the literature, another cause of dc shift often is stated as effect arising from the
parasitic capacitances [1], often referred as "Effect of strong nonlinear behavior of the
input stage” [3, p. 144]. As for all effects concerning EMI, parasitics play a major role
and it is not easy to distinguish between the influences raised by the particular parasitic
capacitors. Graffi et al. noted in [1] that the time-dependence of the gate-source
voltages and drain currents from both transistors of the input pair are different when
the amplifier is connected in feedback. By assuming a voltage follower configuration
and setting Cgsinp = Caginny = Cas, they derived expressions for both gate-source
voltages:

Cas + Crail
1% t) = Vin(t)  ———m—— 2.1
cs.inp(t) TN (t) 5Cs t Crun (2.1)
Cas
\% t) = —Vin(t) ————— 2.2
csInn(t) N (t) 5Ces + Crun (2.2)

One can easily see that Vg np attains larger values than Vg ny and so the corre-
sponding drain currents do. Assuming disturbances with high frequencies and high
amplitudes that drive the input transistors in cut-off region, (2.1) and (2.2) indicate that
the time in cut-off will not be the same for both transistors [1]. In fact, the distortion
in transistor My is higher then in transistor My. Considering very high EMI amplitudes,
not only M; but both input transistors are forced to cut-off and alternately produce
strong non-linear distortions [3]. The basic principle of such strong non-linear distortion
is explained with the concept of a diode in Fig. 3.9a where the output current is heavily
distorted by a sinusoidal voltage applied to it. To minimize this effect, the parasitic
tail capacitance Cr,; can be reduced or the gate-source capacitances can be increased
to equalize Vg np and Vg nn. To distinguish between the different effects arising
from Cgg and Cryy, this chapter was devoted to the input capacitors Cgg while the
next chapter considers Cr,; more accurate. Nevertheless, both expressions mentioned
at the beginning of this section describe the matter in a truly correct way.
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Figure 2.3: Strong and weak non-linear distortion effects for a diode and a transistor

2.1.3 Non-Linear Behavior of the Input Stage

Differential input pairs are used in almost every OpAmp to amplify voltage differences
between the inputs pins and to reject common-mode signals. However, under the
presence of high-frequency electromagnetic distortions, the latter changes its behavior.
As indicated in Fig. 2.2, there exists a parasitic tail capacitance Cr,; from source to
ground of the tail current source transistor. This capacitance is to a small extent formed
by the parasitic drain-bulk capacitance of the tail transistor itself, but mainly by the
well capacitances of the input transistors if they are placed in a separate well [3], [12],
[14]. To understand the meaning of this parasitic capacitances, a distinction must be
made between low and high frequencies: At low frequencies, Cr,; acts like an open
circuit and does not influence the behavior of the input differential pair. However, at
high frequencies, the situation changes if common and differential mode signals are
considered together. Hereby Cr,; shorts the tail current source and decouples both
sides of the input pair. While the average Vg of both input transistors is equal, the
output potential suffers from a dc shift if a common-mode signal is superimposed on
the input because of the non-linearity of the input transistors [14]. This is shown in
Fig. 3.9b for a single input transistor. A mathematical model for amplifiers interfered
by EMI is derived in [3], [20], [21] with the help of a two-input Volterra series:

Vorr = VG;_VT | Hea(jw) - Vo) - Vor(jw)] -coso do - (2.3)
_ arctan Im{Hep(jw) - Vou(jw) - Vou (jw)}
¢ = arch (RG{HCMUOJ) Vou(jw) - Vou(jw)} ) (24)
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In both equations Vopr expresses the input offset voltage, V the threshold voltage,
Veu the input common-mode voltage, Vpy the input differential mode voltage and
Hey the transfer function for common-mode signals. Measurements confirmed the good
agreement of the model as long as only weak distortion was present and the transistors
stayed in their operation regions [21]. The reason that Volterra series were used lies
in the existence of memory elements in terms of capacitances. As Cry; is present, the
bias current I.; has to be considered as an input variable and therefore a two-input
Volterra series expansion is considered [21]. In agreement with [3] one can see that the
input offset voltage Vopr rises with the product of the magnitudes of the common and
differential mode EMI signals and the phase between them. Furthermore the offset
decreases if the overdrive voltage (Vgs - V) is increased. Concerning Heyy, the parasitic
capacitances Cgg and Cray play a huge role and Cgg needs to be increased and Croyuy
decreased. This can be explained with the formula for Hey given in [22]:

Jw - Crag
2 - agmq + jw . (CTaz’l + 2 Ogs)

2.2 Power Supply Rejection Ratio

In modern processes analog and digital building blocks need to work together on single
chips. This leads to unwanted interaction and crosstalk between internal circuitry
caused by different EMI coupling paths. One path is formed by the power supply rails.
Disturbances and parasitic effects from the package vary the voltage on the supply and
ground rail and are often declared as supply bounce respectively ground bounce [23], [24].
This happens because it is not economic to route dedicated supply rails to every single
building block. To counteract the supply bounce phenomena, either the generation of
the disturbances can be avoided or the susceptibility of the victim can be decreased.
As the source of disturbances is not topic of this thesis, only the robustness of the
victims is considered. The sensitivity of electronic circuits against fluctuations on the
power supply rails is often declared as power supply rejection ratio (PSRR). This ratio
is a measure of the ability of the OpAmp to reject ripple noise from the power supply
rail [25] and should therefore also be usable for EMI investigations. A high PSRR could
imply high robustness against EMI on the supply rails as disturbances are isolated from
the amplifier gain nodes and not further feedforwarded to circuitries connected on the
output pin. This assumption is investigated further on in the next chapters.
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2.2.1 Definition of the Power Supply Rejection Ratio

In a general electric system three main nodes exist: input, output and power supply.
Mostly only the voltage transfer function from input to output A(s) is desired but
thanks to parasitic effects also a transfer function from the power supply to the output
Ap(s) exists. The power supply rejection ratio (PSRR) is defined as the ratio between
both transfer functions A(s) and Ap(s) in the frequency domain [5]:

A(s)

PSRR(s) = 8 (2.6)

As the amplifier gain A(s) and the supply gain Ap(s) are frequency-dependent also the
PSRR is frequency-dependent. Increasing A(s) in (2.6) by increasing the unity-gain
frequency (UGF) of the amplifier increases PSRR in the same way. To compare different
amplifiers, the PSRR is often normalized at the amplifiers unity gain frequency where
PSRR equals the inverse of the power supply gain Ap(s) [5].

2.2.2 Parasitic Gains

A different approach to the area of parasitic gains is presented by Saeckinger, Goette
and Guggenbuehl in [6]: By applying gauge-invariance they showed that the parasitic
gains are not independent of each other and that their sum is close to unity in practical
examples. They expressed this in terms of the common-mode rejection ratio (CMRR),
the PSRR from the positive and negative power supply and the differential gain A(s):

1 1 1 1 Zro
+ + = . (2.7)
CMRR(S) PSRRVDD(S) PSRRVSS(S) A(S) ZLO + ZOUT
Expressing all the ratios in gains leads to
Z10
Acm(s) + A s)+ A §) = —"7— 2.8
ea(s) + Avop(s) + Avss(s) = 50— (2.8)

where all the gains refer to their associated rejection ratios, Zour to the output
impedance of the amplifier and Zyg to the reference load for which the gains and
rejections ratios are specified. Without load Zp, approaches infinity and the parasitic
gains sum up to unity [6].

For designing amplifiers with a high PSRR, (2.8) indicates a huge step back as it implies
that a decreasing of the parasitic power supply gain increases the common-mode gain.
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Figure 2.4: Simulation of the parasitic gains of a Miller amplifier without and with an
additional noise-free Vger pin. Clearly the parasitic gains add to a calculated
overall sum Ag,, of one. By including an additional Vg pin other parasitic
gains are forced to lower values.

Furthermore it implies that at least one of the three parasitic gains need to be in
the order of unity which in practice often applies to one of the power supply gains
considering classic two-stage amplifiers [6].

So what can be done to increase the PSRR without influencing CMRR? Saeckinger et
al. explained this in [6] by introducing an additional input terminal Ve which gives
an additional degree of freedom (e.g. Vger as bias voltage for cascodes). By designing
the circuit with the additional input in a way that the parasitic gain Agrer to the output
is unity, the remaining parasitic gains tend to zero. It is worth noting that in order to
decrease the parasitic gains, Vger needs to be connected to a noise-free potential against
which the signals can be defined. Otherwise the newly added input terminal adds noise
to the output too. By designing the additional circuitry in a way that Ager is close
to unity over a wide range of frequencies, Aypp and Avss and hence the PSRR are
improved as demonstrated in the simulation in Fig. 2.4 which proves the stated concept.

As explained in [6], the concept holds also for fully differential (FD) amplifier where
the additional input terminal gets used as input for the desired output common-mode
voltage. Due to the fact that the common-mode feedback (CMFB) circuit should work
for the whole frequency range, the additional parasitic gains are forced close to zero.
This is one mathematical expression why basic FD amplifiers outperform single-ended
(SE) amplifiers in terms of CMRR and PSRR without additional or extra circuity
measures. Moreover Saeckinger et al. indicated that thanks to the CMFB also the
parasitic gains of the individual outputs of a FD amplifier are improved significantly
when the FD amplifier is used in a SE version.
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Figure 2.5: Miller amplifier at high frequencies with parasitic capacitances C;; and the
Miller capacitance Cy as proposed in [5]

2.2.3 Power Supply Rejection Ratio of a Miller Amplifier

As indicated in the introduction, two-stage amplifiers are often used in modern processes.
Dealing with the fact that the Miller compensation is the basic frequency compensation
technique up to now, the PSRR of the Miller amplifier is considered in more detail. It is
well known in the literature that the main problem of the poor PSRR performance arises
from the compensation capacitor which shorts the gate and the drain of the output
transistor at higher frequencies [5]-[10]. This results in a voltage follower configuration
at the second stage at higher frequencies as indicated in Fig. 2.5. The voltage follower
is formed by the constant biasing of the output common-source transistor, therefore its
gate source voltage needs to remain constant. As Vg is constant, the gate voltage of
the output transistor needs to follow ripple on the power supply line and disturbances
are directly coupled over the Miller capacitor to the output [7]. The transfer function
A, (s) from the considered power line to the output is hereby approximately one.

Steyaert and Sansen presented in [5] a method based on curves and cuts to calculate
a rough PSRR number of the basic Miller amplifier for low and high frequencies. As
mentioned in [26] the latter gets too complex for greater systems and the result is
inaccurate. However, the results for the basic Miller amplifier can be used to identify
simple design criteria. Reference [5] gives the PSRR equations of a Miller amplifier
using a p-channel MOSFET (PMOS) differential input pair with:

9m1 ° 9me
PSRR = 2.9a
oD Gas7 - (gas2+gasa) + 5 - gast - (Crr+Cha) ( )
o gml
PSRRygss = Q.ngsi.gds(j s Oy (2.9b)

From the result one can see that the PSRR is directly linked to g1 which needs to be
increased as much as possible (transistor indexing as in Fig. 4.1). The Miller capacitance
Cwm needs to be as small as possible in order to shift the forming of the voltage follower
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2 EMI Susceptibility of Operational Amplifiers

to higher frequencies. However, at very high frequencies, this capacitor shorts the gate
and drain of Mg anyway and leads to a PSRR close to zero. Mismatch in the input
differential stage leads to a lower PSRR as currents do not split equally. If no mismatch
is considered, the first stage is immune to EMI arising from the Vpp rail when a PMOS
input stage is used.

At this point also a distinction between the used MOSFET configuration must be made
as the PSRR is determined by the input differential pair. Using a differential pair based
on PMOS gives a higher immunity against disturbances on the Vpp rail as the voltage
follower formed by the compensation capacitor is connected towards the Vgg rail. Vice
versa the use of n-channel MOSFET (NMOS) for the input stage leads to a higher
PSRR towards the Vgg supply rail as the voltage follower is formed at Vpp.

2.3 EMI Measurement Setups

As seen in the previous sections, OpAmps suffer from different issues that make them
susceptible to conducted EMI. To distinguish between EMI hardened OpAmps and
susceptible OpAmps, EMI measurement setups are needed [23]. As EMI extends over
various frequency up to GHz, dedicated measurement equipment is needed to ensure that
the results are not influenced by the measurement itself. Especially with high-frequency
measurements, effects arising from the printed circuit board (PCB) or the measurement
equipment can influence EMI results. To compare different EMI countermeasures also
some FOM need to be defined to investigate large differences in the susceptibility.
Concerning EMI measures also the cost-benefit ratio between a reduction of EMS and
factors like area, power consumption or ac influence need to be considered. Poor or
incorrect EMI measurement setups can lead to sufficient immunity under test situations
but faulty EMI robustness in real life application and needs therefore to be avoided
under all circumstances.

2.3.1 EMI Standards

Measurement setups for electromagnetic compatibility on system level are defined in
different standards such as the ISO 11452 [27] or the CISPR 25 [28]. As the effects of
EMI in ICs caused by their complexity and small size are more difficult to predict than
EMI on system-level, the International Electrotechnical Commission (IEC) established
the specific subcommittee 47A in 1996 [29]. Working group 9 of this subcommittee
released standard IEC 62132 for radio frequency (RF) immunity of ICs [30] in 2006.
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In this standard several measurement methods for EMS are defined containing among
other the TEM-Cell, Bulk Current Injection (BCI), Direct RF Power Injection (DPI)
and the Work Bench Faraday Cage method. While the TEM and the Work Bench
Faraday Cage method are included also in the IEC emission standard, BCI and DPI are
purely for conducted interferences. Hereby the BCI method tries to reproduce currents
that could be generated in wires of electronic systems by electromagnetic fields in the
real world [23] and DPI uses direct RF injection.

2.3.2 Direct Power Injection Method

The Direct RF Power Injection (DPI) method uses direct injection of RF disturbances
into the desired test pin of the device under test (DUT) through a decoupling block [31].
To block dc signals, a de-block is realized by a capacitance with or without an additional
resistor [23]. For confident measurement results a 50 €2 system from RF source to the
pin under test is strongly advised to avoid unnecessary reflections. This corresponds
also to the connection cables of the RF generator and the connections at the test board
to bring the RF signal as close as possible to the desired test pin [32]. Though the
coupler and the pin of the DUT can not meet 502 regulations, reflections will be
caused which need to be measured. The monitoring of the RF signal is accomplished
through a directional coupler which measures the forward power of the signal and the
reflected power. However, to ensure that not too much power from the unmatched
input stage is reflected back to the RF amplifier and reflected again by the 50 Q2 output
impedance, an attenuator is inserted between coupler and injection capacitor [33]. A
block diagram of the whole measurement setup is shown in Fig. 2.6. As mentioned
in [23] it is not absolutely necessary the use a Faraday cage for the DPI method as the
radiated electromagnetic fields of this method are rather low. As an injection signal a
continuous sinusoidal wave or a sinusoidal signal with amplitude modulation can be
used [23]. Hereby the injected frequency can range from dc up to 1 GHz.

Because of the easy measurement method, the basic principle of the DPI technique
will be used to implement EMI TBs in following sections. As the DPI method is
standardized for universal ICs measurements, a failure criterion of the DUT is difficult
to define. Reference [23] suggests jitter, undesired I/O behavior or reset triggering as
failure criteria for digital circuits. For analog systems, however, other criteria must
be defined. As seen in the previous chapters output dc shift is a common effect for
amplifier under electromagnetic disturbances and can therefore be used as a possible
failure criteria for this standardized method.

15



2 EMI Susceptibility of Operational Amplifiers

Load _I_ DUT

RF | [ Directive |i[ Attenuator
Amplifier Coupler 3dB
Signal Faraday Cage

Generator
E Forward Reflected
' Monitoring
! Probe Probe Oscilloscope
PR Wattmeter [ZZZZZZZZZZIZIZIZIZIZICCT PC

Figure 2.6: Proposed block diagram in [23] for DPI measurements

2.3.3 Amplifier Configurations for EMI Measurements

The previously considered DPI method is commonly used to inject electromagnetic
disturbances into different DUTs. As in this thesis the DUT will be an analog amplifier,
more details of the measurement setup need to be specified. Especially the amplifier
closed-loop configuration needs significant attention as it varies the susceptibility of
the OpAmp [34]. In (2.3) a maximal offset is indicated if both the common-mode and
differential-mode signals are not zero and in phase. As it is desired to reproduce the
worst-case offset voltage, a closed-loop configuration causing this behavior is needed for a
broad range of frequencies. Redouté and Steyaert presented in [3] different configurations
for different frequencies:
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» Voltage follower: The unity gain buffer as closed-loop configuration is throughout

the literature the most used and indicated setup method [19], [32], [34]-[37]. With
the feedback from the output to the inverting input, the dc shift at the output
directly occurs at the input of the amplifier. By applying resistors as for example
in the non-inverting amplifier configuration, the input signal gets attenuated which
is not the case for a unity gain configuration. As the inputs witness the largest
voltage difference in unity gain configuration, the voltage follower is considered as
the worst case configuration [34]. Redouté and Steyaert confirm this behaviour
in [3] but note that this is only true above UGF. For frequencies below or close
to the UGF, the differential voltage between the input is close to zero as the
output follows the positive input and so the negative input does. Therefore the
differential part in (2.3) is eliminated and the configuration does not represent
the worst-case measurement anymore.
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e Double OpAmp measurement: To solve the UGF problem of the voltage follower,
Redouté and Steyaert propose in [38] a measurement method were ac and dc
feedback are separated from each other. The double OpAmp measurement method
uses an additional amplifier in integrator configuration to complete the dc feedback
loop. This configuration allows measurements independent from the UGF down
to the values of the used passive components 1/(R; - Cy) [38]. A drawback of
this configuration lies in the increased number of needed components for the
measurement. Also stability problems can occur from the combination of two
amplifiers in the feedback loop.

Which one of the two indicated methods is used for carrying out EMI tests is determined
by the assumed test-frequencies. For frequencies below UGF, the double OpAmp
method should be used while for higher frequencies the voltage follower configuration
offers an easier solution in terms of used components. Concerning the RF disturbance
signal, a sinusoidal signal can be used as stated in the DPI section. Electromagnetic
disturbances often decay in time and therefore the use of such a continuous signal
represents a worst-case situation [34]. Reference [33] notes that standalone simulations
are different from system-level measurements where the amplifier under test is inserted
in a bigger 1C with other circuitries that influence the EMS. Often also electrostatic
discharge protection is used which can affect the EMI measurement of the pure amplifier.

As now measurement methods and configuration are considered, further details can be
taken into account. To measure the susceptible of each individual pin, it is important
to ensure that only the pins under test experience injected RF signals. Otherwise other
pins could influence the obtained output effect so that the measured shift is not a pure
result from the pin under test any more [32]. This can be ensured with capacitors and
resistors. Special care must be taken if the injection point is connected to multiple
pins by circuit configuration itself. Examples for such configurations are injections into
the inverting pin or the output pin when closed feedback is used. Possible solutions to
isolate different pins are shown in [32]. It should be noted that for such measurements
the previously mentioned setup measurements are not possible. If no shielding is used
between different pins, no statement of the EMI susceptibility of each single pin can be
made. However, regarding real world application these measurements are more realistic
than measurements with isolated pins.

Uniting all these considerations, the used measurement setups always need to be specified
to allow repeatability of the measurements. In order to simulate EMI injection special
care must be taken on ideal voltage sources. Without the use of an additional resistance
or impedance, injected signals are absorbed by the sources [35]. The measurement
procedure itself can be adapted similarly to the measurement algorithm for DPI by
changing the EMI amplitude and frequency.
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2 EMI Susceptibility of Operational Amplifiers

2.3.4 Figures of Merit for EMI Measurements

As now the susceptibility of OpAmps in terms of output offset can be measured, some
figures can be defined in order to compare different implementations on their EMI
robustness. For disturbances arising from the power supply, the already mentioned
power supply rejection ratio (PSRR) is available. However, for other pins no figure of
merit (FOM) was defined for a long time. Therefore Texas Instruments Incorporated
introduced in [32] and [39] a parameter called electromagnetic interference rejection
ratio (EMIRR). This parameter links the mentioned dc output shift to the injected RF
disturbance in order to quantitatively describe the EMS. By definition EMIRR is given
by

EMIRR =20 - 1og<w> (2.10)
OFF

where Vippeak 18 the amplitude of the injected unmodulated RF disturbance and AV gpp
the resulting offset shift referred to the input of the amplifier. Vgyppeax is standardized
to 100mV. In order to use also other injection voltages, reference [39] offers a conversion
based on a quadratic relationship where the RF interference is scaled to 100 mVp:

VRFPeak VRFPeak

E’]\/[[RR—20-10g<A OFF> —|—20-10g(1oomvp> (2.11)
Here VRppeak 18 the peak value of the injected RF signal different to 100 mVp. EMIRR is
given in a logarithmic scale in dB where higher values correspond to a higher immunity
against EMI. As noticeable in the definition, the method is not limited to a single
OpAmp pin and can be used to characterize the electromagnetic immunity of all pins.
One can see that the definition of EMIRR is different from that of the PSRR in (2.6).
Nevertheless both figures describe the ability of the amplifier to reject electromagnetic
disturbances. Texas Instruments Incorporated describes the EMIRR measurement
in [32] as following:

o Applying an RF signal to the pin under test: This can be done by the mentioned
DPI method. To ensure good accordance of the measurements, the influence of
the test setup itself should be kept at a minimum. Hall and Kuehl mention in [39]
that the desired dc bias voltage at the input should lie at about halfway between
both supply rails in order to receive a linear OpAmp behavior. Do inject dc and
RF signals simultaneously, a bias tee is used where a capacitor blocks the dc signal
from entering the RF generator and an inductor the RF signal from entering the
bias source. As indicated in the DPI-standard, the injection capacitor should
have a capacitance of 6.8 nF while the inductor should have an ac impedance of
at least 400 2 over the whole test frequency range [31]. The standard also notes
that to ensure an ac impedance of 400 €2 usually multiple inductors with different
values are needed.
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Figure 2.7: EMIRR measurement setup for the Vour pin as proposed in [32]

o Measurement of AVgpr at the output: To measure AVopp, the offset voltage at
the output of the amplifier needs to be measured with and without RF signals to
get the resulting offset solely by the RF injection.

o Calculating input-referred offset shift and EMIRR: From the resulting output shift
the input-referred offset shift can be calculated. In voltage follower configuration
this is easily done as the output shift equals the input shift, for other configuration
the gain factor needs to be taken into account. This corresponds especially to the
measurement of EMIRRyyy and EMIRRouyr when the RF injection is isolated
from other pins. If the resulting offset shift is above the noise level of the amplifier
and no saturation has taken place, the EMIRR of the tested pin can be calculated
with (2.10) or (2.11) depending on the injected signal.

As the output pin is one of the hardest pins to isolate, an exemplary measurement setup
suggested in [32] is shown in Fig. 2.7. The often indicated voltage follower configuration
is not usable for measuring EMIRR o, as the inverted input pin would not be isolated
from the RF injection into the output. The input-referred offset shift can be calculated
with the gain of the amplifier closed-loop configuration, in case of the example in Fig. 2.7
with 1 + (Ry + Rs)/Ry [32]. To isolate the measured dc voltage from the RF injection
a low-pass (LP) filter is used, otherwise the RF signal would be directly seen at the
output.

However, as shown in [40], the characterization of the susceptibility of OpAmps against
EMI with the EMIRR is not always practicable. The main drawback lies in the fact
that the EMIRR scaling bases on a quadratic relationship between the RF signal and
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the offset voltage shift. According to reference [40], this relationship is only accurate if
the amplitude of the injected RF voltage appearing between the gate and the source of
the input MOSFETS is lower than the overdrive voltage (Vgs - V). This ensures that
they are not switched off periodically, otherwise the assumed quadratic relationship
is not valid any longer. Simulations in Spectre using non-quadratic transistor models
confirmed the change of calculated EMIRR values with different injection voltages.
The usage of EMIRR is therefore restricted to a single injection voltage as the scaling
within (2.10) does not work properly. Another drawback is the loss of the offset voltage
sign as the logarithm requires absolute values. To solve this problem [40] proposes
to measure the offset for different injection voltages at different frequencies and plot
them directly without the EMIRR calculations. This however is not usable for a large
number of different amplifiers as a very limited number of injection voltages can be
used. Otherwise the plots would be overfilled and injection voltages usable for EMI
hardened amplifiers would lead to heavy clipping of standard amplifiers as they can
handle only lower injections amplitudes.

Another missing factor comes with some proposed circuits to improve the EMI robustness
in the next chapter. With the mentioned PSRR and EMIRR methods the result of the
improvement in terms of output or input referred offset is countable and the sources of
EMS are known, but not the costs in terms of power consumption or ac modifications.
These factors will be considered in the next chapter in order to define guidelines and to
evaluate EMI measures.
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As the effects of EMI entering an amplifier are now known, measures to increase the
immunity need to be taken. The basic principle is to reduce the impact of the mentioned
parasitics and circuit properties which increase the EMS. However, the causes of the
susceptibility of an amplifier on the power supply pins are different to that of the I/O
pins as the main problem lies in the frequency compensation. Therefore this section is
divided into measures for I/O pins and power supply pins.

3.1 Increasing the Immunity of the Input and Output
Pins

To decrease the susceptibility of the input and output pins, the known causes from
Section 2.1 need to be investigated and mitigated. Reference [14] tries to group EMI
measures into four groups:

Removing EMI before it enters the amplifier

Reducing parasitic capacitances

Linearization of non-linear devices

Compensation of the ac shift

As already discussed it is not possible to draw a hard boundary between EMI measures
as the can decrease the EMI robustness of an amplifier in multiply ways. However,
caused by the large number of different amplitudes and frequencies of electromagnetic
disturbances, measures can work properly for specified situations while being less
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effective for other EMI frequencies and amplitudes. This comes from the different EMI
sources at different frequencies and amplitudes. Therefore it is useful to investigate
the expected critical EMI frequencies before designing the amplifier in order to take
dedicated measures at susceptible frequencies.

3.1.1 General Design Criteria

Dedicated circuit design can help to increase the electromagnetic immunity without the
use of additional circuitry. This includes the reduction of parasitic capacitances with
adapted device dimensions and the use of advanced processes with decreased parasitic
capacitances [34]. Moreover, charge accumulation in the circuit can be reduced by
decreasing slew rate asymmetries, which can be achieved by [1], [12]:

Decrease CLM effects inside the bias transistor by increasing the length

Higher bias current as slew rate is linked to Igjas

Usage of symmetric circuitries like the FC topology

Symmetric design also in the layout

Another advisement considers the used output topology. As mentioned in [3], the
resulting dc offset shift of a common-source (CS) stage is about two orders of magnitude
lower than the shift of a common-drain (CD) structure when EMI is injected into the
output note. Redouté and Steyaert explain this with the variation of the gate-source
voltage of the CD stage when the output/source is disturbed with RF signals. As the
drain current is linked to the gate-source voltage, the average drain current flowing in
the output stage is unequal to the original state. The matter is different in the case of
CS stages where the EMI injection into the output is not disturbing the gate-source
voltage directly. Moreover, only capacitive coupling to the gate over the parasitic
drain-gate capacitance Cpg occurs. This capacitance forms a voltage divider with the
gate-source capacitance Cgs. However, as mentioned in [3], Cpg is typically smaller
than Cgs. By using larger transistor lengths and smaller widths the spread between
both capacitances can be increased further. Therefore a CS stage remains longer linear
than a CD stage which can clip at higher EMI amplitudes more easily [3].

However, as mentioned in [17], [23], [35], the main focus should lie on the input stage as
the output is fed back to the input. Therefore EMI injected into the output is also visible
at the input, especially for voltage follower configurations. Reference [23] indicates that
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mostly the input differential stage needs EMI improvements as disturbances injected into
this stage are strongly amplified in the proceeding stages. This corresponds also to the
previously recognized problems in Section 2.1 where the dc shift only gets accumulated
at the output and not generated. Clearly the mentioned effects of the output CD or CS
stage influence the susceptibility but as indicated in the papers, the main focus should
lie on the input stage, especially the differential pairs.

3.1.2 Input Filter

Unfortunately, the input stage is the most difficult to protect. Once RF signals are
distorted at the non-linear nodes, they cannot be distinguished from the desired signals
anymore [3]. Therefore the most straight forward solution is to filter RF signals before
they can reach the input pair. This is usually done with low-pass (LP) filters. Filtering
works quite well for the power supply [41] but is not so straightforward for the input
pair as it may seem at first look. Filters at the input affect the bandwidth and stability
of the amplifier [12]. To avoid this drawback, the additional pole formed by the RC
LP has to be pushed beyond the dominant pole of the amplifier to about 10 times of
the gain-bandwidth product (GBW) [14]. As resistors introduce thermal noise at the
input, the corresponding values should be as small as possible which implicates larger
capacitor values. However, larger capacitors implicate also more area required by the
amplifier.

To overcome the GBW and stability problems, reference [42] suggests the use of a replica
input differential stage for the RC LP. A sample circuit of the idea from Richelli is shown
in Fig. 3.1 where M; and M form the effective differential stage with the corresponding
active load and bias transistors. Migep and Magep form the replica input pair which is
to a large degree immune to high-frequency EMI and matched to the effective input
pair. As indicated in [42], the whole circuit exhibits an increased immunity against
EMI with less modification to the GBW and the phase margin (PM) than a directly
connected RC LP filter. For both indicated measures the EMI frequencies of interest
must be known beforehand in order to design the RC LP to be effective in the desired
frequency region.

3.1.3 Parasitic Capacitances

If it is not possible to prevent the RF disturbance from reaching the differential pair,
the effects of the parasitic capacitances can be taken into account. The transfer function
Hey from the input common-mode signal to the common-source node of the differential
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Figure 3.1: OpAmp with replica input stage and RC LP filter proposed in [42]

pair is given in (2.5) and by decreasing Hoy the output offset can be reduced [43].
This can be done by decreasing the parasitic tail capacitance Cr,; and increasing Cgs.
Note that this also can be obtained from the equations for the gate-source voltage (2.1)
and (2.2) where Cry,; needs to be decreased and Cgg increased in order to equalize
both gate-source voltages of the input pair. Especially the reduction of the parasitic
capacitance Cr,; is crucial as it shorts the bias transistor at higher frequencies as
discussed in Section 2.1.3.

To decrease Cr,y, an additional well for the input transistors must be avoided as this
forms the main contributor to Cr,;. This can be done by connecting the bulk pins
to Vpp or Vgg for PMOS or NMOS transistors. A drawback of the method is a shift
of the threshold voltage V1 caused by the body effect. To avoid this, a replica stage
as presented in Fig. 3.2 can be used where the bulk connections of the nominal input
differential pair are biased by a replica differential pair to reduce the body effect [22].
Doing so Cry; is reduced and the susceptibility of the amplifier against high-frequency
EMI is decreased. However, to ensure correct biasing, the parasitics of both input pairs
need to be matched which is not easy to accomplish [33].

Another way to reduce Heoy and to equalize the gate-source voltages of the input pair is
to increase the parasitic gate-source capacitances Cgg. Doing so the capacitive voltage di-
vider between Cr,j and Cgg is minimized at higher frequencies. Equations (2.1) and (2.2)
indicate that an optimal value for the added capacitance should exist. References [1]
and [44] derive this, whereby [44] indicates that the additional external capacitance
Cgsvp is dependent on frequency and Cggnn. This implies that for a dedicated value
of Cggnn, an almost frequency independent Cgg np can be found which is realizable
by an integrated capacitor as shown in [44]. Moreover, reference [1] denotes that thanks
to the small value of the added capacitors, the frequency behavior of the amplifier is
nearly unchanged. To reduce Hey further, the increased gate-source capacitances can

24



3.1 Increasing the Immunity of the Input and Output Pins

WF%@W T

e e S A

Ve | Vai l
gas_{ [MTail I CTaiI g'as—{ [MTaiI,a I CTail,a

Figure 3.2: Source buffered input stage

be combined with a source buffered stage which gives a high immunity against EMI at
higher frequencies.

With the increase of the gate-source capacitances also a new approach for LP filtering
is available. As presented in [13], a small resistor connected to the gate of the input
differential pair can be used. The resistor forms together with the increased gate-source
capacitances Cgg a LP that filters EMI.

3.1.4 Linearization

Another measure to reduce EMS of an amplifier is to reduce distortion inside the input
transistors. A simple method is introduced in [13] where source degeneration is used to
form an internal feedback loop and to improve the linearity of the stages. With the
insertion of simple source resistances in the input stage, the immunity against EMI can
be increased as shown by Corradin et al. He mentions also the drawbacks of source
degeneration as Ig;,s needs to be increased to compensate for the reduced gm. Also
mismatch plays a role as the resistors can increase input offset in absence of EMI.
Redouté and Steyaert derive the increased robustness against EMI in [3] mathematically,
however, they mention also the increased input equivalent noise as the degeneration
resistors are present in the signal path. Moreover [14] mentions that source degeneration
resistors are shorted by the parasitic tail capacitance Cry,; at higher frequencies and
will not increase the robustness against EMI anymore.
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Other possibilities to increase the linearity of the input transistors consist in using
transistors in triode region [14] or bulk driven input pairs [12]. However, both variants
suffer from mature drawbacks and are therefore not considered further.

3.1.5 Cancellation

If none of the previously mentioned measures can be used or if the measures are
insufficient, a cancellation scheme can be applied. This can be done by directing the
RF disturbances to a node with a contrary effect on the dc shift [14]:
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o Common-Mode Cancellation Circuit: As observable in equation (2.3), the re-

duction of the common-mode transfer function Heyy is a possible way to reduce
the EMI introduced offset. In [45] an on-chip common-mode cancellation circuit
(CMCC) has been presented which increases the CMRR and hence the robust-
ness against EMI as it removes the common-mode part. The latter consists of
a cross-connection of two inverters with dedicated resistors. By designing the
resistors according to the equations given in [45], the common-mode gain can be
decreased and the differential gain increased. The CMCC in Fig. 3.3 works the
following: Rising common-mode signals at the inputs are applied as decreased
potential to both Ry resistors. Due to the voltage divider formed by R; and Ra,
the potential at the gate of the input transistors ideally should stay constant.
Differential signals, however, are amplified as the potential at both resistors R;
and Ry changes in the same direction and the gate of the transistors changes
accordingly. Richelli and Redouté indicated improved robustness against EMI
also under the presence of mismatch. Reference [4] improves the circuit for dis-
turbances with higher amplitudes by decreasing the inverter slope with current
starved transistors. While the latter works for low to medium EMI frequencies,
the EMI robustness at high frequencies is improved too as the inserted resistors
form a LP together with the parasitic capacitances of the input stage. In order to
ensure that the CMCC does not influence the frequency performance, it must be
ensured that the introduced pole lies above GBW. Drawbacks of the circuit are
the increased area and the elevated input noise generated by the resistors. Also
power consumption is increased by the inverters.

Cross Coupled Differential Pairs: Another cancellation scheme was presented
in [36] which consists of two cross-coupled differential input stages separated by
an RC high-pass. Both input stages are considered as perfectly matched. Below
GBW the additional input pair does not introduce any signals as the input is
decoupled by means of the high-pass. At higher EMI frequencies the second
pair becomes active and generates an output current shift like the primary input
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Figure 3.3: Common-mode cancellation circuit proposed in [45]

pair. By cross-coupling the outputs the offset currents sum up do zero under the
assumption of perfect matching. However, as indicated in [3], the latter includes
some huge drawbacks: The input noise is increased by the additional input pair
and the inserted resistors as well as the area. Moreover perfect matching of the
input devices and the current sources is important, the power consumption is
increased and an additional voltage reference is needed to biases the gate of the
secondary differential pair in the middle of the input common-mode range. This
however does not work well for changing dc voltages at the primary input pairs.
An improvement of the circuit has been presented in [20], [43] which uses different
sizing of the input transistors stages instead of a passive high pass. Fiori derives in
the mentioned papers formulas for the design of such an improved differential pair
with cross-coupling. However, this method strongly depends on perfect matching
and increases the noise of the input stage too [3].

Summarizing the EMI countermeasures it can be mentioned that input filters increase
the immunity of amplifiers against EMI at frequencies above the GBW as they prevent
disturbances from entering the amplifier. This however does not work for lower and
middle frequencies close to GBW. Solutions based on minimizing slew rate offsets work
well for lower frequencies as they minimize the charge accumulation, while at higher
frequencies other measures must be taken. A good compromise lies in the reduction of the
parasitic tail capacitance Cr,; and the insertion of additional gate-source capacitances
Cgs which form a LP with the parasitic line resistances. Cancellation and feedback rely
on good matching and increases circuitry area, especially for more complex structures.
Concluding the most important factor lies in knowing the expected EMI frequencies
beforehand. This gives the opportunity to choose the correct EMI measure. It is also
beneficial when the desired UGF does not coincide with critical EMI frequencies as this
increases the number of possible EMI measures.
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3.2 Increasing the Immunity of the Power Supply Pins

As already mentioned, the main PSRR reduction of a two-stage amplifier is caused
by the used frequency compensation method. The PSRR is mainly determined by
configuration and only little improvement is possible in design [7]. Therefore improved
frequency compensation methods are considered in the next section on their own. Small
improvements by design however still can be made:

Decreasing compensation and parasitic capacitances
o Increasing G, and Ry of both stages in order to increase A(s) and GBW

« PMOS input structure for EMI problems arising from the Vpp supply rail and
NMOS input structures for problems arising from the Vgg supply rail.

 Using folded-cascode (FC) topologies
o Applying supply rail filter
o Power supply independent biasing circuits

Most of this guidelines can directly be derived from (2.9). As suggested in [1], [7], [46],
the usage of a symmetric single-stage FC topology instead of a two-stage topology
increases the PSRR. Moreover the symmetric structure of the FC increases the immunity
against EMI on the 1/O pins too as slew rate asymmetries are minimized.

In contrast to the input pins it is relative easy to insert filters for the power supply pins.
This is emphasized in [3], [41], where the usage of an external or internal RC LP for the
power supply grid increases the robustness against high-frequency ripples. However,
it is not always possible to implement internal decoupling capacitors in the range of a
few hundred pF or nF caused by their required area. Therefore this approach is not
assumed any further. Admittedly it has to be mentioned that it is a general intend
to insert decouple capacitances wherever it is possible what helps to filter out EMI
disturbances before they reach the amplifier.

Regarding biasing, [7] suggests using current sources that are independent from power
supply changes. This is especially crucial for the second stage as the fluctuating bias
current is multiplied by the resistance of the bias transistor and appears as voltage
ripple at the output of the amplifier [7]. To prevent this it must be ensured that the
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gate-source voltages of the bias transistors stay at the same level while the power supply
changes. This can be accomplished by referring all bias voltages and currents of PMOS
transistors towards Vpp and all bias voltages and currents of NMOS transistors towards
Vss.

3.2.1 Single Ended and Fully Differential Topologies

An effective way to deal with disturbances arising from the power supply lies in the
use of fully differential (FD) amplifier topologies. Thanks to the use of differential
signals, fluctuating common-mode signals and noise are suppressed as both outputs
experience the same common-mode shift what results in zero differential shift. Especially
in noisy environments as in mixed-signal circuits the use of FD topologies is highly
considered [24]. This is also discussed in Section 2.2.2 where an additional input like
the reference voltage for the CMFB circuit increases parasitic rejection ratios as CMRR
and PSRR. As indicated in [6], [37] even the use of a SE version of the FD topology
increases the robustness of an amplifier against EMI. The immunity against EMI can
even be more improved with the use of a cross-coupled output buffer [37] which ensures
a symmetric slew rate which is important to minimize charge accumulation at lower
and medium frequencies. Another advantage of the FD topology is the increased signal
swing which rises by a factor of two in comparison to single-ended (SE) signals. This
gives an advantage in low voltage power supply circuits [7].

However, the improvement in terms of noise and voltage swing comes not for free. FD
two-stage circuits increase the power consumption as two output circuits need to be
driven and an additional CMFB circuit is required. This CMFB circuit is needed to
define a common-mode voltage at the output. Also perfect noise-canceling due to the
differential output voltages is only ensured under the absence of mismatch. Hereby a
symmetric layout and symmetric surrounding characteristics are important [24].

3.2.2 Current Injection

A relative easy way to achieve a higher PSRR is presented in [6]. In Section 2.2.2
the assumption of all parasitic gains summed up to one was presented. With the
introduction of an additional noise-free input pin, other parasitic gains are reduced.
This is carried out by Saeckinger et al. with the use of a capacitor Cy,; connected between
the current mirror of the active load and a noise-free potential. This capacitor injects a
compensation current into the current mirror which corrects the current fluctuations of
the compensation capacitor of the second stage [6].
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Figure 3.4: PSRR simulation of a Current Injection amplifier with an additional noise-
free Vgrgr path.

By choosing Crnj = Chiler, Saeckinger et al. claim a reduction of the parasitic power
supply gain without influences on the frequency performance or common-mode range of
the amplifier. Simulations confirmed this behavior with a slight decline of the achieved
UGF and PM as the newly introduced capacitance contributes to the mirror-pole.
However, the improvement in terms of lower parasitic gains is significant. This method
was also used to insert an additional Vg path in Fig. 2.4. One clearly can see the
attenuation of the parasitic gains from both power supplies as Aget equals one over a
wide range of frequencies. The improved PSRR figure is plotted in Fig. 3.4. Especially
for PSRRyss a great improvement of more than 20 dB is obtainable from around 500 Hz
to 200 kHz.

To ensure reasonable results, the potential of the additional path needs to be noise-free.
This needs to be considered as a simple connection of the injection capacitor to Vpp or
Vg is not noise-free. Connecting the injection capacitor to Vgg increases the PSRR
from the Vpp rail but worsens the PSRR from the Vgg rail as an additional path for
disturbances is formed. However, if Vgg is assumed to be more immune to EMI then
Vpp, current injection represents a method to shift immunity between Vpp and Vgg
by scaling the injection capacitor Cr,j. This is also confirmed by EMI simulations of
a Miller amplifier with PMOS input transistors where an increase of the robustness
on the Vour and Vgg pins was visible if Cpy,; is chosen equal to the Miller capacitance.
On the Vpp pin no improvement was visible while the robustness on the Viyp pin was
slightly decreased, perhaps by the reduced ac performance.
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3.3 Frequency Compensation Methods

Two-stage amplifiers are often used in modern mixed-signal design because they offer high
gain. However, both gain stages introduce a pole which leads to significantly reduced
PM and instability. Therefore frequency compensation is needed which often is carried
out by Miller compensation. This gives an easy and efficient way to ensure stability but
influences the PSRR seriously and leads to weak robustness against EMI. Therefore
other, more robust compensation techniques are needed as frequency compensation is
the main contributor for weak PSRR performance.

3.3.1 Miller Compensation

Without frequency compensation, the dominant poles of a two-stage amplifier are given
by the respective output impedances. This impedances are often close together and
reduce the PM:

1

a Rnl . C’nl
1

B Rn2 : Cn2

P& (3.1)

In order to ensure stability, the poles needs to be separated. Doing so gain drops much
earlier and a sufficient PM is present. To shift the dominant pole to lower frequencies,
a large capacitor would be needed if the capacitance is directly connected to the output
of the first stage [47]. To avoid the use of such large capacitances, the Miller effect
can be used where a capacitance C coupled across a gain stage is seen as much larger
capacitance C; at the input:
1
1 _ s 1
sCl 1-— AV (1 — Av) . SC

(3.3)

Thanks to this Miller multiplication the shift can be ensured with much smaller values.
This leads also to the name of the Miller compensation [47]. The newly composed poles
are approximately given in [10] with

1

~ — 3.4

7 (14+ G2 Rp2) - Car - Rin (3:4)
Gma - Cyr

_Cnl'Cn2+On1'OM+Cn2'CM

D2 = (3.5)

where R,; and C,; indicate the output resistance respectively capacitance of the first
stage, Ry and C,» the output resistance and capacitances of the second stage including
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Figure 3.5: Simulation of the pole splitting effect using Miller compensation. With the
increased capacitive load pole p; is shifted towards the origin and pole ps
towards higher frequencies ensuring stability.

the load capacitance, G2 the transconductance of the second stage and Cy; the Miller
compensation capacitance. The dominant pole p; is shifted towards lower frequencies
and po is shifted towards higher frequencies. Therefore this compensation technique
often is also called pole splitting as it pushes the poles apart [10]. The effect can also
be seen in the simulation of a basic two-stage amplifier in Fig. 3.5 where both poles are
pushed away from each other ensuring a sufficient PM which is not the case without
Miller compensation.

Unfortunately, this concept is not without drawbacks. One downside lies in stability
issues when load capacitances in the same order of magnitude as the compensation
capacitance are used [48]. The more harmful drawback lies in the newly introduced low
impedance feedforward path across the second gain stage by the compensation capacitor
at higher frequencies. Due to the fact that the path over the compensation capacitance
is a short at high frequencies, no signal-inverting takes place. This happens in conflict
to the path over the second gain stage where the signal gets inverted.
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As the polarity of both signal paths is opposite, a right half-plane (RHP) zero located

at G
m2
7 +—= 3.6
o (35)
is produced [10]. This zero increases the gain while it decreases the phase shift leading
to decreased PM [7]. A simple approach to eliminate this RHP zero is the insertion of
a nulling resistor Ry in series to the Miller capacitor Cy;. Doing so the zero is given

by [24]
1

NOM-(L—RN)

gm2
where G2 represents the transconductance of the gain transistor of the second stage.

As Sansen notes the zero is pushed towards infinity for Ry = 1/Gpe and is even
inserted in the left half-plane for higher values of Ry. Razavi [47] notes that a pole-zero
compensation can be realized by choosing Ry equal to:

Cr+Cy

Ry =~ G Cr (3.8)
As this relies on the difficult matching of a resistor with the transconductance of
a transistor, a different approach uses the resistance of a transistor in linear region
which ensures better matching and less consumed area [24]. To encounter process and
temperature variations, [47] propose the usage of transistors in diode configuration
to bias the linear nulling transistor. This method only relies on the ratio of the used
quantities and except Cr, on no absolute values, matching is therefore much easier to
accomplish. However, even if matching between transistors is much more precisely, the
value of the load capacitance must be known and fixed, otherwise exact compensation
is not possible.

(3.7)

z

3.3.2 Voltage Buffer Compensation

One way to eliminate the feedforward path lies in the use of voltage buffers. As
described in [47], [49], a simple source follower can be used in series to the compensation
capacitance. The gain of a source follower stage is approximately equal to one and a
feedback path from the amplifier output over the source follower and the compensation
capacitor C¢ to the output of the first stage can be established. With the avoided
feedforward path, the RHP zero is shifted to high frequencies [47]. As derived in [49], a
left half-plane (LHP) zero is established which can be used to compensate a pole by
setting gm sr of the source-follower transistor equal to Gy,2 of the output stage times

lhe ralio from CC tO C| :
G CC
gm,SF - m?2 O

With pole-zero compensation, the original third pole becomes the new non-dominant
pole which does not depend on the load capacitance anymore [49]. However, to ensure

(3.9)
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pole-zero compensation the load capacitance needs to be fixed to achieve a stable C¢ to
Cy, ratio.

The main drawback of the voltage buffer compensation lies in the reduced output swing.
The source follower limits the minimal output voltage to Vg of the source follower plus
the voltage across the additional bias source to supply the source follower [47]. Caused
by the additional bias source power consumption increases and limits the usage of the
voltage buffer compensation.

3.3.3 Current Buffer Compensation

To overcome the drawback of the reduced output voltage swing, another approach uses
current buffer to eliminate the feedforward path. With the usage of a common gate
stage, the feedforward path is avoided. However, the current from the second stage
can flow into the output of the first stage but not in the other direction through the
compensation capacitor C¢ [50]. In the literature various versions of this concept exist:

 Additional Stage: Also described as ”"grounded gate cascode compensation” [10]
or "Ahuja-stage” [48], an additional stage between the first and second gain stages
is used to isolate C¢ from the first stage potential while preserving feedback. This
is achieved by connecting C¢ to the source of the common-gate transistor Mcp
as visible in Fig. 3.6. Due to the grounded gate connection, virtual or ac ground
is provided for the compensation capacitor and a current gain from the output
of the second stage to the output of the first stage equal to one is ensured [10],
[48], [50], [51]. By matching both bias sources Mp; and Mpgs, all the current from
the output of the second stage is directly guided to the output of the first stage
providing the needed feedback for pole splitting [48]. Caused by the avoided direct
diode-connection from gate to drain of the second stage output transistor, the
overall PSRR is increased [48], [51].

Mathematically the prevented feedforward path is expressed by the elimination of
the RHP zero if an ideal current buffer with an input impedance equal to zero
and an output impedance equal to infinity is assumed [48], [50]. Considering a
non-ideal current buffer, a LHP zero located at

_gm,C'B

o (3.10)

AR

is introduced, where g, cg corresponds to the transconductance of the current
buffer transistor [52]. Concerning poles, the dominant real pole correspondents
to the dominant pole of a basic Miller compensation while p, and ps can not
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Figure 3.6: Frequency compensation using an additional current buffer stage

be expressed as simple general expressions as the can be real or complex conju-
gates [50]. However, the assumption of an ideal current buffer in [48] indicates ps
at infinity. Assuming large values for transconductance gmcg, p2 can be found by

approximately:
Gm2 : CC’

~ — A1
P2= 7+ Co)- O (3.11)

where G,» correspondents to the transconductance of the second stage output
transistor and C,; to the sum of the parasitic capacitances at the output of the
first stage [50]. Comparing (3.11) to the non-dominant pole of the standard Miller
compensation in (3.5), a shift to higher frequencies is recognizable.

A drawback of the current buffer approach lies in the increased noise and current
consumption due to the additional circuitry and an increased amplifier offset
determined by the matching of both current sources Mp; and Mgy [50]. The
increased current consumption indeed can not be improved by limiting the cross
current through the additional stage as this current limits the slew rate. For equal
positive and negative slew rate, the current from the additional current sources
Mg, and Mg, needs to be the same or bigger as the current through the input
tail current source [47]. Furthermore [52] notes that, depending on the PM of the
internal feedback loop, peaking behavior in the transfer function can occur when
the PM of the internal current buffer loop is designed too small.

Embedded Stage: To overcome the increased current consumption, the common-
gate stage can also be embedded into the first stage by cascoding the active loads
of the first stage and connecting C¢ to the source of the cascode devices [50].
Doing so three poles and one LHP zero are produced as in the additional stage
variant, but with no additional current consumption. Furthermore, the output
resistance of the first stage is increased which directly increases the gain too.
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Figure 3.7: Frequency compensation using an embedded current buffer stage by cascod-
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ing the active loads transistors.

The design of the transconductance of the common-gate transistor however is
much less flexible than in the variant with the additional stage [50] and the input
common-mode range is limited by the bias voltage of the cascode devices.

Cascoding is also possible for the differential pair. By using a cascoded differential
pair, a new connection point for the compensation capacitor is available at the
sources of the cascode devices. Doing so the RHP zero is not eliminated as noted
in [50], but the feedforward path is decreased and the magnitude of the RHP zero
is increased compared to the standard Miller approach. Furthermore a LHP zero
is introduced lying at approximately the same magnitude as the RHP zero. The
zero can be calculated with the transconductance of the second stage G2 and
the transconductance of the cascode transistors gp case [50]:

GmZ * gm,Casc
Cnl : CC’

212 = + (312)

Current Mirrors: Another concept lies in the use of current mirrors to buffer
the feedback path. By choosing a current mirror gain of m = 1, the latter is
functionally equal to the variant with the additional stage [50]. However, by
choosing a current mirror gain m > 1, the feedback of the current from the
second to the first stage is increased by factor m. Therefore the compensation
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capacitor C¢ can be decreased by m to receive the same frequency behavior as
before. This leads do a decreased circuit area as the compensation capacitor
can be much smaller. On the downside, an increased current consumption and
lower output resistance of the current mirrors compared to the common-gate
stage is visible [50]. Moreover noise and parasitic capacitances are increased, the
common-mode loop may suffer from problems as C¢ does not affect the common
loop in the same way as the differential loop and the connections of the current
mirrors need to be crossed over in order to receive negative feedback [50].

3.3.4 Feedforward Compensation

All the previously mentioned methods rely on the use of a compensation capacitor as
main element to split the dominant and non-dominant poles of the amplifier. These
methods are quite easy to implement, however, other topologies exist which do not shift
the dominant pole to lower frequencies. A in the literature less known compensation
method avoids the shift of the dominant pole by adding a parallel feedforward gain
stage to the two-stage amplifier.

The main idea is presented in Fig. 3.8a [53], [54]: A two-stage amplifier with two gain
stages A1 and A, provides good low-frequency performance with high gain. Parallel to
the two-stage amplifier a single-stage amplifier with gain stage Az is used with low gain
but improved high-frequency performance. Therefore the second amplifier processes
signals at higher frequencies where the first two-stage amplifier is not capable to provide
enough gain. Reference [11] explains the improved phase performance with the use of
vectors where the signal of the feedforward stage Vier is added with little phase shift to
the amplified signal of the uncompensated two-stage amplifier %Stage. The resulting
vector VSum has a magnitude similar to the uncompensated vector ‘72smge of the two-
stage amplifier but with better phase behavior as visible in Fig. 3.8b. Therefore good
frequency behavior up to high frequencies is guaranteed without the use of frequency
compensation capacitors.

The basic principle for no-capacitor feedforward (NCFF) compensation was introduced
by Thandri and Silva-Martinez in [55] where the latter is investigated analytically. The
dc gain is given with (Av; - Avo + Avs) and the overall voltage gain with:

(Avs - Ave + Avs) (1 + G iraren)
(1 o) (L+ o)

The pole of the first stage is given by p; = Gp,1/Cy1 and the pole of the second and third
stage by a common py = Gy,2/Cha [55]. As one can see the overall transfer function has

H(s) = — (3.13)
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Figure 3.8: Block and phase-diagram for feedforward compensation

two poles and a LHP zero created by the fast feedforward path through gain stage Gy,s.
This zero is used to compensate the second pole by introducing a positive phase shift
and is located at [55]:

AVl : AV2> ~ _Gml Gm?

- — 3.14
AV3 Cnl Gm3 ( )

As Thandri and Silva-Martinez indicate, this zero lies at about Gyo /G times the
GBW of the first stage. If the zero lies at exactly the same magnitude as the non-
dominant pole, the pole is compensated. This results in a PM equal to 90° and an overall
GBW equal to Ays: Gp1/Chy [55]. Compared to the Miller amplifier an improvement is
achieved as the poles are not split and the dominant pole is not slowed down [56]. As
no compensation capacitor is used this technique also should offer a high PSRR.

Z1=—p1'(1+

Considering all these positive aspects regarding NCFF compensation, why is this method
not used more often? Several works in the literature point out that a pole-zero doublet
in the transfer functions generally ruins the settling behavior [24], [53], [55]-[57]. As such
a doublet is present in a NCFF compensated amplifier, some additional considerations
must be taken. Reference [55] notes that especially low-frequency doublets degrade
the settling performance. Therefore pole-zero cancellation in NCFF compensated
amplifier should take place at high frequencies in order to not affect the settling time.
Reference [53] differentiates two situations:

o A parasitic pole and a zero are placed between the dominant pole and the origin:
In this configuration the settling time is determined by the location of the pole-zero
pair and the gap between them.

e A pole is the first root close to the origin: In this configuration the settling time
is determined by the dominant pole or pole pair if no zero is located near them.
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Figure 3.9: Gain of a NCFF amplifier under the assumption of pole-zero mismatch

Summarizing this aspects, pole-zero cancellation should not occur before the dominant
pole. However, considering component tolerances, perfect pole-zero cancellation never
will occur. Depending on the constellation of the pole-zero doublet, a positive or
negative gain step will be visible in Bode plots [53]. If the zero is placed slightly before
the corresponding pole, a horizontal gain step is present. If the zero is placed above
the pole, the gain will fall with —40dB as demonstrated in Fig. 3.9. However, as [55]
emphasizes, mismatch between the pole-zero double does not affect the amplifier low
and medium frequency performance when the doublet is placed at high frequencies.
Summing up these considerations, three general design rules need to be considered when
designing NCFF compensated amplifier [55]:

o High gain for the overall amplifier
o Pole-zero cancellation at high frequencies

Reference [11] points out that caused by those constraints the feedforward technique
is not usable for high capacitive loads as this would lower the non-dominant poles
towards GBW. Concerning power consumption, reference [54] compares a basic Miller
compensation with NCFF compensation and comes to the conclusion that for the usage
at low frequencies the Miller approach is more economic as no third gain stage is needed.
For the usage at higher frequencies however, the NCFF variant is more economic than
an improved high-frequency Miller configuration. As [56] points out it is also possible
to reuse the bias current from the second stage of the two-stage amplifier to realize the
fast feedforward stage.
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3.3.5 Other Frequency Compensation Methods

In the literature also other, less known frequency compensation methods are listed
which should offer improved PSRR performance. A selection of them is listed below.
Hereby the main idea is always to avoid the degradation of the PSRR through the
diode-connected output transistor caused by the compensation capacitor.

40

 Blakiewicz Compensation: Blakiewicz presented in [58] a topology based on an

additional stage in which the compensation capacitor is not connected to the signal
path between the first and second stage, but between a newly introduced current
branch and the gate of the output transistor. The additional stage introduces
a LHP zero which can be adjusted through a bias transistor in an easy way.
By placing the zero between the second pole and GBW, smaller compensation
values are needed, but a non-monotonic phase behavior is present which might
be problematic for some applications [25]. However, the GBW is increased, the
compensation capacitor decreased and the PSRR is increased by 20 dB as described
by Blakiewicz.

Whatley Stage: A slight modification of the current buffer variants is presented
in [51] which bases on a cancellation principle. Whatley uses the standard Miller
compensation and adds a grounded gate stage in which a second capacitor Ccape
is connected to Vgs. Therefore two signal paths from Vgg to the output are
present at high frequencies: one over the diode-connected output transistor of the
second stage and a second one over Cgape, the grounded gate stage and the Miller
capacitor towards the output. The key point of this variant is that the introduced
currents have opposite polarity and therefore cancel out each other. A drawback
of this solution is the increased current consumption and the increased area caused
by the second capacitor. In terms of PSRR the Whatley variant exhibits high
values at dc and high frequencies, but lower values at medium frequencies.



4 Design of Two-Stage EMI-Immune
Amplifiers

In order to harden amplifier against EMI, different measures for the first and second
stage can be taken. As seen in previous sections, the first stage is the main contributor
for output dc shift while the frequency compensation method in the second stage is
responsible for the PSRR performance. Taking this separation into account it seems
natural to split up the design process of an EMI hardened amplifier into two parts: In
this chapter a basic Miller amplifier is designed and EMI measures from Section 3.1
are simulated. EMI robust frequency compensation methods will then be discussed in
Chapter 5.

4.1 Amplifier Application and Specification

As a target design application, a low power amplifier for usage in near-field communica-
tion (NFC) powered devices is considered. As the power supply in NFC applications
is derived directly from high-frequency signals, a high immunity against those distur-
bances is fundamental. The power supply of such applications is filtered by means of
a low-dropout regulator (LDO) in order to guarantee a stable supply. Nevertheless,
such elements are not capable to filter all disturbances and EMI signals can enter the
amplifier through all pins. In order to put the surroundings in numbers, a few spare
amplifier specifications are considered:

Maximum power consumption of 100 pW at 3V power supply

Varying load impedance between 80k(2 — 80 M2 and 0 — 10 pF

Capability to drive 10 1A load current

UGF of at least 1 MHz and an open loop gain of at least 60 dB
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Caused by the NFC application, the most critical EMI frequencies are set with the
frequency of the NFC signal itself at 13.56 MHz and the first harmonics. As digital
switching signals derived from the NFC supply can occur, the frequency range of interest
is limited from approximately 5 MHz to around 30 MHz. At higher frequencies the LDO
attenuates the NFC signal quite well and no EMI is considered. With the NFC power
supply also the polarity of the input differential pair is fixed to PMOS transistors as
this configuration offers higher immunity against disturbances on the Vpp rail than a
NMOS configuration.

4.1.1 Design of a Miller Amplifier

The design procedure for the Miller amplifier is based on the guidelines given in [7]. In
order to receive a PM of 60°, the needed Miller capacitor Cy; can be calculated with
the maximum load capacitance Cy, = 10 pF by

2.2
With the chosen compensation capacitor, the required transconductance of the input
stage can be calculated by

gm1 =27 -UGF - Cy; =27 - 1 MHz - 2.2 pF = 13.8nS (4.2)

With a gm/ID approximately equal to ten, the bias current for the first stage can be
calculated. Neglecting the design of the NMOS current mirrors and the PMOS bias
transistors, the transconductance of transistor Mg is calculated by
CL 10 pF
m6 = 2.2 gm1 - — = 2.2-13.8pS- ——— =138 S 4.3

9gme 9Im1 Cor 2 2.2pF B (4.3)
With the knowledge of g6 also the needed minimal current for the second stage can
be calculated ensuring identical current densities in the NMOS transistors. Using the
calculated values, the dimensions of the transistors can be calculated with the formulas
given in [7]. However, the simulated amplifier suffers from diverse drawbacks:

e UGF of 1 MHz not reached because the achieved transconductances of the input
and output stage were to small.

o Drive current of 10 pA not reached

o Miller capacitor is with 2.2 pF rather big
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Figure 4.1: Schematic of the basic Miller amplifier with the transconductance of the
first stage G, = 13.3 S and of the second stage G2 = 542.4 uS.

In order to deliver sufficient drive current for the load without cutting-off Mg, the
current in the second stage was increased. Doing so the gm/ID limitation of transistor
Mg is avoided and a higher GBW is possible. Considering the PSRR design guidelines
given in previous sections, the value of the Miller capacitor was decreased using the
Miller theorem. Equation (3.3) implies that by increasing the gain of the second stage
by a factor of three, the capacitance seen at the input also is increased by a factor of
approximately three. Therefore the second stage was redesigned with

Im6,new = 3 dme = 3-138 pS =414 }J.S (44)
1 1
CM,new ~ g . CM = g - 2.2 pF = 7331{F (45)

To include the changes of the output resistance of Mg and the effects of the increased
parasitic capacitances, the final dimensions were adjusted in simulation. With the
increased bias current and bigger transistor dimensions in the second stage, power
consumption and parasitic capacitances were traded for a smaller Cy;. This was possible
as the achieved power consumption is below the specification of 100 p£W. The final
dimensions of the Miller amplifier given in pm are indicated in Fig. 4.1.

4.1.2 Ac Simulation of the Miller Amplifier

Considering mismatch and process variations, a Monte Carlo analysis using 100 runs was
used to define the mean ac performance in Table 4.1 under different load configurations.
To attain a stable ac performance with changing load configurations, the amplifier was
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Parameter ZLSUM,lOp ZLsok,lop ZLSOM,Op ZLSOk,Op

UGF 24MHz 22MHz 25MHz 24MHz
Ay 88.8dB  69.9dB 88.8dB 69.9dB
PM 68.1° 63.4° 85.3° 84.6°

Table 4.1: Mean results of Monte Carlo simulations of the Miller amplifier for different
load conditions

designed to work without a nulling resistor or transistor by pushing the non-dominant
pole beyond UGF'. Doing so a stable phase behavior is achieved as visible in Fig. 4.2.
To achieve comparable results for other compensation methods, a generalized load
of 1I0MQ || 10pF is considered for further analysis from now on. All simulations are
performed in Cadence Spectre using a 0.13 pm CMOS technology.

The simulated dominant and non-dominant poles using PZ-analysis coincident with
—94.4Hz and —6.7 MHz pretty well with the calculated ones —97.5 Hz and —7.5 MHz
using (3.4) and (3.5). The used values for R,1, Rya, Cu1, Che and Cy were

1

R,y =———=9.0MQ, (4.6)
Gds2 + gdsl4

R, = due T 9er 1R = 416.6 k€2, (4.7)

Chn1 = Cys + Cgp6 = 114.51F, (4.8)

Che = Cp = 10pF, (4.9)

Chy = 800 pF. (4.10)

All other poles and zeros are placed beyond 10 MHz and are therefore not considered
for the ac performance.

4.2 Test Benches for EMI

To evaluate EMI measures, dedicated simulation TBs are needed. A simulation setup for
realistic DPI simulations is given in [59]. The presented TBs include many components to
simulate automotive environments. Such components model automotive cable harnesses
which are not suitable for consumer IC. In contrast to the TBs for automotive EMI
simulations, much simpler TBs are presented in [32] were amplifier configurations for
all amplifier pins are given.
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Figure 4.2: Miller ac simulations for different load conditions

With the knowledge of the theoretical background of EMI and the basic DPI standard,
different criteria for EMI simulation TBs can be assumed:

« Basic configuration: In order to simulate EMI, the amplifier is configured in a
voltage follower configuration with its standard load. In reference [32] Vour and
Vinn are considered separately and decoupled by means of an RC LP. However,
this does not represent the common amplifier application in real life where EMI
easily can disturb Vour and Viyy directly. Therefore EMS for both Voyr and
Vinn pins is considered in one TB without isolation.

LP and Zin: To measure the pure dc shift at the output of an amplifier, a LP filter
is needed. Depending on the used measurement setup, a voltmeter or oscilloscope
without the use of an LP could be used. However, it is not confident to rely on
the device-intern averaging, especially at higher frequencies. Therefore a simply
RC LP as suggested in [32] and [59] is used with different component values
in order to reduce the additional load on the DUT. The values of the used LP
components are given with with Rpp = 22k and Cpp = 500 pF. Furthermore
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the input impedance of the measurement device is modeled with 10 M2 resistiv
load, which corresponds to the input impedance of a voltmeter.

o Bias tee: To injected dc and ac signals simultaneously, a bias tee is used. In
contrast to [46] an injection capacitor of 6.8 nF is used with corresponds to the DPI
standard. The suggested capacitance value of 4.7 pF in [46] is not reasonable in
the considered simulation range from 5 MHz to 30 MHz as the injection impedance
is quite high producing a large voltage drop. Moreover, a voltage divider with the
amplifier load is formed when the Voyr pin is tested since 4.7 pF is in the range
of the amplifier load capacitance. With the used 6.8 nF' a stable injection factor is
ensured as the load capacitance is much smaller. The used capacitance of 6.8 nF
however is quite large and therefore amplifier stability must be ensured. To keep
the TB simple, ideal capacitances and inductances for the bias tee are used. A
comparison with components including parasitics indicated no difference in the
simulation results.

e RF source: To generate EMI, a power source with an internal resistance of
50 Q2 producing sinusoidal signals is used. As implied in the DPI standard the
termination resistance is chosen with 50 (2.

» Decouple capacitances: In contrast to [32], an unipolar power supply is consid-
ered where Vgg lies on the same potential as ground. Therefore two decouple
capacitances of 100 pF and 10 puF are connected only to the Vpp supply rail.

 Blocking devices: In [46] a resistance of 50 €2 is suggested to block RF from ideal
dc sources. Simulations showed that 502 is a rather small value to block the
signals and a large amplitude of the EMI signal was absorbed from ideal sources.
Therefore an ideal inductance with at least 4002 over the whole simulation
frequency range was used for the bias tee. For biasing of components without
direct EMI injection, no blocking devices where used as simulation showed no
difference in the results.

o Injection time: In order to allow the DUT to reach a stable operating point, the
RF disturbance is injected via a switch after a short delay. [59]

As simulation showed the specification of the used simulation TB is exceedingly impor-
tant. Changes in the results were visible in simulations if the amplifier load, LP or bias
tee components where changed. Without TB specification no confident valuation of the
simulation or measurement results can be accomplished.
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4.2.1 Simulation Setup

As already discussed, the output dc shift and the EMIRR FOM will be used to
characterize EMI measures. Due to the logarithmic scale the usage of EMIRR offers
advantages if large differences are present in the results. However, the EMI injection
voltage is limited to 100 mV and a sign change of the output dc shift produces huge
EMIRR values complicating the readability of figures. Therefore both dc shift and
EMIRR will be used depending on the simulation results.

The simulation procedure itself is based on the EMIRR procedure discussed in [32]:

o Measuring the amplifier offset without RF interference after the amplifier reached
a stable operation point

o Applying the RF interference

o Measuring the amplifier offset with RF interference after the amplifier reached his
new operation point. In addition to the LP an averaging function in simulation is
implemented to measure pure dc values.

o Calculating the EMI induced dc shift and EMIRR

The overall simulation time is equal to 300 ps and allows a settling of the LP output
within the first 150 ps for all EMI frequencies. The averaging and measuring is then
applied for the time frame between 150 ps and 300 ps and compared with the amplifier
offset measured at 1 ps, right before the EMI injection starts.

4.2.2 Test Bench for the Non-Inverting Input Pin

The complete TB for Viyp is indicated in Fig. 4.3. The amplifier under test is supplied
with Vpp = 3V and Vgg = 0V and biased in the middle of the supply range. Zp,
which represents the standard application load, was chosen to 10 M || 10 pF. With an
injection capacitor of 6.8 nF, an input impedance between 4.7 ) and 0.8 €2 is achieved
over the whole frequency range which enables a consistent simulation. The simulated
output dc shift at the NFC frequency of 13.56 MHz and an EMI amplitude of 100 mV
is equal to —860.211V. In terms of EMIRR 41.31 dB are reached.
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Figure 4.4: EMI TB for Vpp. For injection into Vgg the decouple capacitances need to
be added to the Vpp rail as carried out in other TBs.

4.2.3 Test Bench for the Power Supply Pins

To simulate the susceptibility of the amplifier on the power supply rails, the TB in
Fig. 4.4 is used. For the injection into Vpp, the decoupling capacitances need to be
removed as otherwise the RF signals are shorted to Vgg. For the injection into Vgg
these capacitances are reconnected again. The simulated output dc shift for injection
into Vpp is equal to —74.1 1V while for injection into Vgsg a shift of 1.2mV is simulated
at 13.56 MHz. The associated EMIRR values are calculated with 62.6 dB and 38.2 dB.
As expected, the amplifier is more susceptible on one supply rail than on the other
caused by the used Miller frequency compensation. At 13.56 MHz the Miller capacitor is
already conducting and feeds the disturbances to the output of the amplifier. Therefore
not only the Vgg pin is interfered, but also the Vout and Vinn pins are influenced which
explains the high susceptibility.

4.2.4 Test Bench for the Output Pin

In difference to the other pins, the RF disturbance is inductively coupled into Voyr
and hence also Viny in Fig. 4.5. This yields from the application in a NFC powered
system where it is much more likely that EMI enters the output pin via inductive
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Figure 4.5: EMI TB for Vour nn

loops on the PCB than from capacitive couplings. The inductive coupling in simulation
is implemented with two inductances with a coupling coefficient k = 1. Simulations
confirmed the correct behavior of the EMI injection and showed good accordance with
capacitive injection as carried out for other pins. The simulated output dc shift is
considerable with 4.9mV at 13.56 MHz. Therefore also the simulated EMIRR value is
pretty low with 26.2 dB. This can be explained by the direct connection of the output
to the inverting input. Doing so the entire RF signal is applied to two pins at the same
time and bigger demodulation is achieved.

4.3 Circuitry Measures to Increase the EMI Robustness

In order to improve the robustness against EMI, different measures can be taken as
discussed in Section 3.1. To test the efficiency of the measures, several implementations
will be designed and directly compared to the standard design. The focus hereby lies on
simple and small implementations that do not require huge design modifications. The
valuation will be carried out for all amplifier pins over the considered EMI frequency
range as measures on one amplifier pin also can have a positive effect on the susceptibility
of other pins.

4.3.1 Reducing Channel Length Modulation Effects

A possibility to increase the robustness of amplifiers against EMI lies in the reduction of
CLM effects in the bias transistors. As discussed, CLM effects produce asymmetric slew
rates caused by increased or decreased drain-source voltages. In order to reduce CLM
effects, the length of the bias transistors can be increased as CLM effects are directly
linked to transistor length. Considering PSRR, further improvements are expected as
the channel resistance of the bias transistors is increased and therefore the transfer
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Figure 4.6: EMI-induced offset simulation results for different bias transistor lengths

function (TF) from Vpp to Vour is reduced. On the downside, an increased amplifier
area is required, especially if high mirror factors for the bias transistor of the second
stage are used.

The simulation result for different bias transistor lengths and constant transistor widths
is shown in Fig. 4.6. As expected, the dc shift at the output decreases with increasing
transistor lengths. In particular for Vpp an improvement of the EMI robustness is
recognizable where the output shift is reduced by a factor of fourteen at the NFC
frequency of 13.56 MHz. Also for Voyr an improvement by a factor of nearly two
is noticeable. By increasing the transistor lengths further to L = 4pm about the
same improvement as from 1pm to 2pm is visible for Vgg and Voyr. For Vinp and
Vpp however the output shift worsens slightly compared to L = 2pm which can be
explained by the increased parasitic capacitances which dominate the impedance from
Vpp towards Vour at higher frequencies.
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Figure 4.7: EMI-induced offset simulation results for added RC LP at the inputs

4.3.2 Input Filter

A highly effective way to increase the robustness against EMI on the inputs relies on
the use of RC LP filters. Directly connected between input pins and gate of the input
transistors, they prevent the RF signals from entering the amplifier. However, the
additional pole must be pushed above 10-UGF in order to achieve a PM degradation
below 5° [14]. Additionally, noise is increased as resistors are present in the signal path.
Michel and Steyaert derive in [14] that for C p = Cy, the resistor noise is negligible.
For practical applications, this is not always possible as the additional area is not
reasonable. Therefore a trade-off between noise and area must be found. As no limiting
specifications for area and noise are given, a maximal increase of the input noise Anoise
of 20 % was considered as acceptable for this design. A rough estimation for the maximal
allowable resistance value and the corresponding capacitance value can be calculated
with the transconductance of the input pair Gm; and factor k& to account other noise
sources as taken from [13]:

Anoise - k 20-1.5
Rip = — ~ 22k0) 4.11
P00 Gy 100 - 13.26 1S (4.11)
1 1
Crp ~ 300 fF (4.12)

T 9r-10-UGF - R.p  21-10-2.4MHz - 22k
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It should be noted that with lower resistance values, lower noise is possible. With the
additional RC LP a PM degradation from 68° to 61° was visible which applies to the
estimated 5° beforehand. The EMI simulations with the added LP can be found in
Fig. 4.7 and show a great improvement on all pins. Regarding Vgg a slight decline in
immunity is visible at 30 MHz. This can be explained with the connection of the LP to
Vgss. Doing so disturbances on the Vgg rail can couple over the LP capacitances to the
amplifier inputs. Smaller capacitances can shift this phenomenon to higher frequencies
at the cost of higher resistance values and hence higher noise. If the Vpp supply is
considered more immune, the LP capacitances can be connected towards Vpp to shift
the phenomena from Vgg towards Vpp. The usage of an additional LP-filtered input
pair is not considered, because of the assumed low power NFC application.

4.3.3 Input Capacitances

As seen in the second chapter of this thesis, parasitic capacitances play an important
role when dealing with EMI. To reduce the EMI-induced offset, Cgg can be increased by
adding extra gate-source capacitances Cgg px [14]. By choosing Cgs gy larger then Cry,
a capacitive voltage divider between Cgg and Cryy is formed and Vg is set to zero for
high-frequency EMI. A similar procedure is based on (2.1) and (2.2): They indicate a
difference in the gate-source voltages of the input transistors in feedback configuration
caused by parasitic capacitances. Due to the asymmetric gate-source voltage, different
currents are produced and an offset at the output is visible. Reference [44] tries to
minimize the differences between Vg inp and Vg v by deriving an optimal solution
for the added gate-source capacitances:

to + t1

Casinp = S (4.13)
2
So + s
Cas NN = OS ! (4.14)
2

As [44] indicates, the needed factors s, s1, s2, to and t; can be calculated in a way that
both capacitances Cagnp and Cag vy can be realized by constant capacitances values:
Mg = Gm1 + Gmbs1 (
mp=1+2":Gmps1 - 75 (
S0 = gm1 " (Gm1 + 2+ gmps1) - (L +2-myg - 75) (4.17
$1=2Mq 75 (Crait * Gm1 - (1 —2-mg - 15)+2-mg - my - Casi)-(—wuer)  (
So =4-m2-my- 75 WuGE (
to=g2, (1 +2-my-75) (
t1=2-mg 75 (Crait - Gm1 - (L+2-mg-15) —2-mg-my - Cas1) - Wuer (4.21
Hereby equal g, guns and Cgg are assumed for both input transistors. ry is composed
by the resistance of the tail current source transistor and Cr,; by the overall sum of the
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Figure 4.8: EMI-induced offset simulation results for Cgg ivp = 68 fF and Cgg ing = 72 fF

capacitances from the common source node of the input transistors towards ac ground.
At this point it must be noted that if no well-capacitances are implemented in a given
process, these capacitances need to be added manually as they influence the overall
EMI behavior drastically.

Using (4.13) and (4.14), the external capacitances can be calculated with Cixp = 68 fF
and Ciyy = 72fF. Caused by the small values no influence on the ac performance is
assumed in theory and proven in simulation. The results in Fig. 4.8 show an improved
EMI robustness on the Vgg and Voyr pins. For Vixp and Vpp however, only a high-
frequency improvement is visible. As [44] indicates, not the calculated values were
used for simulations in the reference, rather optimized capacitance values gained from
simulation results. This procedure can be carried out to increase the robustness of
single amplifier pins even further.
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Figure 4.9: EMI-induced offset simulation results for source buffering (SB) with bulk
pins connected to Vpp

4.3.4 Source Buffering

Another way to reduce the differences in (2.1) and (2.2) lies in the reduction of Cryy.
As mentioned in previous sections, Cy; is mainly formed by the large well capacitances.
In order to reduce Cryy, the bulk-source connection of the input transistors need to be
removed which avoids the usage of an additional well. In the literature this is often
considered when NMOS transistors are used in the input differential pair, however, the
matter can also be applied to PMOS input transistors.

By connecting the bulk connection to Vpp or Vgg, Cray is minimized. However, Vgg
induces a threshold voltage shift known as body effect. This can be prevented with
the use of a second input differential pair indicated in Fig. 3.2 that bias the bulk
connections of the main amplifier input transistors. By doing so, the threshold voltage
shift is avoided at the cost of an increased power consumption. The method based on a
direct bulk connection towards Vpp gg sacrifices threshold voltage shift for lower power
consumption. The outcome for EMI robustness however is to a large degree independent
from the potential of the bulk connection as long as Cryy is minimized.
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From the simulation results in Fig. 4.9, an improvement of the EMI robustness up to
a factor of four on the Vgg supply rail is visible when the bulk pins are connected to
Vpp. When an additional input pair is used, a similar EMI behavior is visible in the
simulations. The overall result is in contrast to the usually practiced manner to put
susceptible elements in extra wells. The latter works fine to shield elements against a
disturbed substrate. However, from an EMI point of view, parasitic capacitances are
increased by a large factor and the amplifier is much more susceptible to EMI then
without extra wells.

4.3.5 Common-Mode Cancellation Circuit

Another measure to reduce the EMS lies in the reduction of the common-mode part
in (2.3). In [45], a common-mode cancellation circuit (CMCC) using inverters is
presented, which attenuates common-mode signals and increases differential-mode gain.
The differential gain Apy is modified by a factor Kpy and the common-mode gain Ay
by a factor Kcy. Reference [4] improves the CMCC by using current-starved inverters to
slow down the inverter slope. As the considered application for the designed amplifier lies
in a low-power application, the current-starved variant with diode-connected transistors
was used with a maximal crowbar current of 2.6 pA. Reference [4] calculates Kpy and
Ken of the circuit in Fig. 3.3 by:

Ry + Rinv
Kpy = + Ry G 4.22
M = R Ry + Riny 2 JINV (4.22)
Ry + Rinv
Ko = — Ry G, 4.23
M = R Ryt Ry 2 JINV (4.23)
The factors Riny and Gy, vy can be found by
L L + G
Riny = + + Imp T Im, (4.24)
9ds,p + Jdsn Gm,p’ + Im,n’ (gmm/ + gm,n’) . (gds,p + gds,n)
Gmp + Gmm
Gm, Ny = (4.25)
Lo gt o (Ry o+ Ry + 5—t5—) - (9o + Gasn)

where g, v and g, v correspond to the transconductance of the diode-connected PMOS
and NMOS transistors and g, p/gmn as well as ggs p/8ds.n to the values of the inverter
transistors. As Ryyyv normally is much bigger then R; and Ry, the first term of Kpy
and Ky is approximately one. Hence, the value of Ry can be calculated with (4.22)
and (4.25) by

9 4 JdspTddsn 5 | 181.43nS
Ry~ —fmeTmat 2 205 _ g7 1 )() (4.26)
gm,p + gm,n 2989 llS
Doing so K¢y theoretically equals zero and Kpyy is increased to two. As this relies on the
matching of resistors with transistors, perfect canceling will not occur. Reference [45]
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Figure 4.10: EMI-induced offset simulation results for a common-mode cancellation
circuit

indicates that the circuit is not very sensitive to mismatch. However, Monte Carlo
simulation showed an increased standard derivation for the output shift for Vpp up to a
factor of two larger than without CMCC. On the other pins the standard derivation with
CMCC was 1.5 times larger than without CMCC. From an ac and EMI performance
point of view, the value of Ry is not from big importance. However, R; can not be
designed too small as it influences the input common-mode range of the amplifier and
was chosen with 1k().

Simulations confirmed the positive effect of the CMCC on ac-performance: The dc gain
was raised from 88.6dB to 94.3dB and the UGF from 2.4 MHz to 4.1 MHz. With
the increased UGF a reduction of the PM from 67.8° to 47.8° was observable, while
the dominant and first two non-dominant poles were not changed from the CMCC.
Concerning EMI performance, the biggest improvements are observable on the output
and non-inverting input, especially at higher frequencies. However, on the Vpp rail
even a slight increase of the EMI-induced offset is visible, which could result from the
additional Vpp paths.
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CLM RCLP Cgs SB CMCC

Vinp ~ + -+ ++
Vop 4+ + ~ o~ -
Vss ~ + ‘|‘ ++ ~

VOUT ~ ‘l“l‘ + ‘l‘ +
Ac + - + + ~
Ipp + + + ~ -

Table 4.2: Evaluation of the simulated EMI measures

Based on the simulation results for each measure, different effectiveness for the amplifier
pins can be determined in Table 4.2. To calculate the rating of the amplifier pins
simulation results at 5 MHz, 6.78 MHz, 13.56 MHz, 20 MHz and 30 MHz were evaluated.
The ratings of the simulated EMI measures were classified from very good (++) to poor
(- -). To evaluate the effects of the measures on the circuit, ac performance and current
consumption was grated too. The medium ac rating for the CMCC can be explained
by the improved dc gain and UGF values in contrast to the degraded PM. Considering
power consumption, the CMCC uses more power than a second input pair for SB while
all other measures do not influence the power consumption. Based on Table 4.2 also
different measures can be combined to achieve better EMI robustness depending on
the critical EMI frequencies. From the results a combination of a RC LP and source
buffering is advised to improve the EMI robustness of all amplifier pins.
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5 Design of EMI-Immune Frequency
Compensation Methods

With the knowledge of different EMI measures for the amplifier input-differential pair,
the design of the amplifier frequency compensation method can be investigated. Two
frequency compensation methods from Section 3.3 will be designed and validated with
small-signal models and compared to the results of the Miller approach. In order to
investigate the capabilities of the different frequency compensation methods also in
terms of ac performance and current consumption, the same NFC-powered application
as for the Miller amplifier is assumed. Doing so the same basics are set for all amplifier
topologies and the capabilities and drawbacks of each topology can easily be compared.

5.1 Miller Amplifier

As already discussed, the Miller capacitor is responsible for the poor PSRR performance
at higher frequencies. To prove this, the PSRR from the basic Miller amplifier designed
in the previous chapter is simulated and small-signal models are constructed. Doing so
not only the PSRR simulations can be verified but also circuit elements influencing the
PSRR performance easily can be determined.

5.1.1 Notation for the Small-Signal Models

For the calculation of all small-signal models the following notation is used:
o Output resistance: R,y indicates the output resistance at gain node x.

o Output capacitance: C,, indicates the output capacitance at gain node x.
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5 Design of EMI-Immune Frequency Compensation Methods

e Seperation: The usage of a comma indicates the sum of the mentioned values
Avalue Xy — Avalue x T Avalue y -

o Capitalization: Strict capitalized variables indicate the combination of different
variables.

« Division: The usage of an apostrophe indicates an individual term C, # C, . The
definition of the individual term in indicated in the corresponding specification.

5.1.2 Small-Signal Models of the Miller Amplifier

To investigate the PSRR performance, XF-analysis in Spectre was used. Reference [7]
indicates that the usage of a voltage follower configuration gives an easy way to calculate
the PSRR as TFvyin vour equals one. Therefore the PSRR can be found by the reciprocal
of the TF from power supply to output. Doing so valid results are achieved until GBW
where the voltage follower begins to attenuate input signals caused by the low-pass
behavior of the OpAmp. As the EMI frequencies of interest lie above GBW, both
TFs for input and output need to be considered separately. For the design of the
small-signal models of the Miller amplifier in feedback configuration, the basic structure
is constructed of two gain stages which are coupled by means of the Miller capacitor.
To simplify the models, the voltage at the common source of the input differential
pair is considered as virtual ground for all models [7]. As calculations will show, this
simplification works well for small-signal models of the input TF, but may be inaccurate
for PSRR calculations.

« Vin: For the small-signal model of TFyx vour in Fig. 5.1, all capacitances between
the output of the first and second stage towards ac ground are summarized in
Cu1 and C,o. Ry includes the drain-source conductances of the transistors Mo 4
and R, the drain-source conductances of the transistors Mg 7 as well as the load
resistance Ry,. Caused by the closed-loop configuration, feedback transistor M; is
modeled as voltage-controlled current source in opposite direction to the model of
transistor My associated with the non-inverting input. The nodal equations are
given by

Vi (1/Ru1 + $Cnim) + Gmz - Vin — Vour « (gm1 + sCu) =0 (5.1)
Vour - (1/Rna + $Cranr) + Vi - (gme — sCur) =0 (5.2)

with Ry = ras2 || rase and Ryo = ras6 || Tasy || R, In order to shorten the TF

equations, capitalized variables are used for all TF calculations to compromise
the used small-signal values.
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5.1 Miller Amplifier

9m2XVin  gm1XVour \% || Cm Vour
[
Rnl _Enl RnZ _Enz
gmeX Vi

Figure 5.1: Small-signal model for TFyn vour of the Miller amplifier.

Solving the nodal equations for Vouyr/Vin gives
Vour _ Im2 - (8Crr — Gme)

with the capitalized variables

GM]_ = Jm1 -+ SC’]M7
GDS2 = Gds2,4 + SCLM7
GOUT = 9ds6,7 + 1/RL + 8027]\/[.

Vgs: For the small-signal model of TFygss vour in Fig. 5.2, the model of TFyix vour
is split up between Vpp and Vgg. To model the effect of the current mirror in
the first stage, a voltage-controlled current source with a gain of ggq is used [7].
Allen and Holberg explain the usage of the current source with the current in the
input stage branch containing M; and the diode-connected Mj:

1
I'= g1 - Vour + gas - (Vss — gf) (5.4)
m3
With the assumption g¢,,3 > g4s1 the current is approximately equal to
I'= gmi - Vour + gas1 - Vss (5.5)

Due to the diode connection of Mz, voltage ripples on the Vgg rail are conducted
to M; and then re-injected over the current mirror into the output of the first
stage. This can also be explained with the CLM effect in M;. Supply ripples
on Vgg influence the drain-source voltage of M; and a displacement current is
produced. To simplify the overall small-signal model, the parasitic capacitances
towards the Vpp rail are neglected as the considered capacitances towards Vgg are
relatively large. The nodal equations of the small-signal model for TFyss vour
are given by

Vi (9as2.4 + $Cranr) — Vss - (Gasia + sC1) — Vour - (gm1 + sCar) =0 (5.6)
Vour-(9ase,7+1/ R 45Cn2.01) —Viss (9ass +me +5Cn2) —Vi-(sCri — gime) =0 (5.7)

were C,; includes all capacitances from the output of the first stage towards Vgg
and C,, all capacitances from the output of the second stage towards Vgg. The

61



5 Design of EMI-Immune Frequency Compensation Methods

62

[l
r

Jds2 Jds1 X Vss — Gds7 L R, |
V1 CM VOUT T

[
xV | |
Im1 X Vour Gasa £n1 Jas6 _an

T

ImeX (V1 - Vss)
Vss ( ny }

Figure 5.2: Small-signal model for TFvygs vour of the Miller amplifier

load Ry, and Cy, is assumed to be connected to a noise free potential. Solving the
nodal equation for Vouyr/Vss gives
VOUT GDSQ . GM6 + GDSl . (SCM — gmG)

Vss  GDS2-GOUT — GM1 - (sChr — gos) (58)

with
GM1 = g1 + sChy,
GM6 = gine + gass + SCna,
GDS1 = ggs1.4 + sChpa,
GDS2 = gasp4 + sChiu,
GOUT = gas67 + 1/ R + 5Cno 01

e Vpp: As for the small-signal model for TFygs vour, the model for TFypp vour

in Fig. 5.3 is constructed by splitting up all paths from the output of the stages
towards Vpp and ac ground. As fewer paths from Vpp toward both stage outputs
are present, parasitic capacitances are getting more important and influence the
accuracy of the model. Concerning the bias system, the CLM effect of the bias
transistors influences the behavior of the bias system as a realistic reference bias
source has a certain impedance. Vpp voltage ripples are conducted via diode-
connected transistor Mg to the internal impedance of Ig;,s and then re-injected into
the circuit. For the present simulations, Ig;j,s is produced by an ideal current source
and therefore influences of the bias system are neglected. The nodal equations of
the small-signal model are given by

Vi (1/ Ry +5Cn1nv ) — Vop - $Cnyr — Vour + (gm1+sCu) =0 (5.9)
Vour (1) Rnz~+9ast+5Cn2n2 m) — Vo (9ast+5Ch2 ) = Vi (sCrr — gmes) =0 (5.10)

with Ry = rase || Tase, Rz = rase || Ro. Cup includes the capacitances from the
output of the first stage towards Vgg and C,» the capacitances from the output of



5.1 Miller Amplifier

Cnl Ods7 CnZ
(,\/ Voo Vi [ | Cm Vour
[
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—— gm1XVour Ime %X V1

Figure 5.3: Small-signal model for TFypp vour of the Miller amplifier

the second stage towards Vgg. All capacitances from the output of the first stage
towards Vpp are modeled in C,;> and from the second stage in C,y. Solving the
nodal equation for Vour/Vpp gives

Vour  GDS2-GDST + sCp1r - (sCar — Gme)
Vbp - GDS2-GOUT —GM1 - (SCM _ gm6>

(5.11)

with

GM1 = g1 + sChy,
GDS2 = g4 + 5Cn1p1/, M
GDST = ggs7 + sChar,
GOUT = gase7 + 1/ Rr, + sCrano u-

5.1.3 PSRR Simulation of the Miller Amplifier

With the calculated TFs, the corresponding PSRRs can be determined using (2.6). The
values of the considered small-signal variables are extracted from the Spectre simulations
and directly used to calculate the PSRR figures. Doing so impacts of design changes
are instantly visible in the simulated and calculated PSRR figures. With the usage of
both PSRR figures, the previously mentioned voltage follower can be demonstrated
in Fig. 5.4 when TFyx vour is considered as unity. Considering the position of the
0dB PSRR point at 4 MHz, the formed voltage follower at the Vgg supply rail lies in
the range of the critical NFC frequencies and above the UGF of the amplifier. This
voltage follower needs to be avoided as disturbances on the supply rail couple directly
to the output of the amplifier and can interfere with connected circuits. Moreover the
amplitude of interfering signals is not attenuated and EMI appears not only on the
Vgs rail but also at the output and inverting input pins if a feedback configuration
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Figure 5.4: Demonstration of the voltage follower for Vgg in simulation and calculation
considering a ideal TFvin vour

is used. This influences the resulting dc shift as simulation will show. The increase
of the PSRR at higher frequencies in Fig. 5.4 is caused by the connection of the load
towards noise-free ground. By connecting the load towards Vgg, the PSRR sticks to
values around 0dB also at higher frequencies and therefore influences dc shift.

Considering a non-ideal voltage follower for TFyn vour, the resulting PSRR figures
are presented in Fig. 5.5. In contrast to the very precise matching of simulation and
calculation for PSRRysg, the figures for PSRRypp show a slight deviation. This is
caused by the structure of the Miller amplifier as less dominant connections from Vpp
compared to Vgg are present, demanding for exact modeling of parasitic parameters.
For PSRRysgs the voltage follower effect takes a predominate role and therefore modeling
is much easier. Referring to the deviation of the PSRRypp figures, the concept of
virtual ground at the common source point of the input pair may be incorrect as the
influence of bias transistor Mj5 is neglected. Though both PSRR calculations for Vpp
and Vgg describe the rough behavior relatively well and indicate design factors that can
be improved:

e Smaller Miller capacitor and low parasitic capacitances
e Low channel conductance of all bias transistors

o High G,,; with low mismatch and low gds
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Figure 5.5: Simulated and calculated PSRR of the Miller amplifier

Hereby especially a low channel conductance ggs of the bias transistors is important.
Increasing the length of the PMOS bias transistors Ms 7 s from 1 pm to 2 pm increases the
low-frequency PSRRypp by 6 dB in simulation and calculation. Vice verse an increase
of the transistor length of the NMOS transistors M3 46 from 700 nm to 1.4 pm increases
the low-frequency PSRRygs by 13dB in simulation and calculation. By increasing the
lengths much further parasitic capacitances are increased and the high-frequency PSRR
performance, especially for Vpp, is influenced. The usage of nulling resistors reduces
the effect of the voltage follower in simulation and calculation as they are placed in
the feedback loop. Hereby the gained improvement is reasonable only at very high
frequencies beyond 100 MHz. The voltage follower around 4 MHz is only attenuated by
a few dB, depending on the resistance of the nulling device, but not avoided.

5.2 Current Buffer Topology

As discussed in the frequency compensation section, the usage of a current buffer
topology to decouple the Miller capacitor avoids the formation of the voltage follower.
In theory, a smaller Miller capacitor should be required leading to a higher UGF. On
the downside, a lower dc gain and higher current consumption is expected.
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5 Design of EMI-Immune Frequency Compensation Methods

Figure 5.6: Schematic of the current buffer amplifier with the transconductance of the
first stage G = 13.3 S and of the second stage G,» = 542.2 nS.

5.2.1 Design of a Current Buffer Amplifier

To restrict possible improvements of the PSRR performance on the frequency com-
pensation method, the basic Miller amplifier from Section 4.1.2 was implemented with
identical dimensions and only the compensation method was changed. For the design of
the current buffer, the methodology presented in [52] considering the internal feedback
loop was used. To avoid peaking, Aloisi et al. propose a PM of the internal loop equal
to tan(¢;) = 2. By choosing the desired PM of the amplifier equal to 70°, wapw /
wepwi can be calculated to

WGBW 4 ) tan(¢;) - (tan(¢;) — 1) _
waswi (\/1 i (tan(¢;) — 1)2 - tan(¢) 1) 5 0.567 (5.12)

With a current gain of B = 1, a rough value for the compensation capacitor C¢ can be
found to

1 G - Coq-C C
oL (Bt Ca GG 513
B G2 - WaBw 2-Gma R
_ [13.3pS - 114.5fF - 10 pF 10 pF ool fF
- 542.41S - 0.567 2.542.41S-9.0MQ

The needed transconductance g, cg of the current buffer transistor Mg can then be
estimated with

Z- 1
WEBWI _ 133182 —— = 46.97S (5.14)

1
m.CB B - tan(g;) WaBW 0.567

Using the calculated values, a stable amplifier can be designed, however some minor
adjustments in simulation were needed to improve the PM. With gm/ID ~ 10, the
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5.2 Current Buffer Topology

Parameter ZLSOM,lOp ZL8Ok,1Op ZLsoM,Op ZLBOk,Op

UGF 75MHz 6.9MHz 7.4MHz 7.2MHz
Ay 83.6dB 64.5dB 83.6dB 64.5dB
PM 71.3° 64.4° 101.5° 100.3°

Table 5.1: Mean results of Monte Carlo simulations of the current buffer amplifier for
different load conditions

current in the current buffer branch had to be chosen higher than the current of the
first gain stage in order to achieve the desired value for g,, cg. Moreover the additional
NMOS current mirror influences the output impedance of the first stage and therefore
an increased length of 2um was used for those transistors. The schematic with all
transistor dimensions is given in Fig. 5.6.

5.2.2 Ac Simulation of the Current Buffer Amplifier

The ac simulation results using 100 Monte Carlo runs are listed in Table 5.1. As
expected, the UGF raises thanks to the smaller compensation capacitor in comparison
to the Miller amplifier. The dc gain declines as the output resistance of the first stage is
influenced by the newly introduced current buffer branch. The behavior under different
load situations is less stable than the Miller compensated design and caused by the
additional zero. However, the zero is placed beyond UGF and therefore only a slight
performance change under varying load variations is visible in Fig. 5.7. As with the
Miller amplifier all further simulations are performed with a standard load of 10 M ||
10 pF.

5.2.3 Small-Signal Models of the Current Buffer Amplifier

Aloisi et al. indicate in [52] an improved high-frequency PSRR performance by avoiding
the voltage follower but also a reduction of the low-frequency PSRR performance. To
investigate these properties in the same way as for the Miller amplifier, small-signal
models are created for each TF to compare the calculated PSRR with the simulated
one.

e Vin: The basic structure for the small-signal model of the current buffer amplifier
in Fig. 5.8 is based on the model of the Miller amplifier. However, there is no direct
connection by means of the compensation capacitor between both gain nodes. To
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Figure 5.7: Current buffer ac simulation for different load corners

model the common-gate stage, the input resistance seen from the feedback current
over C¢ is modeled with 1/gn cp [52]. The current flowing through C¢ and the
input resistance of the common-gate stage is injected into the first gain node and
modeled with a voltage-controlled current source. Doing so the current feedback
to the first stage gain node is retained while no direct connection between both
gain nodes exists. The nodal equations for TFyn vour are given by

Vi (1/Rny + 8Cn1) + VIN * g2 — Vour = gmi — V3 gmcp =0 (5.15)
Vour - (1/Rna + 5Cra.c) + Vi + gme — Va - sCo = 0 (5.16)
Vs (gmcn +5-Cc) = Vour - sCc =0 (5.17)

with Ry; = ras2 || Tasa || Tas10, Ru2 = rass || ras7 || Ru and Cyy and Cp as the output
capacitances of the respective stages. Solving the equations for Vour/Vin gives

VOUT —_ gm2 : gmﬁ (5 18)
Vin  GDS2- (sCc- GMCB + GOUT) + gmg - GM 1 '




5.2 Current Buffer Topology
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Figure 5.8: Small-signal model for TFyy vour of the current buffer amplifier

with

GDS2 = g4s2,410 + 5Cn1,
GOUT = Jds6,7 + 1/RL + Scngc,
GMCB = sC¢/(gm.cp + sCo),
GM1 = gm1 + gmen - GMCB.

e Vgg: By splitting up all paths between Vpp and Vgg, the small-signal model
for TFvgsvour in Fig. 5.9 is designed. Special attention needs to be given to
the connection of the gate from the common-gate transistor. When the gate is
connected to Vgg, no stable ac ground is ensured for the compensation capacitor
and the voltage follower is not avoided. Therefore the gate must be connected
to a noise-free voltage, for example in the middle of the power supply range. As
for the Miller amplifier, the CLM effect of the input transistor M; is taken into
account. However, also M, is connected in diode configuration and the CLM
effect of transistor My; produces a disturbance current similar to the calculated
one in (5.5). Therefore also the bias systems influence the PSRR even if power
supply independent biasing is assumed. The current mirror gain factor between
Mo and M, amplifies the offset current even further and needs to be considered
in the calculations. The nodal equations for the TFygg vour model are given by

Vi-(9as2.410+5Cn1.n17) — Viss - (9as1,41011+5Cn1) —Vour gm1— Vs gm.ce=0 (5.19)
Vour - (gaser + 1/ R, + sCha.c) + Vi + Gme

Vs (gase + gme + sCn2) — V3 - sCo=0 (5.20)

Vs (gmcn + 5+ Cc) — Vour - sCc=0 (5.21)

were C,; and C,p include the output capacitances of the first stage towards
Vss and Vpp and C,» the output capacitances of the second stage towards Vgs.
Solving the equations for Voyur/Vss gives

Vour GM6-GDS2 — g - GDS1
Vss  GDS2-(GOUT + sCc - GMCB) + g - GM1

(5.22)
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Figure 5.9: Small-signal model for TFygs vour of the current buffer amplifier

with

GDS1 = ggs1,410,11 + 5Ch1,
GDS2 = gas2.4.10 + SCrin1,
GOUT = gass7 + 1/ R + sCrac,
GMCB = sCc/(gmen + Cc),
GM1 = g1 + gmcop - GMCB,
GMG6 = gme + gass + sCha.

e Vpp: The small-signal model for TFypp vour in Fig. 5.10 is more complicated

to design as parasitic capacitances play a greater role due to fewer dominant
connections from Vpp to the outputs. In contrast to both small-signal models
beforehand, transistor My is taken into account too as disturbances from Vpp
can couple over. These disturbances influence the feedback current, especially
at higher currents, when the parasitic capacitances of My have a low impedance.
The nodal equations for the TFypp vour model are given by

Vi-(1/Ru1+5Ch101) —Vop-$Co1r—Vour: gmi —Va - gmcp=0 (5.23)
Vour- (1) Rp2+9ast+5Cnan2.c) — Vo - (9ast+5Cn2 )+ Vi gme—V3-sCo=0 (5.24)
V3-(9aso+9m.cB+5Cns.c) = Voo (Gaso+5Cnz ) —Vour-sCo=0 (5.25)

with Ry1 = ras2 || Tasa || Tasio and Rye = rgs6 || Re. Cup and Cypypo include the output
capacitances of the first stage towards Vgg and Vpp, and C,5 and C,y the output
capacitances of the second stage towards Vgg and Vpp. The capacitance from the
current buffer stage towards Vpp is modeled in C,3. Solving the equations for

VOUT/VDD giVQS

Vour  GMCB - (GDST = gpg - GM6) + sCc: - GDS9

- 2
Voo GMCB - (GOUT + gy - GM1) — (sCc)? (5:26)
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Figure 5.10: Small-signal model for TFypp vour of the current buffer amplifier

with

GDS2 = gas2,410 + SChinr,
GDST = gaer + sChra,
GDS9 = 9459 + sChz,
GMCB = gaso + gm,op + sCnz ¢,
GOUT = g4s67 + 1/Rp, + sCrono .,
GM1 = ¢,u/GDS2 + gpm.op - sCc/(GDS2 - GMCB),
GM6 = 5C,y/GDS2 + gmon - GDSY/(GDS2 - GMCB).

5.2.4 PSRR Simulation of the Current Buffer Amplifier

The simulated and calculated PSRR of both power supply rails is given in Fig. 5.11. As
for the PSRR figures of the Miller amplifier, the PSRRygg figures match better than the
figures for PSRRypp. A comparison of the current buffer results to the PSRR figures
of the Miller amplifier clearly show a huge improvement around medium frequencies as
the voltage follower at the output stage is avoided. However, for lower frequencies, the
PSRRygss from the current buffer amplifier is worse than the PSRRygg of the Miller
amplifier as M;q introduces a new path from Vgg to the output of the first stage. Also
an additional NMOS bias system is present. This is even more visible in the PSRRypp
figures where the Miller amplifier results in overall better PSRR performance. While
the disturbances in the first stage still are attenuated with good matching of the input
pair, M7 and Mgy double the direct connections from Vpp to the output in comparison
to the Miller amplifier where only M7 is presented.

To improve the PSRR performance, the same criteria as for the Miller amplifier can be
named. As the current buffer topology introduces an additional direct branch, special
care needs to be taken to guarantee a low g4y of the bias transistors.
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Figure 5.11: Simulated and calculated PSRR of the current buffer amplifier

5.3 No-Capacitor Feedforward Topology

Another topology that avoids the voltage follower at the second stage is the no-capacitor
feedforward (NCFF) topology [55]. As introduced in Section 3.3.4, an uncompensated
two-stage amplifier is used for good low frequency performance and combined with a
fast single-stage amplifier for high frequencies. In the frequency range of interest, the
single-stage amplifier should be dominant and therefore superior PSRR performance is
expected as very few connections towards the power supply rails are present.

5.3.1 Design of a NCFF Amplifier

The fundamental equation for the design of a NCFF compensation topology is (3.14) to
calculate the LHP zero of the feedforward path. By removing the Miller capacitor from
the basic Miller amplifier in Fig. 4.1, the required G,,3 of the feedforward single-stage
amplifier can be found with

Gz ~ =
2T 0L 114.5fF - 7.48 MHz

= 8.4mS (5.27)

At this point it is clear that in contrast to the current buffer topology a redesign of
the two-stage amplifier is needed. With gm/ID = 10, the required current lies in the
range of 800 pA and is therefore not suitable for the low-power requirements. In order
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Figure 5.12: Schematic of the NCFF amplifier with the transconductance of the first
stage Gpu1 = 1.4 1S, of the second stage G2 = 200 1S and of the feedforward
stage Gz = 242 pS.

to achieve a power consumption below 100 nW, different design changes can be taken
to decrease Gp,3:

e Reducing G,1 or Gy
o Increasing C,; with bigger transistors or additional capacitors.
o Increasing the position of z;.

In order to stick to the low-power application, the transconductance of the first stage
was reduced by lowering the bias current of the first stage to a few 100 nA. The decrease
of the bias current was possible as no slew rate requirements were considered in the
amplifier specifications. To increase Gy,3, the current in the feedforward stage Igp should
be as high as possible. The maximal allowed current Igp can be determined by the
given amplifier specifications and the currents in the two-stage OpAmp:

P
yAX - Il,Stage - IQ,Stage (528)
DD

[FF =

As the PMOS mirror factor between the bias current of the first stage and the bias
current of the feedforward stage is increased to a factor of 115, a new bias system is
required. In order to reduce additional current consumption, a second PMOS current
mirror was used instead of an auxiliary NMOS current mirror. The second PMOS
current mirror limits the current of the first stage and injects the residual current into
the feedforward stage as indicated in Fig. 5.12.
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5 Design of EMI-Immune Frequency Compensation Methods

With the usage of the My, My and Mg transistor dimensions from the basic Miller
amplifier in Fig. 4.1 for both the two-stage OpAmp and single-stage OTA transistors, a
value for the required parasitic capacitance C,; can be estimated from simulation:

Gml : Gmg _ 2.8 }lS - 220 pS
Gms 21 1851S - 7.48 MHz

Co ~ = 445 fF (5.29)
Capacitance C,; is hereby mainly formed by Cgg gp from Mg and Cpp ps from My and
M. Because Cgg and Cgp are proportional to the transistor length [3], transistor Mg
was designed with a higher length to increase C,; without influencing Cpg and the
used amplifier area extensively. However, in order to satisfy equal current density in the
NMOS current mirror transistors, Mg is rather large caused by the high current gain
factor between both stages. Therefore also Gy, is increased and a trade-off between C,;
and G,» must be found. A reduction of G52 with lower bias current is not possible as a
minimal drive current of 10 pA is required by specifications. One degree of freedom lies
in the design of the input stage where long transistors were used. In order to stick to
the valid transistor-model regions, M; and My are designed as series connection of two
transistors. The final dimensions gained from optimization in simulation are presented
in Fig. 5.12.

5.3.2 Ac Simulation of the NCFF Amplifier

Because of the compensation of the non-dominant pole with a LHP zero, a constant ac
performance throughout all load conditions is not possible. Although a stable behavior
is achieved at all load conditions, a pure ohmic load increases the UGF considerably
and produces a mismatched pole-zero doublet as considered beforehand in Fig. 3.9.
Therefore, good ac performance is possible only at a specific load as calculated in (3.14).
Nevertheless, the results of the Monte Carlo simulation are given in Table 5.2 and the
ac performance in Fig. 5.13.

For the load of 10 M€ || 10 pF, pole-zero compensation is achieved with the calculated
Gus. It must be mentioned that the performance for the standard load is limited by
the current consumption. With a higher current a higher UGF could by achieved as
the speed is limited by the single-stage OTA.

5.3.3 Small-Signal Models of the NCFF Amplifier

Until now, no direct PSRR and EMI analysis of the NCFF topology were performed in
the literature. Caused by the no-capacitor construction and the avoiding of the supply
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5.3 No-Capacitor Feedforward Topology

Parameter ZLgom0p  ZLsokiop  ZLsom,op ZLgox,0p
UGF 3.6 MHz 3.7MHz 156.2MHz 152.6 MHz
Ay 92.4dB 47.8dB 92.4dB 47.8dB
PM 88.7° 91.9° 53.0° 55.2°

Table 5.2: Mean results of Monte Carlo simulations of the NCFF amplifier for different
load conditions

rail voltage follower, the NCFF amplifier should offer improved PSRR performance.
To verify this assumption, small-signal models are constructed and compared with
simulation results as carried out for the other topologies.

e Vin: The basic topology of the small-signal model for TFyinvour in Fig. 5.14
consists of the first stage of the OpAmp and the second stage in parallel to
the single-stage, feedforward connected OTA. As no compensation capacitor is
present, both small-signal stages are separated and no direct interaction takes
place. To simplify the nodal equations, the small-signal values from the second
stage of the OpAmp and from the feedforward stage are summarized in R,
Ry2, Cho and C,o. In order to distinguish the feedforward stage values from the
two-stage amplifier values in the TF calculations, the small-signal values from
the single-stage feedforward OTA are marked with an additional subscript. The
nodal equations are given by

‘/1 : (1/Rn1 + 50n1> + ‘/IN *Gm2 — VOUT *Gm1 = 0 (530>
VOUT : (1/Rn2 + SCnZ + gmla) + ‘/1 *Gm6 — ‘/IN *Im2a = 0 (531)

with Rnl = Tgs2 || Ts4, Rn? = I'gs6 || Tqs7 || RL ” Tds1a || T'dsda- Cnl includes the
output capacitances of the first stage and C,5 the output capacitances of the
second stage and feedforward stage. Solving the equations for Vouyr/Vin gives

Vour Gm2 - Gme + GDS2 - g,

= 5.32
Vin Gm1 - Gme + GDS2 - (GOUT + gp1a) ( )

with

GDS2 = gis9.4 + 5Cp1,
GOUT = gassanapr + 1/ R + sCha.

e Vgs: The small-signal model for TFygs vour is given in Fig. 5.15. The current
injection through the conductance of the input transistor is used also for the
single-stage OTA as seen in the Miller and current buffer amplifier.
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Figure 5.13: NCFF ac simulation for different load corners. The ac performance of the
standard load equals the Bode plot for 80 M2 || 10 pF.

The nodal equations of the NCFF topology for TFygs vour are given by

Vi (9as2.4 + $Craina) — Viss - (gasia + $Cra) — Vour - gm1 =0 (5.33)
VOUT' (1/Rn2+1/Rn2’ +gm1a+SCn2,n2’)+‘/1 *Jmeé
—Vss - (1/Rn2 + Gas2a + gme + sCn2) =0 (5.34)

with Ry = rase || Tassa and Rpg = ras7 || Tasia. Cn1 and Cyype include the output
capacitances of the first stage towards Vgs and Vpp, C,e and C,y the output
capacitances of the second and feedforward stage towards Vgg and Vpp. Solving
the equations for Vour/Vss gives

Vour B GDS2-GDS6 — g6 - GDS1
VSS N GDS2-GOUT + dm1 * 9meé

(5.35)
with

GDS1 = ggs14 + sCha,

GDS2 = 9ds2,4 + Scnl,n1’>

GDS6 = 9ds2a,4a,6 + 9Ime + SOn27
GOUT = Jdsla,4a,6,7 + Omia + 1/RL + 30112,712’-
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5.3 No-Capacitor Feedforward Topology

Im2XVin gmleOUT‘ Vour _ gm1aXVQUT Im2aXVin
<> ¢ [I} = 4} [I] —="
gm6xV1

Figure 5.14: Small-signal model for TFvyin vour of the NCFF amplifier

9ds1‘XVss . R R ImiaXVour Jds2aXVss
Jds2 __Cnl' —_- Rn2' __CnZ'
V, Vour
Im1XVour Jusa __Cn1 __an Rn2
ImeX (V1 - Vss)

i
IHO

Figure 5.15: Small-signal model for TFygs vour of the NCFF amplifier

« Vpp: Considering the small-signal model for TFypp vour in Fig. 5.16, the new bias
system increases the impedance between Vpp and the first OpAmp stage. Fault
currents over Mj are split up between both input stages and attenuated by the
matching of the input transistors. Considering capacitive coupling between Vpp
and the output of the first stage, the resulting capacitance is a series connection
between Cpg, pp of My and Cpp of Mg. As My is quite small, the resulting parasitic
capacitance is in the order of a few 100 aF and can therefore be neglected. For the
Miller and current buffer amplifiers, bias transistor M5 had bigger dimensions and
the capacitance was formed by Cpg pg in the order of a few fF and was therefore
included. The nodal equations for the TFypp vour are given by

Vi-(1/Ru +sCh1) — Vour - gm1 =0 (5.36)

VOUT : (1/Rn2 +gds7 +gm1a+SCn2,n2’> - VDD 'SCn2’ +‘/1 *dm6 = 0 (537>

with Ry = raso || rasa and Rps = rase || Tasia || Tasaa- Cuni includes the output

capacitances of the first stage towards Vgg, C,2 and C,o the output capacitances

of the second and feedforward stage towards Vgg and Vpp. Solving the equations

for VOUT/VDD giVGS

Vour GDS2-GDS7

VDD - GDSQ . GOUT + gm1 " Ime

(5.38)
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1
__CnZ Ods7
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l l 1
Im1%Vour ——  gmeXVi 9m1aXVour

Figure 5.16: Small-signal model for TFypp vour of the NCFF amplifier

with

GDS2 = 9ds2,4 + SCnly
GDST = gqe7 + sCpor,
GOUT = 9dsla,4a,6,7 + Imla + 1/RL + 30712,712"

5.3.4 PSRR Simulation of the NCFF Amplifier

Due to the simple topology, the NCFF amplifier offers high PSRR on both supply
rails as indicated in Fig. 5.17. Hereby the advantage is not gained from the new bias
system, since parasitic capacitances from Vpp towards Vi of the Miller and current
buffer variants were just slightly bigger than the capacitances of the NCFF amplifier.
This is expressed also in the high correlation between the PSRRypp from the Miller
amplifier and the PSRRypp from the NCFF amplifier. The PSRRypp of a single-stage
OTA is considered as high and therefore only the two-stage OpAmp contributes to
the PSRR performance. Because of that, the same design criteria as for the Miller
amplifier in Section 5.1.3 apply. Considering mismatch between simulation and model,
the PSRRysg figures offer high accordance, while the offset of the PSRRypp figures lies
in the same range as for the other topologies. Hereby the same restrictions as for the
model of the Miller amplifier including the virtual ground concept are assumed.
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Figure 5.17: Simulated and calculated PSRR of the NCFF amplifier

5.4 Comparison Amplifier Topologies

As now all three amplifier topologies are investigated, a comparison between them
is possible in order to choose the best topology for a given application. With the
limited power consumption and the same assumed application for all three topologies,
performance changes are limited to the frequency compensation methods.

5.4.1 Ac Performance

Comparing the dynamic performance of the topologies in Fig. 5.18, the current buffer
offers the highest UGF with an improvement in the order of three in comparison to the
Miller amplifier. However, because of the low output impedance of the first stage, the
dc gain is low. Considering speed and UGF, the NCFF amplifier is placed in between
both topologies. The UGF of the NCFF is hereby determined by the single-stage OTA
and the current consumption.

Considering dc gain, the NCFF offers slightly higher gain than the Miller amplifier.
The reason for higher gain is the increased output resistance/capacitance of the first
stage which has been carried out to achieve pole-zero compensation. With identical
dimensions of both input stages, identical gains are expected. Concerning stability, the
simulated PM for both, the Miller and current buffer amplifier, is around 70° while the
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Figure 5.18: Comparison of the ac performance of all three amplifier topologies

PM of the NCFF amplifier is determined by the OTA with around 90°. However, as seen
in [47], a PM of 70° theoretically offers faster settling than a PM of 90°. As simulations
of the NCFF amplifier showed a higher slew rate than in the Miller amplifier is achieved.
This can be explained with the Miller capacitance which needs to be charged in the
Miller amplifier and therefore limits the slew rate. The effect of the theoretical slower
settling behavior in the NCFF amplifier is therefore counteracted with the higher slew
rate. Considering load variations, the NCFF topology clearly shows weak stability
behavior caused by the pole-zero compensation. Here the Miller topology without
nulling devices clearly provides the best load-variations performance while the current
buffer amplifier is placed in between the two other topologies regarding load changes.

5.4.2 PSRR Performance

To compare the PSRR performance of all topologies, all PSRR figures for Vpp and
Vgg are plotted together in Fig. 5.19. As already discussed, the poor low-frequency
PSRR performance of the current buffer amplifier stands out in comparison to the
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Figure 5.19: Comparison of the PSRR performance of all three amplifier topologies

other two topologies which both reach dc values above 100 dB. Because of their pretty
equal basic structure, good correlation for low-frequency operation is given for both

supply rails.

However, at higher frequencies the often considered voltage follower

decreases the PSRRygg of the Miller amplifier and both other topologies clearly offer
better performances. This is also visible in the simulation results for the critical NFC
frequencies of 6.78 MHz and 13.56 MHz in Table 5.3. Here clearly the NCFF topology
sticks out on both frequencies and supply lines with improvements in the order of
35dB for Vgg and 15dB for Vpp in comparison to the Miller amplifier. However, if the
concept from Saeckinger, Goette and Guggenbuehl in [6] considering the sum of the

Topology 6.78 MHz 13.56 MHz
Vb Vss Vbp
Miller 20.0dB —-8.6dB 10.3dB —-14.7dB
CB 28.1dB 21.9dB 20.5dB 15.9dB
NCFF 33.8dB 259dB 29.9dB 22.6dB

Table 5.3: Evaluation of the simulated PSRR values at the critical NFC frequencies
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Figure 5.20: EMI-induced offset simulation results for the amplifier topologies

parasitic gains is valid, a lower Aypp and Avygg implies a higher Ay if no additional
pins are added. Simulations confirmed the thesis in [6] as the NCFF amplifier has a
slightly higher Acy than the Miller amplifier. It has do be mentioned once again that a
high PSRR is not per se linked to a high immunity against EMI for all frequencies. It
is however a good indicator how efficiently disturbances from the supply rail can reach
the amplifier output. Therefore more pins are penetrated at the same time by EMI if
the PSRR is low.

5.4.3 EMI Performance

In order to compare the EMI performance of the amplifier topologies, the TBs from
Section 4.2 were used. As for the EMI countermeasures a pure sinusoidal signal with
an amplitude of 100 mV in the range between 5 MHz and 30 MHz was used as injection
signal. The resulting simulated output dc shift for all three amplifiers is plotted in
Fig. 5.20. As one can see, the NCFF topology offers higher EMI robustness than the
other two topologies. Especially for Vpp and Vgg a high EMI robustness is observable.
The simulated Vpp output dc offset at 13.56 MHz is with —8.3 nV a few orders lower than
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Figure 5.21: EMI-induced offset simulation results for the amplifier topologies in EMIRR

the offset of the Miller amplifier with —96 pV. To put the improvement in comparable
numbers, the simulated EMIRR is plotted in Fig. 5.21. Doing so, the advantages in this
FOM clearly stand out as it is much easier to compare the higher EMI robustness of
the NCFF amplifier with the other topologies. One mentioned drawback of the EMIRR
lies in the loss of the voltage sign. This is visible in Fig. 5.21 in the current buffer plots
for Vgg and Voyr were EMIRR drastically rises during sign changes of the dc shift.
Especially for Voyr around 18 MHz inconsistent values determined by the resolution of
the frequency sweep are produced. Therefore a combination of the pure dc output shift
in volt and the EMIRR figure in dB is advised.

A possible explanation for the higher EMI robustness of the NCFF topology lies in the
symmetric slew rate with SR, equal to 2.2MV s~! and SR_ equal to 2.3 MV s~!. The
designed Miller amplifier is with SR, = 1.1MVs~! and SR = 1.2MV s™! also quite
symmetric, but slower than the NCFF amplifier. Therefore it is much more likely that
distorted signals are accumulated at the output of the amplifier which produces a dc
shift. The current buffer topology is with SR. = 24MVs™! and SR. = 3.3MVs™!
even faster than the NCFF, but unsymmetrical and therefore very susceptible to EMI.
For the higher robustness of the NCFF topology also the high PSRR is influential as
power supply ripples are not feed forwarded to the output and the inverting input.
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Miller Current Buffer NCFF

Vinp ~ - ~
VDD ~ - +
Viss - ~ +
Vour - ~ ~
PSRR ~ ~ +
Ac - ~ ~
Area ~ + -
Ipp + ~ -

2

Var. Load +

Table 5.4: Evaluation of the amplifier topologies on their robustness against EMI on all
pins

The overall performance of the amplifier topologies is summed up in Table 5.4. Regarding
EMI robustness, the NCFF topology outperforms the other two topologies with up to
20 dB improvement in EMIRR. Interestingly a lower robustness on the Vixp and Vour
is found by simulation which might be explained by the two amplifier input stages that
are affected by the EMI injection. The susceptibility of the current buffer topology
is determined by the asymmetric slew rate. However, thanks to the avoided voltage
follower, higher EMI robustness on the Vgg pin is achieved compared to the Miller
topology which shows a much greater susceptibility due to the high-frequency voltage
follower over the Miller capacitor.

Summing up the results from the ac analysis in Table 5.4, no preferably topology for
all applications can be specified as the NCFF amplifier offers the highest gain and
highest PM, but not the highest UGF. The current buffer offers high UGF but low gain.
Calculating the active circuit area of the amplifiers, the current buffer topology uses less
area than the miller amplifier caused by the smaller frequency compensation capacitor.
The NCFF topology contains a big output NMOS transistor in the second stage. This
transistor was designed with large dimensions to attain the same current density as
in the first stage NMOS current mirrors with very small bias current. The increased
area of this transistor causes the bad rating of the NCFF as the area of the feedforward
stage attains smaller area then the compensation capacitor of the Miller amplifier.

Regarding power consumption and load variation, the Miller amplifier outperforms the
other two topologies whereby the NCFF' is not capable to provide a stable dynamic
performance caused by the compensation strategy. Considering the overall performance,
the NCFF topology clearly offers the best EMI and PSRR performance but it less
suitable for low-power applications where the limited current influences frequency
performance and area.
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6 Conclusion

So what can now be done to increase the robustness of OpAmps against EMI? In this
thesis different EMI measures were investigated based on their basic principle to avoid
a dc shift at the output of the amplifier. Hereby the susceptibility can be explained
with mainly three basic phenomena:

o Slew Rate Asymmetry: Caused by asymmetric slew rates, low-frequency EMI
signals can be accumulated at the output of an amplifier. Symmetric amplifier
topologies and the reduction of CLM effects in the bias transistors increase the
robustness against EMI for lower and medium frequencies.

o Parasitic Input Capacitances: Caused by an asymmetry in the parasitic capaci-
tances in voltage follower configuration, the input transistors are asymmetrically
distorted under EMI disturbances with high amplitudes. To counteract such
strong non-linear distortions, additional gate-source capacitances in the order of a
few ten fF can be used to equalize the input parasitics. Due to the small values
little ac performance influence is visible, but especially for the output pin higher
robustness is achieved.

o Non-Linear Behavior of the Input Stage: At high-frequency EMI disturbances,
both sides of the input differential pair are separated caused by the parasitic
capacitance Cr,y of the bias transistor. Due to the non-linear MOSFET transfer
function, signals are distorted if both common-mode and differential-mode signals
are present at the input pair. In order to counteract these weak distortions,
dedicated RC LP filters in series to the input pair can be used to improve the
robustness of all pins. Decreasing Cr,; by using source buffering leads to a similar
effect for high-frequency disturbances.

In order to implement EMI countermeasures it is of significant importance to know
which EMI frequencies are expected and which pins are more likely to be interfered.
Based on these considerations, engineers can take different countermeasures to increase
the robustness against EMI. In order to simulate and evaluate the EMS of OpAmps,
dedicated TBs are required. To guarantee a fair comparison of the results, the used
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(a) Miller amplifier (b) NCFF amplifier

Figure 6.1: Layout of the designed Miller and NCFF amplifiers

measurement methods and TBs always have to be indicated. As FOM to evaluate the
EMS of amplifiers, a combination of the pure output dc shift and the EMIRR is advised
as both figures offer advantages and disadvantages.

A rarely mentioned influence on the susceptibility of amplifiers lies in the used frequency
compensation method if two-stage amplifiers are used. Here a correlation with the
achieved PSRR was recognized in simulations. Low PSRR values enable the transfer
of power supply ripples to several amplifier pins and therefore decrease the robustness.
This is especially true for the Miller amplifier were disturbances can couple over the
Miller capacitance directly to the output of the amplifier. By doing so not only the
supply pin but also the output, the inverting input and further connected circuitries
are influenced by EMI. This explains also the high susceptibility of the basic Miller
amplifier on one supply rail in comparison to other topologies where the power supply
voltage follower due to the Miller capacitor is avoided.

One topology that avoids the voltage follower is the no-capacitor feedforward (NCFF)
topology. This in the literature less known topology exhibits higher PSRR values then
a Miller amplifier with improvement of up to 35dB on higher frequencies. The use of a
single-stage OTA in combination with a two-stage amplifier offers also a better EMI
performance, where improvements of more than 20dB in EMIRR compared to other
topologies were achieved. For this superior performance, presumable the symmetric
OTA topology is responsible. In contrast to single-stage amplifiers, also high dc gain
and the ability to drive resistive loads thanks to the low-speed two-stage amplifier is
offered by the NCFF topology.

However, in order to give clear statements about the EMI robustness of the NCFF
amplifier and the considered EMI countermeasures, hardware measurements are needed
to confirm the positive results attained from simulation and calculation. Layouts of
the Miller, current buffer and NCFF amplifiers were constructed and a tape-out of the
design is planned. To evaluate the effect of the mentioned EMI countermeasures, two
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Miller amplifiers will be implemented whereby one amplifier is EMI hardened. The
layouts of the basic Miller amplifier and the NCFF amplifier are given in Fig. 6.1.

With different tables regarding ac and EMI performance as well as other parameters,
all investigated measures and topologies are summed up at the end of the thesis to give
a quick and easy overview how to increase the EMI robustness of two-stage amplifier.
Electromagnetic interference can not be fully avoided and will always constitute a
limitation in future designs, but with the right design measures, a stable and robust
amplifier operation can be assured. The author hopes that this thesis contributes to
this intention and concludes with a statement from [2], [3]:

By designing EMC robust and resisting ICs, let’s hope that
we can keep up with Moore’s Law for a long time.

87






List of Abbreviations

BCI

CD
CLM
CMCC
CMFB
CMRR
CS

DPI
DUT

EMI
EMIRR
EMS

FC
FD
FOM

GBW

1/0
IC
IEC

LDO
LHP
LP

MOSFET
NCFF

NFC
NMOS

Bulk Current Injection

Common-Drain

Channel-Length Modulation
Common-Mode Cancellation Circuit
Common-Mode Feedback
Common-Mode Rejection Ratio
Common-Source

Direct RF Power Injection
Device Under Test

Electromagnetic Interference
EMI Rejection Ratio
Electromagnetic Susceptibility

Folded-Cascode
Fully Differential
Figure of Merit

Gain-Bandwidth Product

Input and Output
Integrated Circuit
International Electrotechnical Commission

Low-Dropout Regulator

Left Half-Plane

Low-Pass

Metal-Oxide-Semiconductor Field-Effect Transistor
No-Capacitor Feedforward

Near-Field Communication
N-Channel MOSFET
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List of Abbreviations

OpAmp Operational Amplifier

OTA Operational Transconductance Amplifier
PCB Printed Circuit Board

PM Phase Margin

PMOS P-Channel MOSFET

PSRR Power Supply Rejection Ratio
RF Radio Frequency

RHP Right Half-Plane

SB Source Buffering

SE Single-Ended

TB Test Bench

TF Transfer Function

UGF Unity-Gain Frequency

90



Bibliography

1]

S. Graffi, G. Masetti, and A. Piovaccari, “Criteria to reduce failures induced
from conveyed electromagnetic interferences on CMOS operational amplifiers,”
Microelectronics Reliability, vol. 37, no. 1, pp. 95-113, 1997, 1sSN: 0026-2714.
DOI: 10 . 1016 /0026 - 2714(96) 00242 - 9. [Online]. Available: http : / / www .
sciencedirect.com/science/article/pii/0026271496002429.

B. Deutschmann, “Improvement of System Robustness Through EMC Optimiza-
tion,” in Analog circuit design, A. H. M. van Roermund, M. Steyaert, and J. H.
Huijsing, Eds., Boston and London: Kluwer Academic Publishers, 2003, pp. 227—
242, 1SBN: 978-1-4020-7559-9. DOI: 10.1007/0-306-48707-1_10.

J.-M. Redouté and M. Steyaert, EMC of Analog Integrated Circuits. Dordrecht:
Springer Netherlands, 2010, 1SBN: 978-90-481-3231-7. DOI: 10.1007/978-90-481~
3230-0.

M. Grassi, J.-M. Redoute, and A. Richelli, “Increased EMI immunity in CMOS
operational amplifiers using an integrated common-mode cancellation circuit,” in
2015 IEEE International Symposium on Electromagnetic Compatibility (EMC),
[EEE, 16.08.2015 - 22.08.2015, pp. 34-39, 1SBN: 978-1-4799-6616-5. DOI: 10.1109/
ISEMC.2015.7256128.

M. Steyaert and W. Sansen, “Power supply rejection ratio in operational transcon-
ductance amplifiers,” IEEFE Transactions on Circuits and Systems, vol. 37, no. 9,
pp. 1077-1084, 1990, 1sSN: 00984094. por: 10.1109/31.57596.

E. Sackinger, J. Goette, and W. Guggenbuhl, “A general relationship between am-
plifier parameters, and its application to PSRR improvement,” IEEE Transactions
on Circuits and Systems, vol. 38, no. 10, pp. 1173-1181, 1991, 1SSN: 00984094.
DOI: 10.1109/31.97537.

P. E. Allen and D. R. Holberg, CMOS analog circuit design, 2. ed., ser. Oxford
series in electrical and computer engineering. New York, NY [u.a.] : Oxford Univ.
Press, 2002, 1sSBN: 0195116445.

M. Loikkanen and J. Kostamovaara, “PSRR Improvement Technique for Amplifiers
with Miller Capacitor,” in 2006 IEEE International Symposium on Clircuits
and Systems, IEEE, 21-24 May 2006, pp. 1394-1397, 1SBN: 0-7803-9389-9. DOTI:
10.1109/ISCAS.2006.1692855.

91


https://doi.org/10.1016/0026-2714(96)00242-9
http://www.sciencedirect.com/science/article/pii/0026271496002429
http://www.sciencedirect.com/science/article/pii/0026271496002429
https://doi.org/10.1007/0-306-48707-1_10
https://doi.org/10.1007/978-90-481-3230-0
https://doi.org/10.1007/978-90-481-3230-0
https://doi.org/10.1109/ISEMC.2015.7256128
https://doi.org/10.1109/ISEMC.2015.7256128
https://doi.org/10.1109/31.57596
https://doi.org/10.1109/31.97537
https://doi.org/10.1109/ISCAS.2006.1692855

Bibliography

[9]

[10]

[11]

[12]

[13]

[16]

[17]

92

D. B. Ribner and M. A. Copeland, “Design techniques for cascoded CMOS op
amps with improved PSRR and common-mode input range,” IEEE Journal of
Solid-State Circuits, vol. 19, no. 6, pp. 919-925, 1984, 1sSN: 0018-9200. DOTI:
10.1109/JSSC.1984.1052246.

P. R. Gray and R. G. Meyer, “MOS operational amplifier design-a tutorial
overview,” IEEFE Journal of Solid-State Clircuits, vol. 17, no. 6, pp. 969-982, 1982,
1SSN: 0018-9200. por: 10.1109/JSSC.1982.1051851.

Lisha Li, “High Gain Low Power Operational Amplifier Design and Compensation
Techniques,” Dissertation, Brigham Young University, Provo, April 2007. [On-
line]. Available: https://scholarsarchive.byu.edu/cgi/viewcontent.cgi?
article=2081&context=etd.

J.-M. Redoute and A. Richelli, “A methodological approach to EMI resistant
analog integrated circuit design,” IEEE FElectromagnetic Compatibility Magazine,
vol. 4, no. 2, pp. 92-100, 2015, 1SSN: 2162-2264. DOI: 10.1109/MEMC . 2015 .
7204058.

M. Corradin, G. Spiazzi, and S. Buso, “Effects of radio frequency interference in
OPAMP differential input stages,” in 2005 International Symposium on Electro-
magnetic Compatibility, 2005. EMC 2005, IEEE, 8-12 Aug. 2005, 866-871g, ISBN:
0-7803-9380-5. pDOI: 10.1109/ISEMC.2005.1513647.

F. Michel and M. Steyaert, “Comparison of high impedance input topologies with
low EMI susceptibility,” Analog Integrated Circuits and Signal Processing, vol. 65,
no. 2, pp. 299-309, 2010, 18SN: 0925-1030. DOT: 10.1007/s10470-010-9474-8.

A. Richelli, L. Colalongo, M. Quarantelli, and Z. M. Kovacs-Vajna, “Robust
Design of Low EMI Susceptibility CMOS OpAmp,” IEEE Transactions on Elec-
tromagnetic Compatibility, vol. 46, no. 2, pp. 291-298, 2004, 1SSN: 0018-9375. DOTI:
10.1109/TEMC. 2004 .826874.

R. Pelliconi and N. Speciale, “Criteria to reduce failures induced by EMI con-
ducted on the power supply rails of CMOS operational amplifiers,” in 2001 IEEE
EMC International Symposium. Symposium Record. International Symposium on
FElectromagnetic Compatibility (Cat. No.01CH37161), 2001, 1102-1105 vol.2. DOTI:
10.1109/ISEMC.2001.950569.

A. Boyer and E. Sicard, “A Case Study to Apprehend RF Susceptibility of
Operational Amplifiers,” in 2019 12th International Workshop on the Electromag-
netic Compatibility of Integrated Circuits (EMC Compo), 2019, pp. 13-15, ISBN:
2575-6893. DOT: 10.1109/EMCCompo.2019.8919918.

A. Richelli, L. Colalongo, and Z. M. Kovacs-Vajna, “Increasing the immunity
to electromagnetic interferences of CMOS OpAmps,” IEEE Transactions on
Reliability, vol. 52, no. 3, pp. 349-353, 2003, 1SsN: 0018-9529. por: 10.1109/TR.
2003.817847.


https://doi.org/10.1109/JSSC.1984.1052246
https://doi.org/10.1109/JSSC.1982.1051851
https://scholarsarchive.byu.edu/cgi/viewcontent.cgi?article=2081&context=etd
https://scholarsarchive.byu.edu/cgi/viewcontent.cgi?article=2081&context=etd
https://doi.org/10.1109/MEMC.2015.7204058
https://doi.org/10.1109/MEMC.2015.7204058
https://doi.org/10.1109/ISEMC.2005.1513647
https://doi.org/10.1007/s10470-010-9474-8
https://doi.org/10.1109/TEMC.2004.826874
https://doi.org/10.1109/ISEMC.2001.950569
https://doi.org/10.1109/EMCCompo.2019.8919918
https://doi.org/10.1109/TR.2003.817847
https://doi.org/10.1109/TR.2003.817847

[19]

[20]

[21]

[22]

[24]

[25]

[26]

[27]

28]

[29]

Bibliography

G. Masetti, N. Speciale, G. Setti, Swiss Federal Institute of Technology Zurich, and
Communication Technology Laboratory, “On the key role of parasitic capacitances
in the determination of the susceptibility to EMI of integrated operational ampli-
fiers,” in Electromagnetic compatibility 1999, ser. Electromagnetic compatibility,
Zurich: Communication Technology Laboratory, 1999, 116Q3, 1SBN: 3952119938.

F. Fiori, “Design of an Operational Amplifier Input Stage Immune to EMI,” IEEE
Transactions on Electromagnetic Compatibility, vol. 49, no. 4, pp. 834-839, 2007,
ISSN: 0018-9375. por: 10.1109/TEMC. 2007 .908255.

F. Fiori and P. S. Crovetti, “Prediction of EMI effects in operational amplifiers by a
two-input Volterra series model,” IEE Proceedings - Circuits, Devices and Systems,
vol. 150, no. 3, p. 185, 2003, 1SSN: 1350-2409. DOIL: 10.1049/ip-cds:20030342.

J.-M. Redouté and M. Steyaert, “EMI resisting CMOS differential pair structure,”
Electronics Letters, vol. 42, no. 21, p. 1217, 2006, 1ssN: 00135194. DOI: 10.1049/el:
20062059.

S. Ben Dhia, M. Ramdani, and E. Sicard, Electromagnetic compatibility of inte-
grated circuits: Techniques for low emission and susceptibility / Edited by Sonia
Ben Dhia, Mohamed Ramdani, Etienne. New York, N.Y. and Great Britain:
Springer, 2006, 1SBN: 0387266011.

W. M. C. Sansen, Analog design essentials, ser. The Springer International Series
in Engineering and Computer Science. Dordrecht: Springer, 2006, vol. 859, ISBN:
9780387257471. DOT: 10.1007/b135984.

B. Sri Harsh Pakala, “A New Compensation Technique for Enhancing Power
Supply Rejection Ratio in Two-Stage CMOS Operational Amplifiers,” Dissertation,
New Mexico State University, Las Cruces, New Mexico, February 2012. [Online].
Available: http://wordpress . nmsu . edu/pfurth/files/2015/06/Tail _
Compensation_Pakala_2012.pdf.

G. Gielen and W. Sansen, “Modeling of the power-supply interactions of CMOS
operational amplifiers using symbolic computation,” in 1993 IEEE International
Symposium on Circuits and Systems, IEEE, 3-6 May 1993, pp. 1381-1384, 1SBN:
0-7803-1281-3. DOI: 10.1109/ISCAS.1993.393989.

Road vehicles — Component test methods for electrical disturbances from narrow-
band radiated electromagnetic energy, 2004.

Radio disturbance characteristics for the protection of receivers used on board vehi-
cles, boats, and on devices - Limits and methods of measurement: CISPR/CIS/D,
2002.

M. Ramdani, E. Sicard, A. Boyer, S. B. Dhia, J. J. Whalen, T. H. Hubing,
M. Coenen, and O. Wada, “The Electromagnetic Compatibility of Integrated
Circuits—Past, Present, and Future,” IEFE Transactions on Electromagnetic
Compatibility, vol. 51, no. 1, pp. 78-100, 2009, 1SsN: 0018-9375. DO1: 10.1109/
TEMC.2008.2008907.

93


https://doi.org/10.1109/TEMC.2007.908255
https://doi.org/10.1049/ip-cds:20030342
https://doi.org/10.1049/el:20062059
https://doi.org/10.1049/el:20062059
https://doi.org/10.1007/b135984
http://wordpress.nmsu.edu/pfurth/files/2015/06/Tail_Compensation_Pakala_2012.pdf
http://wordpress.nmsu.edu/pfurth/files/2015/06/Tail_Compensation_Pakala_2012.pdf
https://doi.org/10.1109/ISCAS.1993.393989
https://doi.org/10.1109/TEMC.2008.2008907
https://doi.org/10.1109/TEMC.2008.2008907

Bibliography

[30]
[31]

32]

33]

[34]

[38]

[39]

[40]

[41]

94

Integrated circuits - Measurement of electromagnetic immunity, 150 kHz to 1 GHz
- Part 1: General conditions and definitions: TC 47/SC 47A, 2006.

Integrated circuits - Measurement of electromagnetic immunity, 150 kHz to 1 GHz
- Part 4: Direct RF power injection method: TC 47/SC 47A, 2006.

AN-1698 A Specification for EMI Hardened Operational Amplifiers: Application
Report SNOA497B, Texas Instruments Incorporated, September 2007. [Online].
Available: http://www.ti.com/lit/an/snoa4d97b/snoad97b.pdf.

A. Lavarda, “EMI susceptibility of offset compensated CMOS operational am-
plifiers,” Doctoral Thesis, Graz University of Technology, Graz, November
2018. [Online]. Available: https://diglib. tugraz.at/download . php?id=
5cda69d2d2656&location=browse.

G. Masetti, S. Graffi, D. Golzio, and Z. Kovacs-V, “Failures induced on analog
integrated circuits by conveyed electromagnetic interferences: A review,” Mi-
croelectronics Reliability, vol. 36, no. 7-8, pp. 955-972, 1996, 1sSN: 0026-2714.
DOL: 10 . 1016 /0026 - 2714(96 ) 00025 - X. [Online|. Available: http : / / www .
sciencedirect.com/science/article/pii/002627149600025X.

S. Becchetti, A. Richelli, L. Colalongo, and Z. Kovacs-Vajna, “A Comprehensive
Comparison of EMI Immunity in CMOS Amplifier Topologies,” Electronics, vol. 8,
no. 10, p. 1181, 2019. por: 10.3390/electronics8101181.

F. Fiori, “Operational amplifier input stage robust to EMI,” FElectronics Letters,
vol. 37, no. 15, p. 930, 2001, 1SSN: 00135194. DOI: 10.1049/e1:20010651.

A. Richelli, L. Colalongo, Z. M. Kovacs-Vajna, and M. Quarantelli, “Design of
an integrated CMOS operational amplifier with low probability EMI induced
failures,” in Proceedings of the 27th European Solid-State Chircuits Conference,
[EEE, 2001, pp. 361-364.

J.-M. Redouté and M. Steyaert, “Measurement of EMI induced input offset voltage
of an operational amplifier,” FElectronics Letters, vol. 43, no. 20, p. 1088, 2007,
ISSN: 00135194. DOI: 10.1049/e1:20071017.

C. Hall and T. Kuehl, EMI Rejection Ratio of Operational Amplifiers (With
OPA333 and OPA3353-Q1 as an Ezample): Application Report SBOA128A, Texas
Instruments Incorporated, August 2011. [Online]. Available: http://www.ti.com/
lit/an/sboal28a/sboal28a.pdf.

M. B. Aimonetto and F. Fiori, “On the effectiveness of EMIRR to qualify
OpAmps,” in 2015 IEEE International Symposium on Electromagnetic Compatibil-
ity (EMC), 2015, pp. 40-44, 1sBN: 2158-1118. DOI: 10.1109/ISEMC.2015.7256129.

Z. M. Kovacs-Vajna, E. Sardini, and N. Speciale, “Chaotic behavior of 741 opamps
subjected to EMI conveyed to power supply rails,” in 2000 IEEE International
Symposium on Circuits and Systems. Emerging Technologies for the 21st Century.
Proceedings (IEEE Cat No.00CH36353), Presses Polytech. Univ. Romandes, 28-31
May 2000, pp. 727-730, ISBN: 0-7803-5482-6. DOL: 10.1109/ISCAS.2000.857198.


http://www.ti.com/lit/an/snoa497b/snoa497b.pdf
https://diglib.tugraz.at/download.php?id=5cda69d2d2656&location=browse
https://diglib.tugraz.at/download.php?id=5cda69d2d2656&location=browse
https://doi.org/10.1016/0026-2714(96)00025-X
http://www.sciencedirect.com/science/article/pii/002627149600025X
http://www.sciencedirect.com/science/article/pii/002627149600025X
https://doi.org/10.3390/electronics8101181
https://doi.org/10.1049/el:20010651
https://doi.org/10.1049/el:20071017
http://www.ti.com/lit/an/sboa128a/sboa128a.pdf
http://www.ti.com/lit/an/sboa128a/sboa128a.pdf
https://doi.org/10.1109/ISEMC.2015.7256129
https://doi.org/10.1109/ISCAS.2000.857198

[42]

[43]

[44]

[45]

[50]

[51]

Bibliography

A. Richelli, “CMOS OpAmp Resisting to Large Electromagnetic Interferences,”
IEEFE Transactions on Electromagnetic Compatibility, vol. 52, no. 4, pp. 1062-1065,
2010, 1ssN: 0018-9375. por: 10.1109/TEMC.2010.2055872.

F. Fiori, “On the susceptibility of analog circuit to EML,” in Analog Circuit Design,
A. H. van Roermund, H. Casier, and M. Steyaert, Eds., Dordrecht: Springer, 2006,
pp. 183-202, 1sBN: 978-1-4020-5186-9. DOI: 10.1007/1-4020-5186-7_9.

A. K. Pudi N.S., J.-M. Redoute, and M. S. Baghini, “A Generic EMI-Immune
Technique for Differential Amplifiers With Single-Ended Output,” IEEE Transac-
tions on FElectromagnetic Compatibility, vol. 60, no. 4, pp. 958-964, 2018, 1SSN:
0018-9375. por: 10.1109/TEMC.2017.2759785.

A. Richelli and J. Redouté, “Increasing the EMI immunity of CMOS operational
amplifiers using an on-chip common-mode cancellation circuit,” in 2017 Inter-
national Symposium on Electromagnetic Compatibility - EMC EUROPE, 2017,
pp. 698-702, 1SBN: 2325-0364. DOI: 10.1109/EMCEurope.2014.6930994.

A. Richelli, G. Delaini, M. Grassi, and J.-M. Redoute, “Susceptibility of Op-
erational Amplifiers to Conducted EMI Injected Through the Ground Plane
into Their Output Terminal,” IEEFE Transactions on Reliability, vol. 65, no. 3,
pp. 1369-1379, 2016, 1sSN: 0018-9529. poI1: 10.1109/TR.2016.2570560.

B. Razavi, Design of analog CMOS integrated circuits, ser. McGraw-Hill in electri-
cal and computer engineering. Boston: McGraw-Hill, 2001, 1sBN: 0-07-118815-0.

B. K. Ahuja, “An improved frequency compensation technique for CMOS opera-
tional amplifiers,” IEEE Journal of Solid-State Circuits, vol. 18, no. 6, pp. 629-633,
1983, 18sN: 0018-9200. DOI: 10.1109/JSSC.1983.1052012.

G. Palmisano and G. Palumbo, “An optimized compensation strategy for two-stage
CMOS op amps,” IEEE Transactions on Circuits and Systems I: Fundamental
Theory and Applications, vol. 42, no. 3, pp. 178-182, 1995, 1SSN: 10577122. DOI:
10.1109/81.376869.

P. J. Hurst, S. H. Lewis, J. P. Keane, F. Aram, and K. C. Dyer, “Miller Compen-
sation Using Current Buffers in Fully Differential CMOS Two-Stage Operational
Amplifiers,” IEEE Transactions on Circuits and Systems I: Fundamental The-
ory and Applications, vol. 51, no. 2, pp. 275-285, 2004, 1SSN: 10577122. DOI:
10.1109/TCSI.2003.820254.

Roger A. Whatley, “Circuit for improving power supply rejection in an operational
amplifier with frequency compensation: United States Patent,” pat. United States
Patent 4,713,625, 1986. [Online|. Available: https://patentimages . storage.
googleapis.com/91/ba/34/a64755d225768f/US4713625 . pdf.

W. Aloisi, G. Palumbo, and S. Pennisi, “Design methodology of Miller frequency
compensation with current buffer/amplifier,” IET Circuits, Devices € Systems,
vol. 2, no. 2, p. 227, 2008, 1sSN: 1751858X. DOI: 10.1049/iet-cds:20060188.

95


https://doi.org/10.1109/TEMC.2010.2055872
https://doi.org/10.1007/1-4020-5186-7_9
https://doi.org/10.1109/TEMC.2017.2759785
https://doi.org/10.1109/EMCEurope.2014.6930994
https://doi.org/10.1109/TR.2016.2570560
https://doi.org/10.1109/JSSC.1983.1052012
https://doi.org/10.1109/81.376869
https://doi.org/10.1109/TCSI.2003.820254
https://patentimages.storage.googleapis.com/91/ba/34/a64755d225768f/US4713625.pdf
https://patentimages.storage.googleapis.com/91/ba/34/a64755d225768f/US4713625.pdf
https://doi.org/10.1049/iet-cds:20060188

Bibliography

[53]

[54]

[55]

[59]

96

B. Telkes, “Settling time of operational amplifiers with feedforward compensation,”
Periodica Polytechnica Electrical Engineering (Archives), vol. 19, no. 4, pp. 329-
348, 1975. [Online|. Available: https://pp.bme.hu/ee/article/view/4965.

R. ITO and T. ITAKURA, “Phase Compensation Techniques for Low-Power
Operational Amplifiers,” IEICE Transactions on Electronics, vol. E93-C, no. 6,
pp. 730-740, 2010, 1SSN: 0916-8524. DOI: 10.1587/transele.E93.C.730.

B. K. Thandri and J. Silva-Martinez, “A robust feedforward compensation scheme
for multistage operational transconductance amplifiers with no Miller capacitors,”
IEEE Journal of Solid-State Circuits, vol. 38, no. 2, pp. 237-243, 2003, 1SSN:
0018-9200. por: 10.1109/JSSC.2002.807410.

S. Pavan, R. Schreier, and G. C. Temes, Understanding delta-sigma data converters,
Second edition, ser. IEEE Press series on microelectronic systems. Hoboken New
Jersey: IEEE Press/Wiley, 2017, 1sBN: 1119258278.

J. Huijsing, Operational Amplifiers: Theory and Design, 2nd ed. New York:
Springer, April 2011, 1SBN: 9789400705951. DOI: 10.1007/978-94-007-0596-8.

G. Blakiewicz, “Frequency compensation for two-stage operational amplifiers
with improved power supply rejection ratio characteristic,” IET Circuits, Devices
& Systems, vol. 4, no. 5, p. 458, 2010, 1SSN: 1751858X. DOI: 10.1049/iet-
cds.2010.0059.

A. Lavarda and B. Deutschmann, “Direct power injection (DPI) simulation
framework and postprocessing,” in 2015 IEEE International Symposium on Elec-
tromagnetic Compatibility (EMC), 2015, pp. 1248-1253, 1SBN: 2158-1118. DOI:
10.1109/ISEMC.2015.7256349.


https://pp.bme.hu/ee/article/view/4965
https://doi.org/10.1587/transele.E93.C.730
https://doi.org/10.1109/JSSC.2002.807410
https://doi.org/10.1007/978-94-007-0596-8
https://doi.org/10.1049/iet-cds.2010.0059
https://doi.org/10.1049/iet-cds.2010.0059
https://doi.org/10.1109/ISEMC.2015.7256349

	Introduction
	Background
	Scope of the Thesis
	Outline

	EMI Susceptibility of Operational Amplifiers
	Effects of EMI on Operational Amplifiers
	Slew Rate Asymmetry
	Parasitic Input Capacitances
	Non-Linear Behavior of the Input Stage

	Power Supply Rejection Ratio
	Definition of the Power Supply Rejection Ratio
	Parasitic Gains
	Power Supply Rejection Ratio of a Miller Amplifier

	EMI Measurement Setups
	EMI Standards
	Direct Power Injection Method
	Amplifier Configurations for EMI Measurements
	Figures of Merit for EMI Measurements


	Increasing the Immunity of Operational Amplifiers
	Increasing the Immunity of the Input and Output Pins
	General Design Criteria
	Input Filter
	Parasitic Capacitances
	Linearization
	Cancellation

	Increasing the Immunity of the Power Supply Pins
	Single Ended and Fully Differential Topologies
	Current Injection

	Frequency Compensation Methods
	Miller Compensation
	Voltage Buffer Compensation
	Current Buffer Compensation
	Feedforward Compensation
	Other Frequency Compensation Methods


	Design of Two-Stage EMI-Immune Amplifiers
	Amplifier Application and Specification
	Design of a Miller Amplifier
	Ac Simulation of the Miller Amplifier

	Test Benches for EMI
	Simulation Setup
	Test Bench for the Non-Inverting Input Pin
	Test Bench for the Power Supply Pins
	Test Bench for the Output Pin

	Circuitry Measures to Increase the EMI Robustness
	Reducing Channel Length Modulation Effects
	Input Filter
	Input Capacitances
	Source Buffering
	Common-Mode Cancellation Circuit


	Design of EMI-Immune Frequency Compensation Methods
	Miller Amplifier
	Notation for the Small-Signal Models
	Small-Signal Models of the Miller Amplifier
	PSRR Simulation of the Miller Amplifier

	Current Buffer Topology
	Design of a Current Buffer Amplifier
	Ac Simulation of the Current Buffer Amplifier
	Small-Signal Models of the Current Buffer Amplifier
	PSRR Simulation of the Current Buffer Amplifier

	No-Capacitor Feedforward Topology
	Design of a NCFF Amplifier
	Ac Simulation of the NCFF Amplifier
	Small-Signal Models of the NCFF Amplifier
	PSRR Simulation of the NCFF Amplifier

	Comparison Amplifier Topologies
	Ac Performance
	PSRR Performance
	EMI Performance


	Conclusion
	List of Abbreviations

