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ABSTRACT

The insatiable need for higher data rates in the communication market enforces communication systems in
the long term to move up in frequency. In order to significantly boost channel capacities and therewith the net
data throughput, frequencies in the higher microwave spectra need to be allocated in the future to provide suffi-
cient bandwidth. This in turn makes even a greater demand on the measurement equipment to be able to build
and test such communication systems in the first place. Especially power amplifiers (PAs) prove to be one of the
key components in the transmitter chain of measurement instruments, since they mainly constitute the last per-
formance bottleneck before the test signal is fed to the device under test (DUT).

Ever since solid-state PAs based on GaAs semiconductor technology came up in the early 80’s, nearly all of
the high-end applications, such as mobile communications, radar systems, military equipment or measurement
instruments, comprise GaAs PAs as performance enabler for achieving high power at high frequencies. With the
advent of commercial available GaN on SiC technology in 2005, a new chapter in III-V semiconductor technol-
ogy has been openend. Peak power densities in continuous-wave mode up to 40 W/mm have been reported for
AlGaN/GaN HEMTs on SiC in [1]. Out of the roughly four times higher power densities of GaN compared to
GaAs (p)HEMTSs, most of the GaAs PAs are/will be nowadays replaced by their GaN competitor to boost the
output power for the next application generations. In particular, the high output power per capacitance ratio of
GaN technology allows for better matching of the HEMT’s input and output to the typical 50 () environment at
higher frequencies. This in turn enables the implementation of wideband PAs over multiple decades, which

makes this technology so attractive for the application in measurement instruments.

This work focuses on the realization of multi-decade broadband PAs in a 0.25um GaN technology, which
are optimized for the use in measurement instruments, such as e.g. signal generators. The most promising PA
topologies for wideband operation from DC up to several GHz are the resistive feedback PA (FBPA) and the
traveling-wave PA (TWA) or distributed PA (DPA), respectively. Since not only the maximum output power
but moreover also linearity and noise play a decisive role for the applicability of GaN PAs in measurement in-
struments, this work investigates adequate wideband on-chip linearization and noise reduction concepts for
FBPAs and TWAs in detail, which further improve the linearity and noise compared to conventional FBPA and
TWA designs.

During the course of this work a DC-6 GHz FBPA was designed on the one hand in the conventional single-
ended way and on the other hand in a truly-differential approach (TD-FBPA) in order to improve the harmonic
distortion (HD) by even-order nonlinearity cancellation. The final TD-FBPA design showed to improve the
HD?2 by more than 25 dB and the overall SFDR by 10 dB compared to the single-ended FBPA design, resulting
in a SFDR of -55 dBc at Pyyr =25 dBm. Moreover an OIP3 at 1 GHz of 51 dBm and at 6 GHz of 46 dBm was
measured for the TD-FBPA, which results in an improvement of more than 5 dB of the 3 order intermodula-
tion product, showing an outstanding linearity performance for a 4 Watt broadband FBPA in GaN technology.
On top, the general small-signal stability of pseudo-differential (PD) and truly-differential (TD) amplifiers was
analyzed, where the latter topology proved to be especially prone to CM-instabilities in GaN technology. There-
fore, an analytical boundary condition for low frequency CM-stability dependent on the intrinsic HEMT param-
eters and the impedance environment was derived. The striking cause for the CM-instability in GaN technology
was identified to be related to the small amount of feedback capacitance (Cgp) compared to the input (Cgs) and

output (Cps) capacitances. Especially for a usually given impedance environment of Zy = 50 (), the necessary

III



ratio of Cgp to Cgs and Cpg for low frequency stability is more severe. With increasing Z, and a higher transit-
frequency (fr), which results from a smaller Cgg and/or a larger g,,, the requirements for the necessary capaci-
tance ratios become more relaxed. Based on these theoretical findings, remedies for CM-stabilization in TD-
amplifiers, such as applying parallel feedback, omission of the gate-source field-plates or inductive compensa-
tion of the tail-current-source (TCS) capacitance, were deduced and verified by the DC-6 GHz TD-FBPA de-
sign.

For a similar frequency range from DC-6.5 GHz, a linearized low-noise TWA (L2NTWA) design, which
makes use of a diode predistortion concept for the first time in a distributed structure, was designed with the
goal of achieving high linearity and low-noise performance at the same time in a 2 W PA class. By means of an
external diode-tuning voltage, the even- and odd-order linearity can be traded off against each other up to a cer-
tain degree without degrading the gain or I/0-RL of the LT2NTWA to a greater extent. The measurement of the
assembled MMIC in package showed a flat gain of larger than 14 dB from 10 MHz up to almost 7 GHz, where-
by the lower operational frequency was only limited by the values of the off-chip SMD components. Linearity
measurements additionally revealed a high linearity with a maximum SFDR of -38 dBc at Pyyr = 25 dBm and
an OIP3 of larger than 42 dBm at its optimum diode-tuning voltage. A minimum NF of 1.8 dB at 2 GHz was
measured for the nominal bias point of Vpg =28 V and Ipg = 200 mA/mm. Together with a P; 45 of greater than
1 W over the whole band, the design classifies into the high power LNA class and is perfectly suited as a highly
linear low-noise driver stage for their DC-6 GHz GaN FBPA or TD-FBPA counterparts.

In terms of noise performance, conventional TWAs exhibit a significant increase in noise toward low fre-
quencies, which makes this topology inappropriate for low frequency applications in measurement instruments.
By means of a DC-15 GHz reference design, the steep increase in NF below 2 GHz was verified by measure-
ments, after identifying all different noise contributors. The corresponding transfer functions to the output of all
present noise sources were calculated mathematically and the contribution to the overall NF analytically evalu-
ated. The largest low frequency noise contribution was identified to originate from the gate bias resistors, when
capacitive gate-coupling is applied. If no capacitive gate-coupling is present, the gate-line termination resistor
introduces the second largest amount of noise to the output due to the TWA’s inherent reverse transfer function
from the gate-termination to the output. In order to minimize this noise contribution, three distinct active cold
load (ACL) concepts are reviewed and theoretically analyzed in order to find the best suited topology for
TWAs. Out of the three different ACL concepts, the common-source topology with parallel resistive feedback
(CS-PRF) proved to be the most suited one. Furthermore, among the two presented possibilities of terminating
the gate-line with the CS-PRF ACL at either the last stage of the TWA or as substitution of the resistive load,
the latter showed from the analysis to be the more promising solution with respect to the targeted gain and ORL
of the TWA. Nevertheless, the analysis revealed that both methods are effective to minimize the low frequency
noise. Based on the preceding analysis the more suited CS-PRF ACL concept was combined with an upstream
RLCfilter to obtain a wider input match, which is also called “blue noise active termination” (BNAT) due to its
shaped high frequency noise spectrum. The BNAT was first of all designed on a separate die to verify its gen-
eral functionality by on-wafer measurements. After successful proof of concept the BNAT was attached to the
[2NTWA design to investigate the degree of NF improvement compared to a resistive load. The NF measure-
ments showed an improvement of 1.9 dB from 5.5 dB with resistive load down to 3.6 dB with BNAT.
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KURZFASSUNG

Die unstillbare Nachfrage nach hoheren Datenraten im Kommunikationssektor zwingt langfristig Kommu-
nikationssyteme bei hoheren Frequenzen zu arbeiten. Um die Kanalkapazitit und damit den Netto-
Datendurchsatz zu steigern, miissen die Trigerfrequenzen in Zukunft immer weiter ins hohere Mikrowellen-
spektrum verschoben werden, um ausreichend Bandbreite zur Verfiigung zu stellen. Dies wiederum stellt noch
hohere technische Anforderungen an die Messinstrumente, damit derartig hochfrequente Kommunikationssys-
teme liberhaupt gebaut und getestet werden konnen. Im Speziellen stellen breitbandige Leistungsverstirker eine
der Schliisselkomponenten in Sendesignalpfaden von Messinstrumenten dar, da diese als letzte aktive Kompo-
nente vor der Herausfiihrung des Testsignals zum Messobjekt (DUT) maBgeblich die Signalintegritit beeinflus-

sen.

Seit dem Aufkommen von GaAs Halbleitertechnologie in den 80er Jahren, beinhalten fast alle High-End
Andwendungen, wie z. B. die Mobilkommunikation, Radarsysteme, Militérgerite oder Messinstrumente, GaAs
MMIC PAs um hohe Leistungen bei hohen Frequenzen zu realisieren. Mit der Etablierung kommerziell verfiig-
barer GaN auf SiC Technologie seit 2005 wurde ein neues Kapitel in der Geschichte der III-V Halbleitertechno-
logie gedffnet. Spitzenleistungsdichten im CW-Betrieb von bis zu 40 W/mm fiir AIGaN/GaN auf SiC wurden in
[1] demonstriert. Aufgrund der ungefahr viermal hoheren Leistungsdichte von GaN HEMTs im Vergleich zu
GaAs HEMTs wird ein GroBteil der GaAs PAs heutzutage durch die konkurrierende GaN Technologie ersetzt,
um die Ausgangsleistung in Anwendungen fiir neuere Generationen zu steigern. Besonders das Verhiltnis von
Ausgangsleistung zu Kapazitit ermoglicht bei hoheren Frequenzen eine bessere Eingangs-/Ausgangsanpassung
der GaN HEMTs in einem 50 Q - System. Dies wiederum ermdglicht es breitbandige PAs tiber mehrere Deka-
den zu realisieren, was diese Technologie so attraktiv fiir Anwendungen in Messinstrumenten macht. Diese Ar-
beit konzentriert sich daher auf die Realisierung von breitbandigen PAs iiber mehrere Frequenzdekaden in
0.25um GaN Technologie, die fiir den Einsatz in Messinstrumenten, wie z. B. Signalgeneratoren (SG), optimiert
sind. Fiir breitbandigen Betrieb von DC bis zu mehreren GHz sind die zwei vielversprechendsten PA Topolo-
gien zum Einen der resistive Riickkopplungsverstirker (FBPA) und zum Anderen der Wanderwellen (TWA)
oder verteilte (DPA) PA. Da nicht nur die maximale Ausgangsleistung sondern auch die Linearitdt und das Rau-
schen eine entscheidende Rolle fiir die Eignung von GaN PAs in Messinstrumenten spielt, widmet sich diese
Arbeit der detaillierten Untersuchung von geeigneten breitbandigen Linearisierungs- und Rauschminimierungs-
konzepten, welche die Linearitits- und Rauscheigenschaften speziell von FBPAs und TWAs auf Chipebene
verbessern.

Im Laufe dieser Arbeit wurde ein DC-6 GHz FBPA zum einen auf konventionelle unsymmetrische Weise
(FBPA) und zum anderen in voll-differentieller Form (TD-FBPA) entworfen, um die harmonischen Verzerrung
(HD) durch Ausloschung der geradzahligen Harmonischen zu verringern. Das finale Design des TD-FBPA
zeigt im Vergleich zum unsymmetrischen FBPA dabei eine Verbesserung des HD2 von 25 dB und der SFDR
von 10 dB auf, was in einer SFDR von -55 dBc bei Pyyr = 25 dBm resultiert. Dariiber hinaus wurde ein OIP3
bei 1 GHz von 51 dBm und bei 6 GHz von 46 dBm gemessen, was zu einer Verbesserung des Intermodulati-
onsprodukts dritter Ordnung von mehr als 5 dB fiihrt. Dies zeigt das herausragende Gesamtlinearititsverhalten
eines 4 Watt DC-6 GHz FBPAs. Zusitzlich wurde die Kleinsignalstabilitit von pseudo-differentiellen (PD) und
voll-differentiellen (TD) Verstirkern untersucht, wobei sich heraustellte, dass letztere Topologie speziell in GaN
Technologie anfillig fiir Gleichtaktinstabilititen ist. Aus diesem Grund wurde eine analytische Grenzbedingung
fir die niederfrequente Gleichtaktstabilitdt in Abhidngigkeit der intrinsischen HEMT Parameter und Umge-
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bungsimpedanz hergeleitet. Als ausschlaggebendes Kriterium fiir die Gleichtaktinstabilitdt in GaN Technologie
kann auf die kleine Riickkopplungskapazitit (Cgp) im Vergleich zur Eingangs- (Cgg) und Ausgangskapazitit
(Cps) zuriickgefiihrt werden. Speziell fiir die tibliche Umgebungsimpedanz von Z, = 50 () ist die niederfrequen-
te Stabilitdtsanforderung and das Verhiltnis von Cgp zu Cgg und Cpg duBerst hoch. Mit steigendem Z, und ho-
heren Transitfrequenzen (f7), sprich kleinerem Cgg und groBerem g,,, verringert sich die Anforderung an das
notwendige Kapazititsverhiltnis. Basierend auf diesen theoretischen Erkenntnissen wurden GegenmalBnahmen
zur Gleichtaktstabilisierung abgeleitet, wie z. B. das Hinzufiigen einer parallelen Riickkopplung, das Entfernen
der Gate-Source Feldplatten oder durch eine induktive Kompensation der parasitiren Kapazitit der Versor-
gungsstromquelle und diese mit Hilfe des DC-6 GHz TD-FBPA Designs verifiziert.

Fir einen &hnlichen Frequenzbereich von DC-6.5 GHz wurde ein linearisierter rauscharmer TWA
(L2NTWA) mit integriertem Dioden-Vorverzerrungskonzept zum ersten Mal in einer verteilten Struktur entwor-
fen, mit dem Ziel gleichzeitig hohe Linearitit und geringes Rauschen in einem 2 W PA zu erzielen. Mit Hilfe
einer externen Dioden-Abstimmspannung konnen die geraden als auch ungeraden Harmonischen bis zu einem
bestimmten Grad gegeneinander abgewédgt werden ohne die Verstirkung oder die Eingangs-/Ausgangs-
anpassung des L2NTWAs signifikant zu verschlechtern. Die Messungen des assemblierten gehdusten MMICs
zeigen einen flachen Verstdarkungsverlauf von groer 14 dB iiber einen Frequenzbereich von 10 MHz bis fast
hoch zu 7 GHz, wobei die untere Grenzfrequenz lediglich von den Werten der externen SMD Komponenten
bestimmt wird. Die Linearititsmessungen haben zusitzlich gezeigt, dass eine hohe Linearitdt mit einem maxi-
malen storungsfreien dynamischen Bereich (SFDR) von -38 dBc bei einer Ausgangsleistung von
Poyr =25 dBm und ein OIP3 von groBer als 42 dBm bei optimaler Dioden-Abstimmspannung erreicht wird.
Messungen der Rauschzahl (NF) haben ein minimum von 1.8 dB bei 2 GHz fiir den nominalen Arbeitspunkt
von Vps =28 V and Ipg = 200 mA/mm ergeben. In Kombination mit einem P, ;5 von tiber 1 W iiber das kom-
plette Frequenzband ordnet sich dieses Design in die Hochleistungs-LNA-Klasse ein und ist somit geeignet als
hoch lineare und rauscharme Treiberstufe fiir den vorher erwihnten DC-6 GHz FBPA oder TD-FBPA.

Konventionelle TWAs weisen in der Regel einen erheblichen Anstieg des Rauschens zu niedrigen Frequen-
zen auf, was diese Verstirkertopologie in Bezug auf ihr Rauschverhalten fiir die niederfrequente Anwendung in
Messgeriten ungeeignet macht. Mit Hilfe eines DC - 15 GHz Referenzdesigns wurde der steile Anstieg der NF
unterhalb von 2 GHz messtechnisch verifiziert, nachdem alle Rauschquellen identifiziert wurden. Die zugehori-
gen Rauschiibertragungsfunktionen zum Ausgang wurden jeweils mathematisch berechnet und der Beitrag zur
gesamten NF analytisch bewertet. Der grofite Anteil des niederfrequenten Rauschens stammt von den Gate-
Vorspannwiderstianden fiir den Fall, dass die Gates kapazitiv gekoppelt sind. Ist dies nicht der Fall, dann steuert
der Gate-Leitungsabschlusswiderstand aufgrund des typischen Verlaufs der Riickwirtsiibertragungsfunktion
von der Abschlusslast zum Ausgang den zweitgroften Rauschanteil bei niedrigen Frequenzen bei. Um diesen
Rauschbeitrag zu minimieren wurden drei unterschiedliche rauscharme Lastkonzepte (ACL) untersucht und
theoretisch analysiert, um die am besten geeignete Topologie fiir TWAs zu identifizieren. Von diesen drei ACL-
Konzepten erwies sich die Common-Source Topologie mit paralleler Riickkopplung (CS-PRF) als &uflerst ge-
eignet. Dabei gibt es prinzipiell zwei verschiedene Ansitze, um die Gate-Leitung mittels der CS-PRF abzu-
schlieBen. Beim ersten Ansatz wird die letzte aktive Stufe im TWA ersetzt wohingegen beim zweiten Ansatz
der resistive Gate-Leitungsabschlusswiderstand direkt ersetzt wird. Letztere Methode zeigt ausgehend von einer
vereinfachten mathematischen Analyse, dass diese die vielversprechendere Losung in Bezug auf die Verstir-
kung und die Ausgangsanpassung des TWAs ist. Dennoch sind beide Ansitze effektive MaBBnahmen, um das
niederfrequente Rauschen in TWAs zu minimieren. Basierend auf der vorhergehenden Analyse wurde das CS-

PRF Konzept mit einem vorgeschalteten RLC-Filter kombiniert, um eine breitbandigere Eingangsanpassung des
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TWAs zu ermoglichen. Diese Schaltung wird auch als ,,aktive blaue Rauschlast® (BNAT) bezeichnet, da ihr
resultierender Rauschfrequenzgang in Analogie zum Lichtspektrum blauem Licht entspriche. Zur Verifizierung
wurde die BNAT zunichst auf einem separaten Chip entworfen, um die generelle Funktionalitit messtechnisch
zu verifizieren. Nach erfolgreicher Uberpriifung des Konzeptes wurde die BNAT als Gate-Leitungsabschlusslast
zum bestehenden L’NTWA Design hinzugefiigt, um den Grad der niederfrequenten NF Verbesserung im Ver-
gleich zu einer resistiven Abschlusslast zu evaluieren. Die Rauschmessungen ergaben eine Verbesserung der
NF um 1.9 dB von 5.5 dB mit resistiver Last auf 3.6 dB mit aktiver Rauschlast (BNAT).
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CHAPTER 1

INTRODUCTION

The advent of III-V solid-state semiconductors in the early 19807s, as i.e. gallium-arsenide (GaAs), enabled
the manufacturing and integration of high power and high frequency devices on small integrated circuits for the
first time in history. Due to their small feature sizes, high frequency operation up to several tens of GHz could
be realized on one single chip, leading to the birth of the so called microwave monolithic integrated circuits
(MMIC). This starting miniaturization, combined with the continuous progress in manufacturing larger wafers,
led some years later to a significant reduction in costs, which is nowadays the primary driving force for the eco-
nomical acceptance of new semiconductor technologies. As the mobile communication market started to emerge
in the mid 1990°s in the U.S. and Europe, mobile phones and later partly base station transmitters were equipped
with commercial available GaAs power amplifiers (PA), replacing the hitherto existing maintenance-intensive
electron tubes. Despite being more and more replaced by silicon (Si) laterally diffused metal oxide semiconduc-
tor (LDMOS) transistors in base station transmitters, GaAs technology is due to its compactness and high effi-
ciencies still present in power amplifier modules in the 2G up to 4G mobile phone market, as e.g. in the iPhone
or Samsung Galaxy S smartphone generations. A real breakthrough in III-V semiconductor technology has been
achieved with the advent of gallium nitride (GaN) on silicon carbide (SiC) substrates in the early 2000s. Based
on GaN’s high intrinsic bandgap of E; = 3.4 eV, higher breakdown voltages and therewith larger output powers
can be achieved opposed to GaAs or Si semiconductor, exhibiting bandgaps of only 1.4 eV and 1.1 eV, respec-
tively. When the power-bandwidth product per chip area is considered, III-V semiconductors prove to be supe-
rior in performance to their Si and SiGe counterparts. The use of III-V semiconductor based PAs proves to pre-
sent the optimum solution for realizing high output powers from the C- up to D-band, as it is nowadays the case
e.g. in several military applications. In particular in the small market niche of measurement instruments is the
development of GaN technology eyed with growing interest, since GaAs PAs transpire to become more and
more a decisive bottleneck for the next generations of high performance measurement instruments. Based on the
recent advances in manufacturing and the increasing commercial availability of GaN, GaN is deemed to be the
next promising III-V semiconductor candidate for the implementation of a new generation of high performance
measurement instruments.
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1.1 Motivation

The development of leading edge MMICs or RFICs for all different kind of technical applications requires
high performance measurement systems in order to characterize the performance of the chips accurately. It is
therefore a substantial precondition that the measurement system itself provides a higher dynamic range (DR)
than the device under test (DUT) in order to obtain accurate measurement results. On this account, great de-
mands are made on the internal components of the measurement instrument with respect to bandwidth, power,
linearity and noise. By focusing on the application of high power MMICs in microwave signal generators (SG),
this work examines and develops MMIC PAs in AlIGaN/GaN on silicon carbide (SiC) technology, which are
capable of realizing high DRs and are hence suitable for the implementation of PA modules in SGs. To under-
stand the performance requirements for the MMIC PA imposed by the SG system, it is first of all necessary to
grasp the implications for the PA MMIC within the system.
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Fig. 1-1: Typical component blocks of an analog/vector microwave signal generator

A typical analog/vector SG with its basic building blocks is depicted in Fig. 1-1. First of all a stable refer-
ence frequency fr.r has to be synthesized, either by an internal temperature compensated crystal oscillator
(TCXO) or by an external reference oscillator over the EXT. REF port. Usually f..r is around 10 MHz. By
means of this stable reference, different stable carrier frequencies can be synthesized by a phase locked loop
(PLL), where the desired carrier frequency at the output of the PLL can be controlled by the division ratio N of
the frequency divider in the feedback path of the PLL. The output frequency of the synthesizer's PLL is then set
to

fvco = N'fref: (1.1
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where N has to span large intervals in order to synthesize frequencies from a few kHz up to several GHz. De-
pendent on the type of SG, the stable carrier frequency fi, ¢ is now processed by either an amplitude modulator
(AM), in the case of an analog SG, or by an in-phase quadrature-phase (IQ)-modulator, in the case of a vector
SG (VSG). The final step in the signal synthesis chain is the pulse modulation of the analog AM/complex 1Q-
signal, where the signal can be additionally modulated by on-off keying (OOK) or even more complex pulse
modulation schemes. After modulating the information in the AM/IQ-modulator and pulse modulator onto the
carrier, the information signal has to be amplified linearly to attain a distortion free signal with the desired out-
put power at the output socket of the microwave SG. This is realized in the so-called front-end part of the SG.
Within this part plays the PA module the key role in maintaining signal integrity, since the signal quality cannot
be improved by the subsequent attenuator.

| I

PA
LNA Latt. =2dB

/ LNA att. =2 dB att. =2 dB '0\0-
O— \
[eg / O O
O] G=12dB O
G=12dB M
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NF =10dB

Fig. 1-2: PA module of microwave signal generator with typical commercial MMICs

The PA module itself is in general composed of several switchable LNAs in cascade, followed by the PA
MMIC. Fig. 1-2 shows a typical SG PA module with only two LNAs for simplicity. The number of cascaded
LNAs depends on the maximum interruption-free DR of the corresponding SG in order to cover the specified
full output power range at the SG’s output socket. Thereby it is important to distinguish between the characteris-
tic DR and the interruption-free DR of the SG. The former refers to the maximum DR which can be realized by
stepping the attenuation in the variable step attenuator and additionally sweeping the power level electronically,
whereas the latter can only be obtained by electronically increasing or decreasing the power level at a fixed at-
tenuation level of the variable step attenuator. Based on the interruption-free DR specifications in the order of
magnitude of 20 to 30 dB, two implications with respect to noise and linearity at the lower and upper end of the
DR can be drawn.

e First, too much signal attenuation within the signal chain degrades the SNR either when the signal pow-
er P drops below a minimum specified power level or when the system’s noise floor drops below the

systems minimum noise power density.

¢ Second, signals with too large voltage swing degrade the linearity by signal clipping. Choosing higher
power levels to allow more attenuation comes with the drawback of more costly active circuit compo-
nents.

Thus, it is important to keep the power level within the signal path within a certain power level range in or-
der to avoid SNR and linearity degradation. To fully understand these two system constraints it is meaningful to
take a closer look at the power-leveling within the SG's signal path. Fig. 1-3 illustrates the power levels of the
signal, noise and their corresponding signal-to-noise ratios (SNR) at the output of the individual building blocks
in the SG chain from Fig. 1-1. Assuming that the signal power at the output of the frequency synthesis block is
at the lower end of the power level range and equal to Ps = 0 dBm and the power Pg; at the output socket of the
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SG is electronically leveled down from e.g. 8 dBm to -12 dBm, it is necessary to bypass the upstream LNAs
depicted in Fig. 1-2 in the signal path to reduce the overall gain. As can be seen from the ASNR- and SNR-
curves in Fig. 1-3 (a) and (b), bypassing the LNAs leads to a reduction in SNR, which is mainly contributed by
the noise of the PA. At first sight, realizing the required gain only by the PA seems to make no sense according
to Friis-formula for noise in cascaded stages [2]. In terms of noise it would be preferable to bypass the PA in-
stead of the LNA to avoid attenuation before amplification.
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Fig. 1-3: Power-levels in SG chain for Pg = 0 dBm with (a) 2 LNAs + PA and (b) PA only

Unfortunately, this would lead to constraint number two, because in this case the spurious free output signal
has to be generated by the first LNA in the PA module. Since the maximum available output power of LNAs is
usually by far smaller than the one of PAs and the first LNA is located even further away from the output socket
with additional lossy components in between, the output power and accordingly the available DR at the output
socket of the SG will be reduced. Commonly, a spurious free dynamic range (SFDR) of larger than 70 dBc at
the SG’s output socket is specified, which requires an additional multi-decade tunable low-pass (LP) filter be-
hind the PA module to suppress higher in-band harmonics. If smaller SFDRs of about 40 dBc are tolerated the
tunable LP-filter is often arranged in front of the PA module to obviate additional attenuation introduced by the
LP-filter behind the PA module. This relaxes the maximum power specifications for the PA MMIC but sets
more stringent specifications in terms of harmonic distortion (HD2, HD3). With respect to intermodulation
(IP3, ACPR) the arrangement of the tunable LP-filter position is irrelevant, because undesired intermodulation
products are too close to the carrier to be filtered out. Since HD3 and IP3 are mutually dependent, as will be

shown in chapter 4.1, good intermodulation performance premises low HD and vice versa.

Inferring from the two above mentioned constraints inflicted by the SG system, a PA MMIC design com-
promise between high power, high linearity and low noise results. Additionally, the PA MMICs have to cover
very broad frequency ranges from only a few kHz up to tens of GHz. Table 1-1 gives a general overview over
typical system requirements regarding small-signal performance, output power, linearity and noise, which are
imposed on the PA MMIC by three different SG classes with operational frequencies from 10 MHz up to 6, 13
and 20 GHz.
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Table 1-1: Typical MMIC PA specifications for next generation SGs

Fnax 6/13/20 GHz

Gain Flatness +0.5dB

Isolation <-30dB

SFDR @ Pyy; =25dBm  <-40 dBc

Operating Temp. 0...85°C



CHAPTER 1 - INTRODUCTION

1.2 Challenges and Questions

This work focuses on the development of multi-decade broadband PAs with high linearity and low-noise
performance for the application in measurement instruments. GaN technology proves to be a promising candi-
date for the implementation of high power and high frequency PAs, featuring high linearity and low noise at the
same time. In order to further boost linearity and minimize noise, suitable concepts for the linearization and
noise reduction of two well-known broadband amplifier topologies will be examined. These two are the feed-
back PA (FBPA) on the one hand and the distributed or traveling-wave PA (DPA/TWA) on the other.

Throughout the course of this work the following questions will be answered:

®  What are typical specifications for power amplifiers in broadband measurement instruments?
e What kind of noise models are suited for the description of thermal noise in GaN HEMTs?

e [s there a difference between small-signal, noise and power matching?

e How does the power matching of each stage in a TWA look like?

e  What are the noise sources in TWAs and to which extent do they contribute to the overall output
noise?

e By means of which measures and concepts can low frequency noise be effectively reduced in
TWASs?

e  Which intrinsic elements of the HEMT are the dominant contributors to nonlinearity?
e How can linearity be “tweaked” by adjusting the bias point of the PA?

e  What kind of on-chip linearization concepts are suited for broadband PAs and what are the trade-
offs?

e s a truly-differential topology with respect to linearity, noise and output power superior toward a
pseudo-differential topology?

e  Are phase, amplitude and process imbalances more critical for the pseudo- or truly-differential pair?

e How critical is common-mode stability for the design of truly-differential pairs based on GaN tech-
nology?

1.3 “State-of-the-Art” Broadband GaN PAs

Among the increasing number of publications on GaN PAs in the last decade there are only a few which de-
serve to be entitled “broadband PA designs”. Since most of the publications are mainly driven by the communi-
cation standards UMTS or LTE nowadays and therefore focus on concepts and techniques for increasing effi-
ciency in S/C-band by using digital predistortion (DPD) as e.g. in [3, 4, 5], envelope tracking (ET) as e.g. in [6,
7, 8] or more recently outphasing (OP) as e.g. in [9, 10, 11], none of these approaches can be efficiently imple-
mented over more than a single octave. For real “broadband” designs up to multiple octaves only two well-
known and almost “ancient” PA topologies exist. This is on the one hand the feedback power amplifier (FBPA)
and on the other hand the traveling-wave amplifier (TWA or DPA). These two concepts will be explained in

more detail in Chapter 3.
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Table 1-2: “State-of-the-Art” GaN FBPAs

L f P P G AGp | 0IP3  NF | Area
Ref. G Topolo sat 1dB P P
/um POIORY /GHz | /dBm | /dBm | /dB | /dB | /dBm  /dB | /mm?
[12] 025  CC-FBPA 1020  >39  >385 >190 05 >50 | 2530 2.1
[13] 035  CS-FBPA 0.1-40  >325 - >135 | %05 - - -
(4] 02 CS-FBPA 0280 >34 | >33 | 819 55 >43 | <12 29
[15] = 02 DS-FBPA 1-25 - 175 >10 | 1.5  >285 3545 145
This 1 s CS-FBPA 001-60  >36 >33 >9 0.5 | >42 | 3550 435
Work
This | o5 | TD.CS-FBPA | 0.01-60  >35 | >33 | >10 | 205  >45 | 4560 8.15
Work
Table 1-3: “State-of-the-Art” GaN TWAs
L f P P G AGy | 0IP3 | NF | Area
R f G T 1 sat 1dB P P
] um OPOIogY /GHz | /dBm | /dBm | /dB | /dB | /dBm | /dB | /mm?
[16] - DG-UDPA 2-32 30 - > 12 +1.0 - - -
7] 025 Bal-NDPA 6-18 > 41 - >90 | #10 - - 18.7
8] 02 DS-DG- UDPA 218 | 526 | - >185 %20 - - 8
1o | oz Casc.- UDPA 0224 | 30 | >25 >105 30 >36 <8 | 48
' CC-Casc.- UDPA 02-20 | >29 | 26 105 %15 >36 <16 @ 48
Bal.-
[20] 0.2 NDPA 1-6 > 43 - > 8.5 *1.5 - - 47.4
[21] 0.2 Bal.-NDPA 2-18 >41 - > 10 +2.0 - - 38.25
This
0.25 CS-UDPA 001-15 | 537 | >33 | >105  +05 40 <7 | 125
Work
This
0.25 CS-NDPA 0.2-20 > 36 > 32 > 8.0 +1.0 > 40 - 8.3
Work
\’;t)li‘sk 0.25 CS-UDPA with AT 0.01-6.5 >34 > 29 >15.0 +1 > 42 <55 12.5

Table 1-2 and Table 1-3 shall give an overview of existing state-of-the-art FBPA- and TWA-designs in GaN
technology. Both tables show a benchmark of competitive exisiting GaN PA designs in comparison with the
designs developed within this work. At first glance it can be recognized that the number of references is very
limited, because only a few publications exist which exhibit comparable wide-band performance. With respect
to the large number of parameters of interest, such as power, linearity and noise, it is very difficult to classify
the achievements of this work in a straightforward manner. Due to the fact that not all parameters are presented
in the given reference designs, it is furthermore not possible to come up with a meaningful FoM, which com-
bines all performance parameters of interest, such as matching, output power, linearity and noise. The latter as-
pect impedes thus to end up with a definite classification of the designed PAs within this work.
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14 Thesis Synopsis

This thesis is structured into five different main parts, which discuss the following topics:

Chapter 2 gives basic background about gallium nitride (GaN) from a purely technological perspective. Af-
ter a short review of the physical properties of GaN, the process stack and the epitaxial structure of AlGaN/GaN
HEMTs on s.i. SiC substrate will be presented. Additionally, typical process parameters of the utilized GaN25
(0.25um AlGaN/GaN on s.i. SiC) technology from Fraunhofer IAF will be shortly presented.

Chapter 3 deals with broadband amplifiers in general, wherein the focus is set on two widely applied con-
cepts, namely feedback amplification and distributed amplification. After starting with a general review of am-
plifier classes, small-signal as well as large-signal matching schemes of the feedback power amplifier (FBPA)
and traveling-wave amplifier/distributed power amplifer (TWA/DPA) are discussed from a theoretical point of
view. The subsequent sections 3.3.2 and 3.4.3 present furthermore a detailed analysis of the noise characteristics
of the FBPA and TWA, underpinned by the design of a DC-6 GHz FBPA and DC-15/20 GHz TWA in 0.25pm
GaN technology.

Chapter 4 covers the topic of linearity in more detail. At the beginning, a short summary of important
FoMs describing linearity is presented in order to introduce the most important indicators for linearity, before
talking about on-chip linearization concepts in detail in the following subsections. In the main part of chapter 4,
broadband on-chip linearization concepts are presented and analyzed for their applicability to FBPAs and
TWAs. Based on the presented examinations of the broadband linearization concepts, the two most promising
concepts were implemented in 0.25um GaN technology for the first time. This is on the one hand the design of a
truly-differential DC-6 GHz FBPA (TD-FBPA) and on the other hand the design of a linear low-noise TWA
(IANTWA) applying a distributed diode predistortion concept.

Chapter 5 succeeds the analytically derived noise dependencies in chapter 3 and transfers the gained
knowledge to appropriate noise reduction schemes, applicable to FBPAs and TWAs. Since the latter topology
reveals to exhibit a higher degree of low frequency noise optimization than the former one, several active cold
load (ACL) concepts are reviewed and analytically analyzed. Afterwards, two distinct approaches for the reduc-
tion of low frequency gate-termination noise in TWAs are presented. One of these concepts, namely the blue-
noise active termination (BNAT) concept, proved to be the most promising approach in terms of the targeted
electrical performance and was thus implemented for verification purposes in the L2ZNTWA design from chap-
ter 4 in GaN technology for the first time.

Chapter 6 addresses the stability of truly-differential PAs in GaN technology and analyses the trade-offs
and pitfalls by means of the in chapter 4 presented DC-6GHz TD-FBPA design. Not only the differential-mode
stability but rather the common-mode stability proves to be the critical design parameter for the design of GaN
TD-PAs under a 50 () environment. Moreover, possible stabilization measures are analyzed and verified by the
designed TD-FBPAs.
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CHAPTER 2

GAN TECHNOLOGY AND MODELING

The following section serves to give some basic background about technological parameters and properties
of GaN technology. In the first part the reason for using aluminium gallium nitride/gallium nitride (Al-
GaN/GaN) on semi-insulating silicon carbide (s.i. SiC) substrate is disclosed and the advantages over other sub-
strates are pointed out. In the second part of this chapter a discussion of how to accurately model the electrical
characteristics of HEMTs in this technology follows. Emphasis is put on semi-empirical models, which are half
physical and half analytical and therefore are well suited for the efficient implementation in nowadays design
software tools such as ADS or AWR. Before starting to concentrate on broadband amplifier concepts in chap-
ter 3 it is thus meaningful to understand the prospects and problems of GaN technology and its models in order
to better grasp and assess arising difficulties within a typical MMIC design process.

2.1 GaN Technology

2.1.1 AlGaN/GaN on SiC

Over the last 15 years, gallium nitride (GaN) on semi-insulating silicon carbide (s.i. SiC) evolved to a ma-
ture and reliable III-V semiconductor technology for high power microwave applications. Due to the non-
availability of single crystalline GaN substrate in this time, first GaN films were deposited on sapphire sub-
strates. After the first demonstration of single crystalline growth of gallium nitride on sapphire substrates by
hybride vapor-phase epitaxy (HVPE) by H. P. Maruska and J.J. Tietjen in 1969 [22] at RCA Labratories, it
should take another 24 years until the first high performance blue light-emitting diode (LED) was processed in
1993 [23]. At that very same year, the first single crystalline GaN metal semiconductor field-effect transistor
(MESFET) was also grown on sapphire by metal-organic chemical vapor deposition (MOCVD). Another seven
years later in 2000, after first successful reports of growing s.i. SiC with larger diameters [24], Cree Inc. turned

out to be the first larger company seeing the high potential of GaN technology for high power applications in
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microwave electronics. In 2005, they were also the first company, which introduced discrete AlGaN/GaN
HEMTs on s.i. SiC for commercial applications. Cree Inc. together with a high number of other companies,
such as Qorvo, ADI, UMS, Ommic etc., facilitated over the last 10 years that GaN on s.i. SiC became the num-
ber one III-V technology for high frequency and high power commercial applications, gradually replacing galli-
um arsenide (GaAs) technology.

One big drawback of GaN is the instability of the chemical bond between gallium and nitride, which im-
pedes the growth of ingots with larger diameters than up to 3-inch today [25]. A different compound as substi-
tute substrate with similar physical properties as GaN is hence required in order to grow a thin epitaxial GaN
layer onto the substrate. The larger the lattice mismatch between the two materials, the higher the number of
defects in the transistion region. The result are lattice defects and thus deep traps for the electrical charges with-
in this region, which deteriorate the electrical performance of the HEMTs and thus need to be eliminated. Typi-
cal substrate materials for GaN are Si, Sapphire (Al,0;) and SiC [26]. Pure Si possesses a lattice constant (a,)
of 0.542 nm, as Fig. 2-1 reveals, but when growing GaN on the the 111-plane of Si, the lattice constant is
around ay = 0.384 nm, giving only a 16.9 % mismatch. Despite of its large lattice mismatch, the use of Si
wafers is desirable in terms of cost efficiency due to the commercial availability of large wafer diameters.
Furthermore, the high quality and thus low number of defects opposed to other seminconductors makes Si a
very promising candidate. One disadvantage is the difference in the coefficient of thermal expansion (CTE)
compared to GaN, which can lead to enormous lattice strain and wafer bowing during the epitaxial growth. A
slightly better matched material is sapphire (Al,O;) with only 14.8 % of mismatch, but which comes with the
downside of a very low thermal conductivity of only kg4, = 42 W/(mK) opposed to Si with kg; = 150 W/(mK),
which is even slightly better than the thermal conductivity of GaN bulk material with k;,y = 130 W/(mK). In
order to cope with large power densities it is therefore necessary to thin the sapphire wafers down to a minimum
thickness, which in turn brings up issues such as mismatched induced stress and wafer bowing during the
processing. SiC in contrast combines both advantages, exhibiting superior characteristics in terms of lattice
mismatch and thermal conductivity with Aay = 3.3 % and kg;c = 330 W/(mK). The high thermal conductivity
of SiC is owed to the hardness of the material, which comes close to diamond and thus makes the dicing of the
chips very time-consuming and expensive for the manufacturer. This handling issue is one of the main cost
factors and makes SiC one of the most expensive substrate material nowadays.
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2.1.2 HEMT Technology

Fig. 2-2 sketches the layer stack of a typical AlGaN/GaN on s.i. SiC process. The channel of the HEMT is
formed by the two-dimensional electron gas (2DEG), which results from the triangular shaped quantum-well
formed by the Al,Ga; 4N and GaN heterostructure. Opposed to other III-V semiconductor technologies, no dop-
ing is necessary to generate the quantum-well, since the inherent piezoelectric and spontaneous polarization to-
gether with the bangap between the AlGaN donor layer and the GaN buffer layer causes already the generation
of free electrons in the 2DEG [27]. Typical sheet densities of around 10" cm?2 in the 2DEG allow for maximum
channel currents of larger than 800 mA/mm [28]. The Hall mobility of the electrons in the channel is larger than
2000 cm?/Vs, which is indeed much lower than e.g. in GaAs with 8500 cm?/Vs, but combined with the high
electrical critical fields of larger than 10 MV/cm, peak saturation velocities of 2:10” cm/s can be achieved. This
enables to manufacture HEMTs with high transit frequencies according to the relationship [29]

VUsat
fr=

=1 @2.1)

where [;; is the effective gate length of the channel and v, the saturated electron velocity.
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Fig. 2-2: Cross-section of a AlGaN/GaN HEMT on SiC

To reduce the number of defects and therewith traps close to the channel, it is crucial to grow high-quality,
low defect-density layers on top of each other. Due to the inherent lattice mismatch between 4H-SiC and GaN, a
strain relief layer or nucleation layer (AIN) needs to be deposited before growing the GaN buffer onto the SiC
substrate. To further minimize the number of defects present in the channel, the GaN buffer layer needs to have
a thickness of roughly 1-2 um. The channel of the HEMT is formed by the heterostructure Al,Ga, N/GaN.
Thereby, the electrons for the 2DEG are mainly provided by the barrier layer, which hop into the conduction
band due to the piezo-electric and spontaneous polarization at the interface [27]. The doped GaN cap layer of
only a few nanometer thickness is introduced to improve the contact formation at the semiconductor passivation
interface. Dependent on the amount of doping, dispersive effects evoked by traps, gate-leakage currents or the
source access resistance can be controlled. A thin passivation layer (SiN) on top additionally helps to reduce
parasitic gate-leakage effects and greatly reduces aging effects and thus enhances the reliability of the chips.
Another delicate matter in terms of reliability is the exact material composition of the gate-metal at its semicon-
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ductor interface. Effects such as gate-sinking into the semiconductor or micro-cracking can be minimized by
selecting proper alloys, mainly composed of Pd, Ti, Ni and Au. At its gate terminal, the metal contact to the
GaN cap-layer forms the Schottky diode, which exhibits a turn-on voltage of usually around 1 V for depletion
mode (D-mode) devices. Exceeding this voltage leads to electron flooding of the channel via the gate, which can
be thermally destructive under static condition for the HEMT.

2.1.3 IAF GaN25 Technology

For the realization of broadband power amplifier MMICs with high output power, high linearity and low-
noise performance in the frequency range from DC — 20 GHz, the GaN25 technology from the Fraunhofer Insti-
tute of Applied Physics (IAF) is utilized within this work. As already suggested by the name, the active devices
of the process are GaN HEMTs with gate lengths of L;= 0.25um. The AIGaN/GaN semiconductor is stacked on
4-inch semi-insulating 4H-SiC substrates with 100um of thickness. Metal-organic chemical vapor deposition
(MOCVD) is applied to grow the active AlGaN/GaN heterostructure epitaxy. High electron mobility transistors
(HEMT) with gate lengths (Lg) of 250 nm and asymmetric gate-source/gate-drain spacings form the active de-
vice basis. These devices include field-plates to realize breakdown voltages in excess of 80 V with a peak trans-
conductance (gy;) of 330 mS/mm at a class AB bias of Ipg = 100 mA/mm and Vpg = 28 V [30]. As the
MSG/MAG-curves of a 8X125um ISV-HEMT in Fig. 2-3 demonstrate, the peak transit frequency is located at

around f7 = 30 GHz and the maximum frequency of oscillation at around f, 4, = 50 GHz.
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Fig. 2-3: MSG/MAG vs. f

The passive part of the GaN MMIC process comprises two kinds of interconnects, one thin gold microstrip
line (MSL) defined by a lift-off process and one thick gold MSL formed by galvanic plating. The latter is also
used to implement cross-overs in the form of low capacitance air-bridges. NiCr thin-film resistors (TFR) with
50 Q/sqr sheet resistance, GaN epi-resistors with 490 €)/sqr and metal-insulator-metal (MIM) capacitors with a
capacitance density of 300 pF/mm? complete the passive MMIC process. In terms of losses, the s.i. SiC sub-
strate with a tan(8s;c) of roughly 2:10 has slightly lower attenuation than GaAs substrates with a tan(8gqas)
of around 4-10™*...6:10™*. Moreover, based on the lower &, of 9.7 of GaN on s.i. SiC compared to the 12.9 of
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GaAs substrates, the dominant metal losses of the former gold lines are also slightly lower than the latter ones
for the same characteristic line impedance and max. current density of the MSLs. Therefore, the losses are even
slightly lower for GaN on s.i. SiC with ~ 0.44 dB/cm than for GaAs MMICs with ~ 0.54 dB/cm, considering a
typical 50 Q MSL at 20 GHz on a substrate with a thickness of h = 100um.

It can be summarized that based on the HEMT s excellent high frequency device characteristic, which re-
sults from the high mobility and saturation velocity of the electrons in the two-dimensional electron gas
(2DEGQ), this process is a promising candidate for the implementation of multi-decade PAs for the application in
T&M instruments. The Typical DC- and RF-characteristics of the Fraunhofer IAF GaN25 process are once
again summarized in Table 2-1 below.

Table 2-1: Typical characteristics of the IAF GaN25 process with an Alj,5GaNj ;5/GaN heterostructure

Legmm | Vip/V | Ipmax/mA/mm | Vgp/V | gmmaexmS/mm | fr/GHz | f,4,/GHz

250 -3 800 >80 330 30 50
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2.2 Modeling of GaN HEMTs

The following sections shall give some basic background information on the topic of HEMT modeling. In
general it can be differentiated between two different model types, one is the small-signal model, where the
characteristics of the HEMT are described for small input drive signals and the other is the large-signal model,
where the nonlinear properties of the HEMT under large-signal operation are incorporated. A further distinction
can be made between models describing the signal or noise properties of the HEMT. Both in turn exist for the
small-signal as well as large-signal case.

2.2.1 Small-Signal Modeling

A typical small-signal model of a HEMT containing extrinsic contact and intrinsic device elements is shown
in Fig. 2-4. The outside lying extrinsics model the parasitic shell of the HEMT, which is only dependent on the
device geometry, as e.g. on the number of fingers (NGF) and unity gate-width (UGW), but not on the bias-point.
The intrinsic parameters in contrast are bias dependent and thus have to be determined for each operational bias-
point separately.

Cpgd
| |
- . . I I
__ntrinsic _ ___ __________ .
|
L¢ Rc | Cep  Rep : Rp Lp
@A | :’\/\/\/—W\——O@
: Ces Vs |
: gmo'e'f“’T'Vas@ Rps < == Cns:
|
| : Res |
|
Cpgg p— I_ ____________________ [ p— deg
Rs
Ls
[}

Fig. 2-4: HEMT equivalent small-signal model with extrinsic parasitic shell

The intrinsic resistive and reactive HEMT elements can be calculated by means of the Y-parameters of the
intrinsic two-port. Equations (2.2) to (2.9) give the relations between Y-parameters and corresponding intrinsic

small-signal parameters (red dashed box).

1
R.c =R {—} 2.2
as ¢ Yipn + Y, (2:2)
_ -1
Yii + Y1z
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-1
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In order to create a bias-dependent small-signal model, several S-parameters measurements at different bias
points for the targeted device size are necessary to build a look-up table or fitting function of the intrinsic pa-
rameters. If the model should be also scalable, the whole procedure has to be conducted over the entire range of
device sizes. Each set of measured S-parameters has to be de-embedded first to adjust the reference planes be-
fore starting with the small-signal extraction procedure. After removing the influences of the MSL and RF-pads
at the input and output of the HEMT, it is crucial to exactly determine the extrinsic parasitics of the device in
order to find the right values of the intrinsic elements. The frequency response of the intrinsic parameters, which
should be ideally constant and show now frequency dependency, reveals if the extrinsic elements are properly
modelled. There are in general two different approaches to identify the extrinsic element values. The first is a
bottom-up approach, which is known as cold-FET method [31] and the second one is a generic top-down ap-

proach, further referred to as intrinsic parameter flattening.

Cold-Fet Method: The HEMT is operated at Vg = 0 V with its gate control voltage under either pinch-off

(Vgs < Vip) or forward bias condition (Vgg 2 1 V). One condition is usually enough to extract the parasitic ele-

ments, but the measurement of both conditions gives a more accurate estimate for the starting values in the op-
timization routine by establishing an upper and lower bound. First of all, the parasitic capacitances Cp, are de-
termined from low frequency S-parameter measurements and stripped-off after conversion into Y-parameters.
After deembedding of the capacitance shell, the Z-parameters of the remaining device are computed from
broadband frequency S-parameter measurements. The Z-parameters comprise now only the resistive and induc-
tive parasitics. By multiplication of the Z-parameters with w, the parasitic inductances Lg, Lp and Lg can be read
out of the slopes from the plots of w - Im{Z;; — Z,}, w - Im{Z,, — Z;,} and w - Im{Z,,} versus w?. Likewise
by multiplication of the Z-parameters with w? and plotting of w? - Re{Z;,}, w? - Re{Z,,} and w? - Re{Z;,} ver-
sus w? gives the parasitic resistances (Rg + Rs), (Rp + Rs) and Rg, which can be consecutively computed by
linear regression. An erroneous extraction of the reactive elements in the foregoing steps will result in a nonlin-
ear dependency of the parasitic resistances in the plots and can be used as a control mechanism for proper
deembedding.
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Fig. 2-5: Extracted intrinsic HEMT model parameters of an 8X50um HEMT in the frequency range from 2 GHz to 26.5 GHz
at Vpg =28 V and Ipg = 200 mA/mm

Intrinsic Parameter Flattening: In the intrinsic parameter flattening approach in contrast, all extrinsic el-

ements are iteratively optimized or tuned in the intrinsic parameter extraction procedure until a flat frequency
response of the instrinisc elements is obtained. The advantage of this method lies in the reduced measurement
complexity, because no cold-FET measurements are required anymore. Though, the disadvantage of this meth-
od is founded in the higher degree of freedom for the extrinsic parameters, especially for the resistive elements,
since they feature no frequency dependence. Thus it should be noted that this method does not necessarily give
the most realistic/physical model, since some parameters, e.g. R and Rgg, can be traded off for each other. This
basic method can be above all also applied to the cold-FET method after computation of the starting values.

Fig. 2-5 shows the extracted small-signal parameters over frequency for a 8X50um GaN HEMT
Wz =0.4 mm) at Vpg = 28 V and Ipg = 200 mA/mm, after de-embedding of the MSL-feeding structures and
RF-pads. Clearly visible is the remaining frequency dependence of the intrinsic device parameters, which is
caused by the non-perfect deembedding of the measured S-parameters. Based on measurement inaccuracies and
on the applied topology of the model, it is in general not possible to obtain a real constant value over frequency.
Especially the resistive elements Rgg, Rgp and Rpg show a strong frequency dependence, making it often diffi-
cult to uniquely identify them. Since the extraction procedure applied is based on Y-parameters (see (2.2)-(2.9)),
it is meaningful to determine the resistive parallel elements (Rpg) at low frequencies and the resistive series el-
ements (Rgg, Rgp) at high frequencies, because they are masked at low frequencies by their series capacitances
Cgs and Cgp. The capacitances Cgg, Cgp and Cpg as well as the transconductance g,,, are extracted at low fre-
quencies in order to minimize the impact of the extrinsic reactive elements on the correct capacitance values.
The influence of the transit time 7 of the charge carriers in the channel increases with frequency, which leads to

an increasing phase shift between gate- and drain in the HEMT. Therefore, it is meaningful to extract T at higher
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frequencies. The red dashed lines in Fig. 2-5 mark the extracted parameter values (Table 2-2) under the just
mentioned considerations, which are taken to create the small-signal model.

Table 2-2: Final intrinsic HEMT parameters of a 8X50um GaN HEMT at Ipg = 200 mA/mm and Vpg =28 V

RGS /Q CGS /pF RGD /Q CGD / fF RDS /1 Q CDS / fF Imo / mS T/ ps
2.1 0.84 105 37 500 157 134 3

The corresponding extrinsic elements of the 8X50um HEMT have been determined simply by intrinsic pa-
rameter flattening (method 2), because for the creation of a small-signal noise model in chapter 2.2.3 it is suffi-
cient to generate a simple model rather than a realistic/physical one. For the curves depicted in Fig. 2-5 the fol-
lowing extrinsic values in Table 2-3 have been found. Rg has been deliberately set to zero for better noise mod-
eling later on and the existing physical value of the gate-contact resistace has been shifted into Rgg, which is a
valid modeling assumption based on the much smaller Cgp compared to Cgg in GaN.

Table 2-3: Extrinsic HEMT parameters of a 8X50um GaN HEMT at Ipg = 200 mA/mm and Vpg =28 V

0 1.2 0.8 10 15 15

The results of the model are compared to the de-embedded measurements in Fig. 2-6 in the frequency range
from 2 GHz to 26.5 GHz. A good match between all four S-parameters over the full measurement bandwidth is
achieved, proving that the model reflects the HEMT characteristics in reasonable approximation.
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Fig. 2-6: Measured and modeled (a) S11, 15- S1, and S, and (b) S,4 vs. frequency of a de-embedded 8X50um HEMT
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2.2.2 Large-Signal Modeling

Accurate electro-thermal large-signal HEMT models form the base for efficient and cost optimized PA de-
signs by means of CAD tools. In order to minimize the time-to-market of PA products, which plays a critical
role especially in the communications sector nowadays, the large-signal model needs to predict power and line-
arity precisely to avoid lengthy and therewith costly try-and-error hardware iteration cycles. To shorten the de-
sign time, large-signal models need to feature short simulation times and good convergence properties on simu-
lation level, besides the general prerequisite of high accuracy and scalability. Since the focus of this work is
primarily set on linearization and noise reduction concepts, only a short side note on the huge realm of large-
signal modeling will be given in this section. Among the large variety of existing large-signal models, three

general model groups can be identified, as depicted in Fig. 2-7.

.
Large-Signal ’

HEMT Models
| | Il 1
R Y —
Physical Behavioral/Black- Erierirrliléal
Models Box Models P
Models

Fig. 2-7: Large-signal modeling classes

The first large-signal model group contains all different kind of physical based models, in which the large-
signal transfer characteristic is mainly described by drift-diffusion equations or hydrodynamic modeling ap-
proaches of the electrons in the 2DEG, as e.g. published in [32, 33, 34]. The second group contains all kind of
behavioral models, where the HEMT is considered as a simple two- or three-port black-box. Only the input-
output characteristic is described by either purely analytical mathematical functions (e.g. Hammerstein model
[35], Volterra-series [36, 37, 38, 39, 40, 41] or artificial neural network (ANN) approaches [42, 43, 44, 45]) or
by measurement based look-up tables. In the third group, all kind of semi-empirical models are embodied.

This is the most widespread and common approach applied in the III-V semiconductor community. Typical
semi-empirical models for GaN are the Angelov-Chalmers model [46, 47, 48, 49] and the EEHEMT model [50],
followed by several further additional modifications. The state-space voltage-lag model in contrast is not as
popular as the two mentioned ones, but it is capable of describing low-frequency dispersion and thermal
memory effects and their resulting effect on the nonlinearity of the HEMT precisely by means of internal state
variables, such as the intrinsic channel current and the gate-source and gate-drain space charges. The corre-
sponding state quantities are the external control voltages Vg and Vpg. All of the internal parameters of this
model are extracted from DC and pulsed small-signal S-parameter measurements. Fig. 2-8 depicts the large-
signal dependence of the intrinsic HEMT parameters for an 8x125um GaN device, derived from the two-
dimensional state-space voltage-lag model. All PAs designed within this work are based on this model, which is
impelemented in the PDK of the GaN25 process from the Fraunhofer IAF. A more detailed description about
the model can be found in [51]. One big advantage of all semi-empirical models is the connection between part-
ly physical description of the HEMT and purely mathematical fitting functions. Based on this mixture, the bene-
fit of these models is founded in their scalability and accuracy over relatively wide parameter spaces. Neverthe-
less, the accuracy of all presented models depends strongly on the correctness and accuracy of the underlying
measurements, which might often be a major obstacle on the way to generate accurate large-signal models.
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Fig. 2-8: Intrinsic HEMT parameters dependent on Vg and Vpg according to the IAF nonlinear state-space voltage-lag model for a
8x125um GaN HEMT
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2.2.3 Noise Modeling

Various noise models have been developed in the past decades to describe the noise in FETs, mainly in
MESFETs and HEMTs. The following section shall provide a short historical overview over the endeavors un-
dertaken in noise modeling. All started in the early 1960s with A. van der Ziel, who developed a noise model for
JFETs in 1963 [52] and 1964 [53]. With the advent of new upcoming transistor technologies with shorter gate-
lengths van der Ziel’s noise model has been adapted by W. Baechthold et al., who were the first taking short
channel effects, such as e.g. hot carrier effects, into account and modified van der Ziel s model correspondingly
in [54] for GaAs MESFETs in 1971. Four years later R. Pucel et al. additionally included the noise contribution
from the extrinisic transistor parameters R; and Rg of a MESFET in their model [55] in order to obtain higher
accuracy and better noise prediction. In 1979, H. Fukui further simplified Pucel’s semi-empirical noise model
by introducing a numerical fitting constant K¢, which takes the bias independent noise of R; and Rg into ac-
count [56]. This is equivalent to the limiting case of full correlation between input and output noise (C = 1)
and/or the negligence of induced-gate noise (R = 0) of Pucel’s noise model. Pospiezalski was the first who fol-
lowed the approach of modeling noise by the equivalent temperatures T; and T at the gate and drain side of the
transistor rather than by equivalent input and output noise currents or voltages, as all other models before. This
led to a simpler mathematical description, where only two noise temperatures are necessary. Furthermore, a cor-
relation coefficient between the gate- and drain-side noise is not present within this noise model anymore, which
reduces the complexity of the noise measurement [57]. Today, among all these mentioned noise models the
Pucel and Pospieszalski model are the most prominent for small-signal noise modeling, because of their effec-
tive way of describing small-signal noise within a MESFET or HEMT analytically. Nevertheless, there is lim-
ited accuracy of the models, which will be pointed out by a direct comparison of these two models. The next
few pages are thus dedicated to give some more insight into the basics and differences of these two models. In a
final step, noise measurements of an 8X50um GaN HEMT are used to extract the noise temperatures Tg and Tp
of Pospieszalski’s model as well as the fitting constants PRC of Pucel’s model. The result serves to establish a
small-signal noise model based on Pucel, which is applicable to the IAF large-signal model and thus enables to
make a noise prediction for the DC-15 GHz TWA design presented later in chapter 3.4.5.

Van der Ziel’s / Pucel's Noise Model

As the equivalent noisy small-signal circuit in Fig. 2-9 below sketches, Pucel modelled the noise of a FET
by two correlated noise current sources at the input and output rather than by equivalent noise temperatures as
Pospieszalski. Under the simplified assumption that the feedback is negligible (Cqp = O F), the equivalent in-
put- and output noise currents and their correlation can be described by the following equations.

C 2
(ing’) = 4kBT0MR (2.10)
m
(ing®) = 4kpTogmP 2.11)

(ing ina) =c" /(in,g2><in,d2) (2.12)
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Fig. 2-9: Schematic of Pucel’s small-signal noise model

R and P in (2.10)-(2.12) are bias dependent fitting factors and ¢ describes the complex correlation between
the induced gate- and drain-noise. Usually the correlation coefficient ¢ is almost purely imaginary for HEMTs,
when 7 in the model is negligibly small, with a magnitude in the range of j -0.7...0.9 [58, 59]. Care has to be
taken about the sign of ¢, since this depends on the direction and complex conjugate of the noise current sources
in Fig. 2-9 to each other. The following Table 2-4 gives an overview over the eight possible combinations and
their corresponding correlation coefficients ¢, which has been presented by E. Séckinger in [60]. Table 2-4 is a
very useful look-up table for the calculation of Pucel s noise models, because it reduces confusion between the

sign of the correlation coefficient c.

Table 2-4: Coherency between direction of noise current generators and noise correlation coefficient

Direction of i, g | Direction of i, , | Correlation Coefficient ¢ | sgn(I m{g })
\) U .
—C
) ™ -
v 1 *
C
™ -
U )
—C
™ T -
\) ™ . i
4
T U -

Recently in [61] Rudolph et al. extended Pucel’s small-signal noise model to the large-signal domain. The
advantage of Pucel’s large-signal noise model lies in the compatibility with all different kinds of semi-empirical
large-signal models, where in general Cgg and Ipg are modelled by bias dependent fitting functions (see e.g.
Chalmers-Angelov model [62, 47, 49]). So, making (2.10)-(2.11) bias dependent is problematic in terms of the
transconductance g,,, which itself is already the 1* derivative of Ipg vs. Vg and thus more prone to variations.
This problem can be skirted by reformulating (2.10)-(2.11) to

wWCpc)?
(ing?) = 4qﬂR’ (2.13)
IDS
(inp?) = 2qlpsP’ (2.14)
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As can be seen from equations (2.13) and (2.14), the equivalent gate- and drain noise current spectral densi-
ties (NCSD) are now dependent on Cgg and Ipg only, which are already given from the large-signal model. The

parameters R and P in contrast change to the fitting functions

I I
R’ = NP, — NP, - tanh (E) : (1 +£) (2.15)
a B
1 Vbs 3
pl=2.] 2 (2.16)
, oS + 5 ‘DS

with a, B, y, 6 and NP;, NP, being fitting constants. The correlation coefficient ¢ for the large-signal noise
model can be still assumed to be purely imaginary, constant at around 0.8 and frequency independent. It has to
be noticed that expressing the large-signal noise by an equivalent shot-noise model, similar to the large-signal
Pospieszalski noise model in (2.21), does not change the physical cause for the noise but is only a more conven-
ient mathematical way of describing the bias dependence of white thermal noise.

Pospieszalski's Noise Model

One of the most simple and straightforward small-signal noise models was invented by Pospiezalski [63] in
1989. Therein, Pospieszalski described the noise of a HEMT not directly by its input and output referred noise
current sources as Pucel, but rather by its noise power spectral densities (NSD) of the intrinsic resistances Rgg

and Rpg. Fig. 2-10 depicts the Pospieszalski model with its two uncorrelated noise temperatures.
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Fig. 2-10: Schematic of Pospieszalski’s small-signal noise model (a) with equivalent noise temperatures and (b) equivalent noise voltage
sources

Expressing the noise-voltage spectral densities (NVSD) in terms of their equivalent noise temperatures Tg
and Tp gives

(vn,Rgsz) = 4‘kBTGRGS 2.17)

(vn,Rdsz) = 4kpTpRps. (2.18)
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Pospiezalski’s noise model was later extended to the large-signal domain by L. Klapproth et al. in 1997
[64]. Therein, L. Klapproth et al. replaced the constant temperatures T and Tp by the bias dependent expres-

sions
Te(Ves, Vps) = k- (Vps —AD)? + ¢ (2.19)
Tp(Vgs, Vps) = (v + 8Vps) - tanh(a - (Vps — f)?) + &, (2.20)

with « ... ¢ being fitting parameters dependent on Vgs.

Recently in 2014 another approach was taken by M. Rudolph et al. in [65]. In their approach the necessity
of an accurate and exact large-signal gps-model, which is difficult to establish based on the large uncertainty of
Rpg or gps in the model extraction procedure, was mitigated. Instead of finding a large-signal description for
the equivalent noise temperature Tp(Vgs, Vps) for Rps, as done by L. Klapproth er al., M. Rudolph et al. ex-
pressed the channel noise via the existing Ipg bias dependence, using the following shot-noise expression in
(2.21) instead of the thermal noise representation for white noise.

(inp°) = 2qlpsXp, 22D

The variable g in (2.21) stands for the electron charge and X' for the bias dependent fitting function

Xp' = NP, — NP, - (tanh(NP; - Ips) + tanh(NP, - Ips)) (2.22)

with the fitting constants NP; ... NP,.

Integration of L. Klapproth’s or M. Rudolph’s large-signal noise model into the existing empirical large-
signal model from the IAF is due to the non-existence of any lumped Rgg or Rpg in the state-space model not
possible. Since this model is purely based on mathematical descriptions of the intrinsic HEMT, no direct access
to Rgs and Rpg is given within the equations. Hence, only Pucel s noise model using equivalent input and out-
put noise current sources can be taken for the IAF large-signal model.

Comparison of Pospiezalski’s and Pucel’s Noise Model

In order to obtain comparable expressions for Pospieszalski and Pucel the former model can be converted to
the latter one by calculating the equivalent input and output short-circuited noise currents from Fig. 2-11. It is
worth noting that any parallel feedback in Fig. 2-11 can be taken into account for the computation of the equiva-
lent input and output noise currents I, g and i, p in (2.23)-(2.25) without introducing errors. In doing so, the
following expressions (2.23) - (2.25) can be determined under the prerequisite of the Pospieszalski model as-

sumption that v, g and vy, pqs are uncorrelated.

23



CHAPTER 2 - GAN TECHNOLOGY AND MODELING

in,out
Cas lVGS
Hy R A
Y v 6 DS S
UMiinG Res gmves Ui inp

17 Y

l Vn,rgs l Vn,rds
©

Fig. 2-11: Schematic of Pospieszalski’s small-signal noise model with corresponding noise voltage sources for the calculation of the
equivalent input and output short circuit noise currents of Pucel s equivalent noise model

, 2
.2 JwCgs | (2.23)
= 4kgTRgs |———
(Ln,G ) BL1GIGS 1+ jwCesRes
T, 2
.2 D Im
= 4ky [ — + TR ‘—
(inp") B<RDS+ 6R6s [T 7o CosRes ) (2.24)
e Im " jwCgsRgs
(inGinp) = 4kpTg T+ @CosRag)? (2.25)

It becomes obvious from (2.25) that a purely imaginary correlation between the input and output noise cur-
rent for the Pospiezalski model exists, since the noise voltage vy gy has to be transferred via Cgg to the input

and output. In a further step R, P and C can also be calculated for the Pospieszalski model by setting (2.10)-
(2.12) equal to (2.23)-(2.25). This leads to the equations (2.26) to (2.28).

Rpo, =G ImRes (2.26)
S Ty 1+ (wCgsRgs)?

Ppszk = Rpsz + (2.27)

Te  9gm?RasRps

o = lngip) 1 . [Fe
SPszk — = _
ML P 228
Y620 JHTD.M 2.28)

Likewise for the equivalent noise temperatures of the Pucel model, T pyce; and Tp pyce; Tesult from (2.26)
and (2.27) in

1+ (wCgsRgs)?
TG,Pucel =ToR - (2.29)
ImRas
Tp,pucet = To(P — R)gmRps (2.30)
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The parameter T in (2.26), (2.27) and (2.29), (2.30) is equal to the ambient temperature in Kelvin at 297 K.
From the equations (2.26) to (2.28) it can be derived that the PRC-parameters of the Pospieszalski model have
to be frequency dependent in order to match the constant temperatures Tg and Tp. Vice versa, the gate-side tem-
perature Tg pyce; Of Pucel’s model is also frequency dependent in order to match the PRC-parameters. The
drain-side temperature Tp py,ce; in contrast is constant. This can be verified by the plots in Fig. 2-12, where in (a)
the equivalent PRC-parameters of the Pospieszalski model for T =297 K and Tp = 6014 K are depicted and in
(b) the equivalent noise temperatures of the Pucel model for P = 0.9, R = 0.6 and Im{gpszk} =0.816 are plotted.
The same results have been also obtained by Rudolph et al. in [58]. All of the derived equivalent parameters in
the paper are frequency independent, which is a good approximation for (wCgsRg5)? < 1. For frequencies ap-
proaching fr the voltage-divider term (1 + (wCgsRgs)?) in (2.26) and (2.29) has to be considered in order to
obtain exact results, as can be seen in Fig. 2-12.

1 400 6016
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T TD,PuceI
16015
06F———————— S e ———— 'Y
& I et S £
o T a)
04 [
16014
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Fig. 2-12: Equivalent noise parameters of (a) Pospieszalski’s (Tg = 297 K, Tp = 6014 K) and (b) Pucel’s (P = 0.9, R = 0.6,
Im{g} = 0.816) small-signal noise model from (2.26)-(2.30) for a 8x125um low-noise device

Up to now it has been silently presumed in the recalculation that g,, is only real and exhibits accordingly no
delay ( = 0 s). Expression (2.28) is only valid under this condition and the correlation coefficient cpg,y is pure-
ly imaginary. As soon as any delay is taken into account (7 # 0 s), the recalculated correlation coefficient Cpgy

from the Pospieszalski model possesses an additional real-part, as it is shown in (2.31) below.

{in,GinD)

= G e [
K62 ?) Ferk
_ RPszk . .
= m- (sin(wt) +j - cos(wr))
SZ,

By simply regarding the corrersponding model parameters no additional insight into the different modeling

(2.31)

capabilities of the two noise models is gained. It is more meaningful to take a closer look onto the general four
noise parameters Fip, A(Fsyopt), |I"S‘opt| and R,,. The noise factor F of a transistor is only dependent on the

minimum obtainable noise factor F,,;, and the input matching to the source impedance and can be in general
expressed by [66]
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2
F = + 4Ry |rs,0pt - Fsl (2.32)

min T T 2 .
20 |1+ L ope| (1 = 112

I opt in (2.32) stands for the optimum source reflection coefficient to be synthesized in order to retain

NF,,in. I5 is the source reflection coefficent, Z, the characteristic impedance and R,, gives the noise sensistivity
of the transistor to input impedance mismatches. A small R,, is of advantage, because the transistor is then less
susceptible to any input mismatch, which facilitates the design of low NF's over broad bandwidths. The mini-
mum noise factor Fy,;;, is itself only dependent on R, and the sum of the optimum source conductance (G op¢)

and the equivalent input noise correlation transconductance (G,), as (2.33) shows.
Fpin =1+ ZRn(Gs,opt + Gc)- (2.33)

The computation of Fy,;, for Pospieszalki’s and Pucel’s noise model according to [55] on p. 252 delivers
equations (2.34) to (2.35) below.

Pucel: Fopin=1+"-
2
(IJCGS R
m (2.34)
R (UCGS 2
P m
Tp wCgs R Rps T, wCgs\?  wC,
Pospieszalski: Fpin=1+ 22 G568 ITDS -G ( GS) + 8 (2.35)
To 9gm Rps|yRasTo Im Im

The comparison of (2.34) with (2.35) shows that F,,;, and accordingly all other three noise parameters (not
shown here), have one degree of freedom more in Pucel’s model than in Pospieszalski’s. On the one hand this
makes Pucel’s model more versatile and allows for a higher modeling accuracy. On the other hand, a higher
measurement effort has to be taken in order to determine three instead of only two noise parameters. M. Ru-
dolph et al. have proven in [57] that for the extraction of Pospieszalski’s model parameter a single 50 () meas-
urement is sufficient under the assumption that Tg is at room temperature, whereas for Pucel’s model parame-
ters at least four source-pull measurements are required. As long as the measured noise characteristic of any
technology matches well to the Pospieszalski model, there is no need for taking a more complex model. One
important reason to use Pucel’s model might be the underlying transistor model and its accessability of Rgg and
Rps in the model, as already mentioned for the large-signal noise models in the previous sections. This makes
the integration of Pospieszalski’s noise model into some large-signal models impossible.
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Fig. 2-13: Measured and modelled noise parameters of a 8x50um HEMT at Vpg =28 V and Ipg = 200 mA/mm.

Unfortunately, there is no such small-signal or even large-signal noise model based on Pospieszalski’s or
Pucel’s approach available for the utilized power HEMTs with larger gate-drain spacing in the GaN25 technol-
ogy. In order to obtain a good estimate for the DC-15GHz TWA s noise performance, which will be presented
later in chapter 3.4.5, the Tg, Tp noise temperatures and PRC-parameters have been extracted for a 8X50um
power HEMT at several operational bias points of Vpg =28 V and Ipg = 100...200 mA/mm by using the extrac-
tion method presented in [57]. The extraction procedure is based on correlation matrices, first published by H.
Hillbrand and P. Russer in [67]. The advantage of making use of this method is the freedom in choosing the de-
sired equivalent small-signal HEMT model, including extrinsic parasitic elements. Furthermore, it is possible to
take noise arising from the extrinsic elements in the noise analysis into account. For the intrinsic noise calcula-
tion the noise correlation matrix in Y-parameter representation is the most suited one, since the feedback capaci-
tance Cgp has no influence on the equivalent input and output short-circuit noise currents and can be hence ei-
ther omitted or taken into account without the need to recalculate the intrinsic noise of the HEMT again. Fig.
2-13 graphs the four noise parameters Fp;y, A(I"s_opt), |I"s_opt| and R,, of the noise extraction method from M.
Rudolph et al. in [57] for a 8X50um GaN HEMT at Vpg =28 V and Ipg = 200 mA/mm.

The equivalent noise temperatures Tg and Tp of the Pospieszalski model result in Tg = 327 K at the gate-
side and in Tp = 10972 K for the drain-side. Equivalently, for the PRC-model the parameter result in P = 0.83,
R =0.24 and Im{g} = 0.54. If the network to be analyzed is too complex for a theoretical derivation, it is also

possible to chose a bottom up approach by determination of the correlation matrix C4 from noise measurements
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of the four noise parameters by the coherency between C, and F,,;;,, Zi(l}‘opt), |1}_Opt| and R,,, as given in equa-
tions (B.1.2)-(B.1.5) in the Appendix B.1.
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CHAPTER 3

BROADBAND POWER AMPLIFIERS

Throughout the past two to three decades several solid-state amplifier topologies have evolved mainly in the
field of telecommunication, wireless-communication and broadcasting. The trend in these applications is to
make mobile devices and back-bone networks more efficient. Correspondingly the power amplifier modules,
which mainly determine the overall power consumption of the whole system, are designed to feature improved
power added efficiencies (PAE), as e.g. the Doherty-, Chireix- or Envelope-Tracking amplifier topologies.
These amplifiers are besides often claimed to be broadband, arising from historical considerations. Fifty years
ago a bandwidth of several hundred MHz presented a technological challenge for a broadband amplifier design.
With the technological progress in the semiconductor industry, today a different light is shed on the term
“broadband”, making it unfortunately ubiquitous in electrical engineering publications. Hence, the exact defini-
tion of “broadband/wideband” is not clear and often depends on the application. Out of this reason the term
“broadband” within this work is related to the bandwidth demands set by measurement instruments, where sev-

eral octaves or even decades are required.

3.1 Amplifier Classes

Among the huge diversity of amplifier classes ranging from A to S are only those amplifier classes suited
for the implementation of a wideband linear power amplifier, in which the input signal is linearly related to the
output signal. If this linear relationship is violated the broadband linearity behavior of such amplifier classes is
degraded, but bringing up the secondary positive effect of improved efficiency, which is important for narrow-
band consumer electronics. Since the most important amplifier parameters in this work are bandwidth, power
and linearity, efficiency is not of major concern, but will be reviewed nevertheless shortly in terms of complete-
ness. S. Cripps introduced the so called conduction angle method, in which the conduction angle expresses the

ratio of the on-time tyy of a transistor to the signal period time T in radians [68].
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— ton 3.1
a TT

In doing so, the different amplifier classes can be assigned to certain conduction angles a between 0 and 2.

A, a =27
Operational Class ={B, a=m (3.2)
C, a<

Assuming a sinusoidal drain current with phase 8 = wt, DC current Iy and peak amplitude Ip, the corre-

sponding waveform signal is of the form

Inc +1p-cos(8) if Ipc>1
I — }iDC P DC P. 33
DS { 0 else (3.3)

Based on the fact that the cos(8) in (3.3) always varies between -1 and 1, € can be replaced by values be-
tween -7 and 7, which is equal in terms of the conduction angle to the range from -a/2 to a/2. When the nega-
tive RF-signal part in (3.3) becomes equal to the DC current, the drain current Ipg becomes zero, thus satisfying

the relationship

Ipc = —Ip - cos (%) (3.4)

The drain current in (3.5) can finally be expressed dependent on a by replacing I in (3.3) by (3.4), togeth-

er with the relationship of the maximum peak current I, = Ipc + Ip.

Imax a
—a)<cos(9) — cos (E)> for —a/2<0<a/2

Ins =41 — cos (7 , (3.5)

0 else

In a next step applying the Fourier transform gives the desired information about the spectral content of Ipg
dependent on the conduction angle a. The Fourier transform of the DC component of the drain current Ipg can

be calculated with

a/2
1 I a
Ipc = o f DS‘—maxa<cos(9) — cos (E)> de (3.6)
P

and the corresponding higher n"-order components by
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a/2
1 I a
Ipn = = f D&—maxa<cos(9) — cos (E)) - cos(nd) do. (3.7)
T 1—cos (—)
-a/2 2

In (3.6) and (3.7) only the real-part of the Fourier transform is considered, since only the magnitude and not
the phase of the drain current components is of further interest. The equations in (3.6) and (3.7) can be further-

more simplified to

IDS, i (04 a
IDC = max o <2 -Sin (E) — Q- Ccos (E)) (38)
2n (1 — cos (7))
Ips, .
Ipy = = (a = sin(a)) (3.9)
2n (1 — cos (7))
and forn > 1 to
, a , a . (ha a
L Ips max sin ((n -1) 7) N sin ((n +1) 7) sin (T) cos (7) .10
Dn — _ - .
n(l—cos(%)) n—1 n+1 n/2
1r z '/‘\ N o=2m )
Class A SRR ) . —a=n 0.5
08" Class B ’ / \\ \‘\ — 04t
i 0.6 Class C ' ” ! \\ b _a 03f
:‘3 ! \ \\ :D )
041 I \\ 1
! \ 0.1r
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- —T/2 0 /2 T 2n 3m/2 T /2 0
0inrad o in rad
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Fig. 3-1: (a) Ip vs. 0 in rad for the operational classes A,B and C and (b) normalized Fourier components of I,,vs. the conduction angle a

Fig. 3-1 (a) shows three sample waveforms for typical class A, B and C bias. Fig. 3-1 (b) illustrates the just
derived Fourier components of the normalized drain current I, , waveforms over the conduction angle « up to
5" order. For a conduction angle of a < 7, which corresponds to class C operation, the contribution of higher
order harmonics increases significantly, whereas the fundamental starts to decrease. The only advantage in this
mode of operation is the reduced DC power, which yields higher efficiency the smaller the conduction angle
gets. This is owed to the smaller overlapping area under the current and the voltage waveform. At @ = m, which

equals class B operation, the fundamental exhibits exactly the same magnitude as in class A (a¢ = 2m). Based on
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the operation for exactly half of the period in class B, as Fig. 3-1 (a) shows, the odd-order (here 3" & 5™) har-
monics get completely cancelled due to the even-order symmetry of the signal. Unfortunately is the 2" harmon-
ic in class B dominant, which makes this mode of operation unsuitable based on the high demands set by the

SFDR requirements in the amplifier specifications.

Furthermore, the normalized output power capability Cp and the maximum efficiency 71,,,, are often of in-
terest and can be calculated accordingly dependent on the conduction angle . When the amplifier is biased with
a DC voltage Vp, the maximum obtainable output voltage swing is thus equal to Vp. and the effective maxi-
mum output power yields

Pourmax = EVDCIP- 3.11)
Setting PoyT may in relation to the theoretical peak power, which is composed of the maximum peak voltage
2Vp¢ and maximum peak current Ipg mqy, gives in (3.12) the so called normalized output power capability Cp.

If Poyr max 1s considered with respect to the dissipated DC power the maximum theoretical realizable efficiency
is obtained in (3.13).

Co = Poytmax __ - sin(a)
P ZVDCIDS,max 81 (1 — cos (Z)) (312)
2
_ POUT,max _ a — sin(a)

max = Poc 2- (2 - sin (%) —a-cos (%)) G139

As Fig. 3-2 shows, the efficiency goes for conduction angles approaching zero up to its theoretical maxi-
mum of 100%, whereas the output power capability goes down to 0%. In class B (a¢ = m) is the output power
capability equal to class A (a = 2m) at 12.5%, but the efficiency is with 78.5% higher than in class A with 50%.

3m/2 2n

K
o in rad
Fig. 3-2: Normalized power capability Cp and maximum effiency 7,4, vs. conduction angle «

The optimum solution of a power amplifier design to end up in high gain, high output power and high line-

arity is thus only class A. Operation in light class AB (37/2 < @ < 2m) might still be a sufficient solution for the
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amplifier design, depending on the actual transfer characteristic of the utilized transistor technology. Therefore,
the exact determination of the optimum bias point can only be done by taking a closer look at the real transfer
characteristic of the GaN process considered in this work, which is done in chapter 4.2.1. Nevertheless, the con-
duction angle method is a useful and very effective tool to investigate the different operational classes with re-
spect to gain, power, linearity and efficiency from a very general point of view, which helps the designer to find

the proper bias setting.

3.2 Matching

After taking a closer look onto the different linear operational amplifier classes in the foregoing chapter 3.1,
it is important to differentiate between the active device (HEMT) matching possibilities in order to attain the
targeted performance given by the specifications of the amplifier application. Often there are several different
requirements as e.g. good small-signal matching, high output power or low-noise performance of which some of
them have to be fulfilled at the same time over wide bandwidths. The following considerations shall help to un-

derstand the existing trade-offs for broadband amplifiers.

3.2.1 Small-Signal Matching

(a) Reactive Matching

The simplest amplifier consists of a single-stage common-source HEMT, which is biased at its gate and
drain via the RF-chokes Lg, as sketched in Fig. 3-3 below.

Vbp

VGG LB

L
? OMN

IMN }J 7
s

Fig. 3-3: Schematic of common-source HEMT with input- and output matching networks

For proper input- and output match over a certain bandwidth it is necessary to provide an input- and output
matching network (IMN/OMN). The task of the IMN/OMN is the compensation of the frequency dependence of
the HEMT s input/output impedance, which will be transformed to the source/load impedance Zs/Z;. Narrow-
band power amplifiers are in general matched by means of a reactive matching network rather than by resistive
elements, which introduce additional loss and thus reduce gain, output power and degrade noise performance.
Sometimes when the amplifier stability is critical and cannot be guaranteed purely by reactive matching net-
works, resistive matching elements have to be inserted for stability reasons. The most common stabilization
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method found in power amplifiers is a parallel RC-filter in series to the gate of the HEMT, since the amplifier
becomes most likely unstable toward low frequencies due to its higher gain of the active device. Thus, at low
frequencies the series resistance helps to obtain a better match between source impedance and high input imped-
ance of the HEMT, with the drawback of an increased NF.

In Fig. 3-4 are two options for a purely reactive matching network depicted. Either a series inductance with
a parallel capacitance is used or vice versa. Applying the matching concept depicted in Fig. 3-4 (b) for a simple
HEMT in common-source configuration, which has to be biased by a voltage at its gate and drain terminals, is
not a meaningful approach due to the series capacitors C; to C,. Moreover, based on the fact that the in-
put/output impedance of a HEMT is capacitive and not inductive, the compensation of the input/output capaci-
tance can only be realized by using a series inductance, which affirms that the matching concept from Fig.
3-4 (a) is best suited for broadband matching. The higher the number of LC-stages the more broadband is the
matching and the lower is the Q-value of the LC-ladder. Instead of cumbersome mathematical calculations,
drawing of the constant Q-region into a smith-chart often helps to find the optimum number of LC-stages for a

given bandwidth, since Q is inversely proportional to the bandwidth, as the equation

fo _ Vfifu

TBW  fy-1

Q (3.14)

reveals. The necessary Q-factor value can be simply calculated by the given bandwidth and the number of LC-
stages can be derived by the number of hops in the smith-chart, which are necessary for the impedance trans-
formation from the source/load impedance to the input/output impedance of the HEMT. Fig. 3-6 (a) displays the
constant Q-factor lines and the corresponding number of necessary LC-matching stages in order to stay below a

given Q-factor value.

Cn
[

L1 L

Y
—

L. L °
I

(@) (b)

Fig. 3-4: (a) LC-low pass and (b) CL-high pass matching network

As an example, Fig. 3-6 (b) depicts the transformation from a 50 Q source impedance to an input impedance
of 1.5-j17.5 Q of an §x125um HEMT at 6 GHz by means of a 2-stage LC-ladder, which is shown in Fig. 3-5.
Because the minimum realizable Q-factor value is dominated by the input R;5Cgs low-pass filter of the HEMT,
the resulting @Q-factor value is equal to 11.8 and cannot be reduced any further by the reactive LC-ladder match-
ing network.
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Fig. 3-5: 2-stage LC-low pass matching for a 8x125um HEMT input impedance to 50 Q source impedance match

Nevertheless, the number of LC-stages cannot be chosen arbitrarily high to minimize Q in reality, since the
series inductors are lossy and have to be interconnected with the grounded capacitors via lossy MSLs. At one
point the losses and parasitics of the MSLs become dominant, which hamper further downscaling of the LC-

filter sections.

Fig. 3-6: (a) constant Q-factor curves for RLC-networks with Q < 0.5, 1 and 2 and (b) 2-stage LC input matching for an input match of a
8x125um HEMT to 50 Q at 6 GHz.

The blue and green trajectory in Fig. 3-7 show the necessary input reflection coefficients over frequency for
optimum unilateral gain Gg o, and for attaining minimum noise (NFy,;,) of a 8x125um HEMT. It can be clear-
ly seen that the optimum source impedances for high gain and low noise diverge over frequency and only start
to converge the closer the frequency gets to fr-. When approaching f7, the source impedances become capacitive
again, since the extrinsic parasitic inductances start to dominate over the capacitive intrinsics. But more im-
portant is the counterclockwise rotation of the source reflection/impedance curves, which cannot be realized by
any real matching circuit as the red two-stage LC-IMN trajectory shows. This is deeply rooted in the causality of
the matching network according to the “Kramers-Kronig”-relation [69] or “Foster’s” reactance theorem [70],
forcing the phase to rotate always in clockwise direction. Optimum match can thus be only realized over narrow
bandwidths, as the loop of the red trajectory of a single stage matching network illustrates at around 5 GHz. In-
creasing the number of matching stages increases the number of loops, which helps to increase the matching
bandwidth or performance, according to the Bode-Fano limit [71]. Moreover perfect matching at one single fre-
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quency can only be achieved for one single parameter, either for optimum noise or optimum gain performance
of the amplifier, but never together at the same time.

Fig. 3-7: Source reflection circles for max. unilateral gain and optimum noise match for a low-noise 8xX125um GaN HEMT at
Vps = 15 V and Ipg = 200 mA/mm

(b) Resistive Matching

In the case of broadband amplifiers, the input/output has to be matched over much broader frequency ranges
than it is the case for narrow-band amplifiers, where the bandwidth usually stays within one single octave. This
cannot be realized over multiple octaves or even decades by means of purely reactive matching networks.
Moreover, as soon as the minimum frequency gets close to DC, reactive matching elements have no effect.
Therefore, frequency independent resistive elements have to be used for matching purposes. This section con-
cetrates thus on the DC matching trade-offs for the most simple but effective broadband matching approach of
parallel and series feedback, as sketched in Fig. 3-8 below.
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Fig. 3-8: (a) CS-HEMT with parallel and series feedback and (b) simplified equivalent circuit for DC matching
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The Y-matrix for the DC approximation of Fig. 3-8 (b) can be set up to

1 -1
7 Ry Rep _ (3.15)
f -1 gmoRps 1 1

— —
lpr Res + Rps(1 4+ gmoRys) Rep  Rps + Rps(1+ ngRfs)J

By expressing the input and output impedance of the amplifier by its Y-parameters according to

Y, +Y;

— (3.16)
Y11(Yaz + V) = YipYoy

ZIN

and

Yii+Y

P , (3.17)
OUT ™ YooYy + Ys) — Yio¥ay

the DC input and output impedance can be calculated for Fig. 3-8 (b) by the following two equations (3.18) and
(3.19) below.

Z
Z, + Ry <1 + L )
Rrs + Rps(1 + gmoR

ZIN _ ( ;cs DS( ZL mo fs) (3.18)

1+ 1+ gmoR

MO Res + Rps(1+ gmoRys)
Zour = Zs + Rpy
14 Rpp + Zs(1 + gmoRps) (3.19)

Rfs + RDS(l + ngRfs)

Since it is more convenient to think in terms of S-parameters rather than impedances when speaking about
matching, the input and output impedance can be translated into the scattering-wave parameters by the relation-
ship

Zinjour — Zs

S11/22 = (3.20)

Zinjour t+Zs

In the following, Zs and Z, are assumed to be only real valued and equal to 50 Q. Fig. 3-9 (a) illustrates the
input (§71) and output (S,,) matching dependence given in (3.20) on Ry, for a 8X125um GaN HEMT, consider-
ing a full intrinsic small-signal model, which was already presented in section 2.2.1. Applying parallel feedback
via Ry, enables a wider match to Zg and Z;, at the same time by reducing the effective input/output impedance
Z;n of the HEMT, especially toward low frequencies. It can be clearly seen that the matching at low frequencies
can be in particular very well controlled by proper selection of Rg,. When applying parallel feedback only, the
input and output matching features to be very sensitive to changes in g,,o and is thus very bias dependent, as the
Imo-term in (3.18)-(3.19) suggests. Only by adding series feedback this bias dependence of Z;y and Zyyr can
be reduced, as shown in Fig. 3-10. Therefore, if only parallel feedback in an amplifier design is applied, the
matching performance will be strictly limited to its intended operational class.
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Fig. 3-9: Simulated (a,b) S1, and (c.d) Sy, of parallel (Rf},) (left) and series (Ry;) (right) resistive feedback matching
of a 8x125um HEMT
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Fig. 3-10: Calculated Z;y and Zyyr Vs. gmo of a 8X125um GaN HEMT with parallel and series feedback

for Zg, = 500 Q and Zf = 0,10...20 Q

In the case of series resistive feedback the effective DC input/output impedance Z;y strives toward infinity

based on the capacitive input of the HEMT and is thus independent of Ry, as Fig. 3-9 (b) graphs. With increas-

ing frequency the magnitude of Z;y starts to decay due to the capacitive input of the HEMT and R, takes more
effect toward higher frequencies. Zyyr in contrast is affected at DC by Rg; due to the finite output resistance

Rps. Since a 8X125um GaN HEMT exhibits at DC a higher output resistance (Rpg = 225 Q) than the load im-
pedance (Z;, = 50 ), an increase in R¢g only impairs the DC output match.

38



CHAPTER 3 - BROADBAND POWER AMPLIFIERS

So far neither of the two feedback approaches alone is sufficient to match the 8x125um GaN HEMT at its
input and output simultaneously at DC, as Fig. 3-9 showed. It is thus vital to apply series as well as parallel re-
sistive feedback in GaN to obtain a better input and output match than -10 dB toward DC. Fig. 3-11 depicts all
four S-parameters of a 8xX125um GaN HEMT with Rg, = 225 Q and Ry = 0...5 Q. It already can be seen that
for the selected resistor values the input and output match of the amplifier is already better than -10 dB at DC.
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Fig. 3-11: Simulated (a) S11, (b) S12, (c) S1 and (d) Sy, for low frequency matching of a 8x125um HEMT by means of parallel
(Rsp =225 Q) and series (Rgs= 0, 2.5, 5 (1) resistive feedback

This also can be verified by taking a look at the trajectories of S;;* and S,," for a complex conjugate in-
put/output match in the smith-charts in Fig. 3-12. The magenta coloured dashed circle depicts the -10 dB match-
ing area in the smith-charts. It is obvious that S;; at DC is strongly dependent on the parallel feedback resistor
Ry, in (a), whereas the impact of Ryg becomes only noticeable towards higher frequencies in (c). S, in contrast
is not only dependent on Rg, at DC, but additionally on Ry (see (d)), compensating for the decay in output re-
sistance caused by a decrease in Rgp. Applying both feedback concepts shows in (e) and (f) that a simultaneous
input/output match of better than -10 dB can be achieved by staying within the value range of Rg, =
155...327 Q and Rgg = 4.1...12.7 () for the 8X125um device.

39



CHAPTER 3 - BROADBAND POWER AMPLIFIERS

I
! )

N =
N

(®
20 GHz

ries (Rr;) and (e,f) parallel & series resistive

of (a,b) only parallel (Rfp), (c.d) only se

(e)

feedback matching of a 8x125um HEMT in the frequency range from DC

and S,," trajectories

Fig. 3-12: Simulated S, "

40



CHAPTER 3 - BROADBAND POWER AMPLIFIERS

The value sets for Rgp, and Ry are unfortunately not very meaningful without considering the gain of the
amplifier. Based on the required specifications of the SGs, the amplifier’s S,; has to be in the range from
9...12 dB with an I/O-RL of better than 10 dB, as given in Table 1-1. Hence, Rf), and Ry, cannot be chosen in-
dependent from each other. Therefore, it is first off all necessary to determine the relationship between the se-
ries- (Ry,) and parallel- (Rs,) feedback resistance in order to stay within a specified S,; range. By expressing

the S-parameters in terms of the Y-parameters [72], S,; can be in general expressed by

—2ZyY51

_ _ (3.21)
(1 + ZoY11) (1 + ZoYay) — Zo* Yy, Yoy

521

The following expression (3.22) for either Rg, or its counterpart Rss in Appendix A result from (3.21) and
(3.15). Under the prerequisite of S,; being real and constant, R, and Rgg are now related to each other for the

low frequency case by

2Z¢(Sz1 — 1)(Rfs + RDS(l + ngRfs) ) + $31Z0*(1 + gmoRps) (3.22)
521(20 + Rps + RDS(l + ngRfs) ) + 29moRpsZy

pr,sz1 = -

After identification of the Rs, and Rrs dependency on Sy4, a second boundary is set by Sy and Sy,. Similar
to (3.21) for S,1, S11 and S, can be calculated by

g (M F ZoY1122) (A £ ZpYop/11) + Zy*Y15Yy (3.23)
1z 1+ ZoY) (1 + ZoYay) — Zo*YioYor

Solving of S14 in (3.27) now for Ry, gives

(1+$1) (1 + GmoRps)Z0” + 220511 (Rys + Ros(1 + gmoRys))

Ripsi1 = (3.24)
(1= 1) (Rrs + Zo + Ros(1 + gmoRys) )
and correspondingly solving of S;, for Rg,
(1+5:2)(1 + gmoRps)Zo” + 220522 (Rys + Ros(1+ gmoRys)) (3.5)

R j—
fp,S22 —
(1 522)(Rfs RDS(l ngRfs)) 20(1 22)

Simplification of the expressions (3.24) and (3.25) for Rpg — o Q result for S;; = S, = 0 in the ideal

matched condition for Ry, to

2
ImoZo (3.26)

R =T
fp,match 1 +gm0Rfs
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Fig. 3-13: Calculated Zgy vs. S11/22 of a 8X125um GaN HEMT with parallel and series feedback for (a) Zgs =4 Q and (b) Zfs = 8  and
(©) Zrs=12Q

42



CHAPTER 3 - BROADBAND POWER AMPLIFIERS

The now obtained relationships in (3.22), (3.24) and (3.25) between S,1, S11, S22 and Rgg, Rrp, can be used to
determine the valid value set of the feedback elements for a 8x125um HEMT by plotting Ry, vs. S14 /2, for dif-
ferent Rg;. It is also possible to switch the dependence from Ry, to Ry, giving the same possible value set for
the series feedback resistor R¢s. By means of this (graphical) method it is possible to find the exact values for
Ry, and Ry, which fulfill a given set of low frequency small-signal specifications. It can be seen from Fig. 3-13
that the minimum and maximum value for Ry, is limited on the one hand by the minimum required S, at the
lower end and on the other hand by S;; at the higher end. The enclosed area in yellow marks the valid value set
for Rg, that results from the corresponding matching constraint on the abscissa, giving a RL below 10 dB. Addi-
tionally the blue area encloses the possible value set for Ry, for an I/O-RL of better than 10 dB. Since not only
the matching is affected by the feedback elements but also the gain (S51), it is necessary to plot additionally the
specified gain range from 9 to 12 dB into the same graph. The finally spaned green area illustrates the resulting
reduced value set for Ry, limited by the values max. Rgp(S,1) and min. Ry, (S,1), which fulfill the condition of
S11/22 <-10 dB plus S5, =9...12 dB. It can be derived from Fig. 3-13 (a) to (c) that the valid value set for Ry
is constraint by the realizable gain range. If e.g. Ry, is chosen equal to 4 , as in Fig. 3-13 (a), a 5, of 12 dB
with 10 dB I/O-RL can just be realized. A further reduction of Rgs would allow for a gain increase but at the
same time violates the matching requirement. Similarily, chosing R larger than 12 Q as in Fig. 3-13 (), sets
an upper limit on the maximum obtainable gain. Accordingly, the optimum value in terms of DC matching is
found from Fig. 3-13 (b) for Ry to be around 8 (). Any change in Ry, will directly impact S,; but will only af-
fect S11 and S5, to a minor extent. Translated to a concrete feedback amplifier design with e.g. a 8X125um GaN
device, selection of R, between 172 () and 297.5 Q with Rgg = 8 () will end up in a low frequency S, between
9 dB to 12 dB with an input/output match of better than at least -17 dB.

Another way of visualizing the dependency between the feedback resistors is in form of contour plots in
Fig. 3-14. Therein, the direct coherency between (a) S,1, (b) S11 and (¢) S,, and Ry, and Ry is depicted. Men-
tionable is the perpendicular trajectory of the constant gain (S,4) and matching (S;4, S2,) contours, which under-

lines the unique existence of a specific gain-matching point for one specific R, and Rys value set.
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Fig. 3-14: Calculated (a) Sy1, (b) S11 and (c) S, of a 8x125um GaN HEMT for different Rys and Ry,

3.2.2 Theory of Optimum Power Matching

It is tempting to simply think of conjugate complex matching in terms of small-signal S-parameters as the
optimal solution in terms of power matching. In order to maximize the power transfer from the input to the out-
put load, it is necessary to add input/output matching networks (IMN/OMN) to transform S;; into Z5 and S,,
into Z], as already discussed in the foregoing section 3.2.1 and once again shown in Fig. 3-15 below.

S11* S22 Zs*

Ji i

=

- Zs* Su <

Zy

I
|
|
I
|
|
S22* N
Fig. 3-15: Schematic of a complex conjugate matched transistor to the source and load impedance Zg and Z,

From this simple small-signal point of view power matching would be independent of the RF drive signal and
thus only dependent on frequency. Unfortunately, this is only true for one single bias-point under large-signal
operation, because the intrinsic transistor parameters are dependent on the bias voltages V5 and Vpg, as present-
ed in section 2.2.2. Hence, the optimum complex conjugate input/output impedance changes with bias condi-
tion. Moreover, the source and load impedance seen by the transistor determine the amount of current and volt-
age swing, which is seen by the transistor and which in turn affect the values of the nonlinear intrinsic elements.
It is therefore crucial to sweep the source and load impedance for a predefined input power and bias-point across
a certain parameter space in order to identify the optimum load, which maximizes output power. This approach
is also known as load-pull measurement. Nevertheless, a simple but ingenious analytical approach for the de-
termination of the load-pull contours was presented by S. Cripps in [68], which will be shortly reviewed here.
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(2) (b)

Fig. 3-16: (a) ideal I-V-curves of HEMT with optimum load-line and (b) simulated DC and pulsed isothermal I-V-curves of a 8X125um
GaN HEMT, including the recommended max. power dissipation hyperbola for Py;sc = 8 W/mm

The optimum load impedance under large-signal operation can be traced back to the bias settings and basic
[-V-characteristics of the transistor. The basic idea is depicted in Fig. 3-16 (a), showing the optimum load-line
for an idealized I-V-transfer characteristic. Based on this coherency the optimum load resistance Ry op¢, Which

exploits the full power handling capability of a transistor in class A, has to be chosen equal to

Vep =Vim _ Vbs,o 3.27)

RL,opt = I =~ i .
DS max DS,0

The approximation in (3.27) is only valid if the knee-voltage Vy,, is negligibly small compared to the break-
down-voltage Vgp. In reality, thermal as well as frequency dependent trapping effects lead to a significant dif-
ference in the DC/static and RF-/isothermal [-V-curves, as indicated in Fig. 3-16 (b) for a 8X125um GaN
HEMT. As can be observed, Vj,, as well as the magnitude of Ipg are strongly dependent on the applied bias-pont
as well as on the operational frequency. This huge thermal impact on the I-V-characteristics leads to the well-
known effects, such as “knee-walk out”, “current slump” or low-frequency dispersion, making the GaN
HEMT’s I-V-characteristic heavily dependent on the applied bias-point and frequency of operation, as discussed
in detail e.g. in the publications [73, 74, 75, 76, 77].

Returning to the ideal I-V-curves in (a), the trajectory of the ideal load-pull contours can be deduced, mark-

ing all load impedances in a smith-chart which deliver constant output power. The deviation from the maximum

output power is furthermore described by the linear degradation factor p, giving for the delivered output power

P
P, = —L'g‘“" (3.28)

In general two different load impedance values exist, which give the same output power P;. One exhibits a

higher value than R; 4, so that the voltage starts to clip and the other is found at a lower value, where the cur-
rent starts to clip. These two resistance values can be expressed in terms of p by Ry p; =P Ry ope and Ry ;o =

Ry, opt/p- Furthermore, any change in reactance will not necessarily affect the delivered output power, as long
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as the overall real-part is not changed. This holds true for either a series reactance (X) or a parallel susceptance
(Bp), as Fig. 3-17 sketches.

ZL | JXs ZlL |
Ips - °
I
RL,IO Vout ) Vbs |jBP RL,hi Vout

Vin Vin l :
—+ o —— L

= Ref. plane = Ref. plane
(2) (b)

Fig. 3-17: Large-signal output matching for (a) series reactance and (b) parallel susceptance delivering constant output power

to Ry, and Ry p;

The former increases the voltage swing of Vg with an additional shift in phase but does not alter the current
Ips through R; 1, as (a) shows. Thus, for different reactance values Xg exactly the same output power equal to
IDSZRL‘IO /2 is delivered to the load. For the parallel combination in (b) the current Ig is partly dumped in the
parallel susceptance Bp, whereas the magnitude of Vg stays constant and only gets shifted in phase. Therefore,
the output power is constant and equal to Vpg® / (2 . RL,hi). So by moving on a constant resitsance (R ;,) and
constant conductance (1/R ;) circle (dashed lines), the ideal load-pull contours can be drawn into the smith-
chart, as depicted in Fig. 3-18 (a). The intersection of both trajectories, which is indicated by circles, is the point
where Ry ;, + jXs becomes equal to 1/(RL,hi + ij). This explains the non-circular nature of the load-pull con-
tours opposed to the circular constant gain contours, which are based upon small-signal complex conjugate

matching.

Fig. 3-18: (a) Calculated ideal load-pull contours according to Fig. 3-17 and (b) simulated load-pull constours of a §xX125um HEMT
at f =6 GHz and P;y = 26 dBm
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It has to be noticed that as soon as any reactive component is placed to the left hand side of the reference
plane in Fig. 3-17, as e.g. the parallel output capacitance Cpg, the load-pull contours start to rotate counter-
clockwise, as shown in Fig. 3-18 (b) for the load-pull contours of a 8x125um GaN HEMT. The “egg-shaped”
nature of the trajectories results mainly from the changing nonlinear intrinsic parameter values for different
loading conditions of the HEMT.

Also worth mentioning is the impact of frequency induced phase shifts between current and voltage by a
complex load on the load-line, which leads to an opening of the load-line into an ellipse opposed to the perfect
matched load-line sketched in Fig. 3-16 (a). If the load impedance seen by the current source of the HEMT is
capacitive, the load-line rotates counterclockwise. Vice versa if it is inductive, the load-line starts to rotate
clockwise. The output conductance of a HEMT is furthermore not perfectly zero, as up to now silently pre-
sumed by the ideal current source. In order to maintain the perfect load-line for an optimum power match, the
parallel connection of Rpg and R;, needs to be equal to R; o,;. In some cases R, cannot be chosen completely
freely but is predefined by the application. In this case an optimum Rpg ,,; can be determined by (3.29) for a

given load resistance R;.

R,
RDS'Opt - RLIDS,O _ 1 (329)
VDS,O - an

As long as the condition Rps > Rpg op¢ 18 satisfied, the output voltage-swing of the HEMT clips and the de-
livered output power to Ry, stays constant at (Vgp — Vin)?/(8R.). For Rps < Rps op¢ in contrast, the maximum
output voltage-swing is lowered due to the lower effective load resistance seen by the current source. Accord-
ingly, the current-swing through R; decreases, because part of Ipg is now dumped in Rpg and not delivered to
the output load anymore. In this case the delivered output power becomes equal to

2

P = , (3.30)

showing that for Rpg — oo the delivered output power P; saturates at IDS‘OZRL /2, which is equal to

_ (VBD - an)z

Prmax = 8R, (3.31)
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3.2.3 Load-Line Matching in TWAs

Within this section power matching of each single transistor stage in a uniform distributed amplifier (UD-
PA) will be discussed from a very general and theoretical point of view. Despite the known improvement in
power matching in TWAs by using nonuniform designs with tapered drain-lines and tapered transistors
(NDPA), as was presented by C. Duperrier et al. in [78], this section focuese only on the power match in uni-
form TWAs. Moreover, on top of the often only regarded static load condition, the frequency dependent loads
will be calculated for each stage in a UDPA. It is important to distinguish between static and frequency depend-
ent load conditions, since in a UDPA the static load condition is equal for each transistor stage, but the frequen-
cy dependent load varies strongly. To the author’s best knowledge only few papers in the common literature
exist, dealing with the phenomenon of load-line mismatch in UDPAs [78, 79, 80]. As already mentioned in [79],
the load-line of the 1* transistor in a UDPA is strongly mismatched at certain frequencies and the transistor is
almost short-circuited. Up to now, the fact that the load-line of the 1* transistor in UDPAs tilts more than 45°
clockwise and starts to dissipate power has only been briefly addressed in [80]. The reason for this phenomenon
is based on the phase difference of propagating voltage waves on the drain line and transistor output current
with changing frequency, which has not been addressed in the literature so far. In this condition the transistor
might be operated in a state with undesired high power dissipation with output current and voltage “in-phase”’,
exceeding the typical maximum power dissipation hyperbola. This might lead to degraded reliability or severe
short term damage of the transistor. All considerations in the ongoing sections refer to a simplified and idealized
UDPA structure, as depicted in Fig. 3-19. Each transistor stage is substituted by an ideal voltage-controlled cur-
rent-source (VCCS), which is pertinent for a general study of the dynamic RF load-line behavior in UDPAs.

[

ElL Von El/2

— wmsL . msL —o RFour
Ipn
l 9m'VIN
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RFin o msL -
E./2

Rer

Fig. 3-19: Simplified schematic of a N-stage UDPA

As already deduced from theory [78], the load impedance each transistor has under RF-drive in a UDPA
differs from stage to stage, but is close to DC proportional to the amount of current sunk in the effective load Z,
and can be expressed by

! “In-phase” refers herein to the phase-difference Agy,;;(N) between voltage and current being smaller than 90° or larger than 270°.
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I v N-Z
Vour=N-—=2-7, & L =7,,=—7" (3.32)
2 In. 2

Thus, to obtain power match in a UDPA the number of stages N can be chosen such that at very low fre-
quencies all stages or at higher frequencies the Nth transistor matches the “Cripps-load” condition for a given
device size. Fig. 3-20 depicts the load-lines for E} = 0° for simplicity, neglecting RF-influences on the trajecto-
ry.
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Fig. 3-20: Normalized transistor load-lines in a UDPA for N =2,4,6 & 8 at E; = 0°

In a simplified approach the corresponding magnitudes of voltage and current at the drain terminal of the i"-
stage can be derived for N equal stages. From Fig. 3-19 V, ;(N) can be expressed by the following relationship

N

1 1
Vp,i(N) = EVIN "Gm "Ly exp <_jEBGlG) . Z exp[~j((k = DBsle + Ik — ilBplp)] (3.33)
k=1

for i = 1...N, assuming that attenuation coefficients on gate- and drain-line are a; = ap = 0 and g,, is identical

for each transistor stage. Additionally, the factor 1/2 in (3.33) assumes that Z; = Rpy. Correspondingly, the
drain current Iy ;(N) of the ith transistor can also be calculated to

I (N) = Vi - g - exp | =5 (i = %) fals) (334)

Now, the load impedance seen by the i"-stage can be calculated by means of (3.33) and (3.34) to

S Ipi(N) 2

N
Z exp[—j((k = DBgle + Ik — ilﬁDlD)]l. (3.35)

k=1

The real-part of the load impedance from (3.35) seen by the i"-stage can be used as a measure of the degree
of load-line tilt. Furthermore to keep the analysis simple, Bglg = Bplp = B, which results in
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N
=7 Zcos((k—t+|k—l|)ﬁl) (3.36)
D,i

Re{Zp,(N)} = Re {VD'i(N)} i

From (3.36) it can be inferred that the impedance seen by the i"-stage is symmetric with respect to Sl =
E} = 90°. Contrary to the often misleading assumption that each transistor sees the same load impedance, the
impedance starts to decline with increasing E; from the N"- to the 1% stage due to the constructive drain line
voltage superposition toward the output. It is also worth mentioning that not only the 1* stage suffers from op-
timum load mismatch, but rather the first N-1 stages. The closer the stage is placed to the drain-termination Rpr
the more pronounced is the mismatch. Noticeable are the electrical length regions, where the Re{ZD‘l-(N )} be-
comes negative. Exactly this criterion can be used as an indicator for the more than 45° tilt of the 1* transistor”s
load-line. The dependence of the Re{ZD‘l(N)} on E; and N is plotted in Fig. 3-22. It can be seen that the magni-
tude of Zp 1 (N) increases proportional to N for E} = 0° and E; = 180°. Therefore, the larger N the higher is the
load-impedance for the 1st transistor stage, as already shown in Fig. 3-20. With increasing E, Zp ; (N) starts to
decrease and to vary, diverging from optimum power match. In accordance to the number of transmission line

sections N-1 roots in Vp ; (N) occur at electrical lengths of

I
_

E, 190 (M, N) = 180" — ;7 N-1 (3.37)

2|=

and the phase Agy;(N) between current I ; (N) and voltage Vp ; (N) exceeds multiples of 180°. The critical
region of Ej(N), denoted by AE|(n, N), where A@y;(N) exceeds 180° + 90° until it shifts by 180° in phase at
E\ 180 (n, N), is presented in Fig. 3-21 and calculated in (3.38).

180°(" ol ) [E]
AE,(n,N) = { NZn 3(11\’ - 172 v 12 (3.38)
(1800(2(1\/—1) N) n=lp N1

The distinction between Ej(N) < 90° and Ej(N) > 90° in (3.38) has to be made based on the symmetry
around E;(N) = 90°.

360

Fig. 3-21: Phase difference at the drain terminal of the 1st gain-stage between current I ; (t) and voltage Vp 1 (t) for N =4, 6, 8.
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Fig. 3-22: Normalized (a) Re{Zp;(N)} vs. E; for N=6and i =1,2...6 and (b) Re{Zp; (N)} vs. Ej and N for Z}, = 50 Q

Furthermore, the higher the number of stages N, the higher the negative real-part and the more distinct the
tilt of the load line into the passive region. Finally by means of (3.39) the critical electrical length realm for the
tilting load-lines dependent on N can be identified and transferred to every UDPA design independently of the
chosen technology.

N-—-1
E 180 N) —AE (R, N),n=1... [T

N+1

E:(n,N) =
E}180°(n, N) + AE;(n,N),n = [T ~N-1

(3.39)

Remedies to Suppress Tilting Load-Lines

In general, there are three options to suppress tilting load-lines in the 1st transistor stage in a UDPA. The
first option is to taper the drain lines toward Rpr in order to increase the line impedances. This reduces the
magnitude of backward traveling waves on the drain line and therewith diminishes destructive voltage superpo-
sition at the 1st transistor drain terminal. Unfortunately, tapering is accompanied by the drawback of worse out-
put matching and is limited by the maximum current density of the drain-line. In order to comply with design
specifications and technology limitations, tapering was applied in the UDPA design without success.

The second is using a non-uniform DPA (NDPA), where the 1% transistor stage exhibits higher gain (g,,)
than the subsequent stages. Thereby the current contribution of the 1* transistor stage to the overall current on
the drain-line is increased, which yields less phase drift between Ip ; (N) and Vp ; (N). This can be verified from

Fig. 3-23 (a), where the Re{ZD_1 (N)} for ratios 7 = gy 1/ Gmmn=1 = 2 does not exhibit negative values. The
opposite is obtained, when r is smaller than one, leading to an increased AE;(n, N), which is highlighted by
black areas in Fig. 3-23. The simulated load-lines in Fig. 3-23 (b) of the implemented UDPA from Fig. 3-19
underline the just mentioned relations, where the bias current increases proportional to g, but all other intrinsic
transistor parameters have been kept constant. Choosing values for r larger than 2 in real designs is not mean-
ingful, since Cgg and Cpg increase by almost the same amount and thus deteriorate gain and matching perfor-
mance of the UDPA. Alternatively a gate-coupling capacitor C can be used to compensate for the increase in

Cgs at the 1* stage, but also with the downside of reduced current contribution on the drain-line, which equals
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an effective smaller g,,. Other measures, as e.g. mistuning of the transmission line lengths or of other circuit
components just produce a shift in frequency but do not suppress tilting of the load-line. Sometimes also mis-
leadingly interpreted is the opening of the load-line that is not the result of RF transistor parasitics but rather the
artefact of the phase difference between I ;(N) and Vp ;(N), representing inductive or capacitive loads to the
transistor. The third option would be the operation of the UDPA only in the frequency range where the load-line

of the 1 transistor does not tilt, which sets a high low frequency boundary for the design and thus limits the
maximum obtainable bandwidth.

y 7
// 70 ,//////////

Z /// 7
/ /////////// v, 27,

g //////////,/ ) i

: (l ﬁl‘//;/x/,///// 7

60 . ‘ ‘ ‘ ‘ ‘
E o 3 g,inS 25 26 27 28 29 30 31
(a) (b)

Fig. 3-23: (a) normalized Re{Zp ; (N)} vs. E} & gy, for N = 6 and (b) load-lines of st transistor of the DC-15 GHz UDPA
withr=1,2 &3 atf=3.1 GHz & P;y = 18 dBm
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33 Feedback Power Amplifiers

3.3.1 Transfer Characteristics

Feedback based amplification is a well-known concept to realize flat gain with good linearity and low noise
performance at the same time over wide bandwidths. As presented in chapter 3.2.1, to obtain good input and
output matching down to DC it is crucial to apply parallel as well as series resistive feedback, as depicted in Fig.
3-24 below. But before heading into the exact transfer characteristic of the series- and parallel FBPA, a short
review of the existing power gain definitions will be conducted.

Z()UT

Z —o——.
|
l |::|ZL
|
|
L

fs

- :—

Fig. 3-24: Equivalent circuit of FBPA with series and parallel resistive feedback at DC.

A large number of different definitions for power gain exist in the literature, e.g. the unilateral power gain
(U) defined by S. J. Mason in [81], the maximum efficient power gain (MEG) by K. L. Kotzebue in [82], the
maximum stable gain (MSG) and the maximum available gain (MAG) by J. M. Rollett in [83]. All of these
FoMs take different matching conditions into account, except for the first one which is also valid for unstable or
oscillating devices due to the lossless reciprocal unilateralisation. The latter three can be expressed in terms of
immitance parameters and Rollett’s stability factor k, whereby the MSG represents the maximum power gain at
the stability limit (k = 1) of the MAG. The MAG and MSG can be in general expressed according to [83] by

521 Y21
vsG (3.40)
512 Y12
and
S Y,
MG = || (k=2 =1) = [ 72| (k= Vi =1), (3.41)

where k can be expressed by the immitance parameter I, and is equal to

2Re{111}Re{122} Re{112121}
[112124]

(3.42)

Iy in (3.42) can be exchanged by any of the conventional Z-,Y-,G- or H-parameters. Plotting of the MSG
might be of interest for the designer in order to take a look at the theorertically maximum obtainable power gain
of the PA. The MAG in contrast shows the actual power gain limit under a given impedance environment, in-

cluding a possible intended stability margin. Plotting of both FoMs into one digramm often helps the designer to
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assess how close a PA is designed to the stability limit of k = 1. For the DC case, the MSG results according to

the Y-parameters already derived in (3.15) in

_ ImoRpsRsp
Rfs + RDS(]- + ngRfs)

MSG = ’1 (3.43)

and the MAG in

MAG = MSG - (k —Jk2 - 1), (3.44)

with
2Rsp + Res + gmoRps(Res + Rep)
ke = : (3.45)
Rps + Res + gmoRps(Res — Rep)| :
25 - 37
20
% 15 25
S 10 ~< 24
g s-
> 1.5+
> 14
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Fig. 3-25: (a) MAG and (b) Rolletts stability factor k vs. Rs, and Rss of a FBPA at DC with a 8X125um HEMT

Fig. 3-25 illustrates in (a) the dependency of the MAG on Rg, and Rgg and (b) the corrresponding stability
factor k for a 8x125um HEMT. It is worth mentioning that in this special case of no reactive elements, the re-
sistive parallel- and series-feedback always leads to an unconditionally stable behavior of the PA. By taking a
look at (b) it can be observed that with decreasing amount of feedback, the k-factor converges to the limit of k =
1. As aresult, the MSG is only existent for the single point of Rs;, = o0 and Rss = 0 at DC. Looking at the MAG
in (a) reveals that the highest sensitivity is located in the region for small values of Rg,, where for increasing
Rg the drop in gain is more significant than for large Ry,,. This is based on the fact that the smaller the effective

9mo including the parallel feedback is the larger is the impact of Rgg on the gain.
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3.3.2 Noise Analysis of FBPAs

As has been reported in several publications over the last decades, using feedback provides superior perfor-
mance in terms of noise among all kind of amplifier topologies. Especially in narrow-band applications enables
the use of inductive series feedback the implementation of high performance LNAs, where noise matching and
gain/power matching can be achieved simultanesouly for one single frequency [84, 85]. For the design of
broadband amplifiers down to DC this well-known reactive matching concept can not be applied. Therefore,
frequency independent elements such as resistors have to be used in order to realize a good noise match over a
wide frequency range. Towards DC it is furthermore crucial to make use of series as well as parallel feedback in
order to realize a sufficiently good input/output match, as already presented in section 3.2. Unfortunately by us-
ing resistive components in the feedback paths additional noise will be introduced. In the following only thermal
noise will be considered, since knowledge about the 1/f-noise characteristics of the utilized GaN25 technology
is not available. This section investigates the dependency of the thermal noise on the resistive feedback elements
to find the optimum values for a broadband low-noise FBPA design.

The core of the noise analysis in this section relies on the noise correlation matrix (NCM) method presented
by H. Hillbrand and P. Russer in [67], which is also described briefly in the Appendix B.1. Similar to the proce-
dure for the intrinsic HEMT noise characteristics, this section investigates the impact of the parallel and series
feedback resistors on the noise performance. For simple noise computations the NCM method might not be the
easiest and fastest approach due to the necessary parameter conversions, but its general validity enables the de-
signer to compute even the most complex systems in a systematic way by making use of fast computer calcula-
tions, as e.g. in MATLAB.

The overall noise correlation matrix (NCM) of a HEMT with parallel feedback can be expressed in Y-

parameter form and can be written to

Cyrrp = Cyr + Cyrep, (3.46)

where (C_)Y‘T and (C_)y_R rp stand for the NCM of the HEMT and the parallel feedback network, respectively. Simi-
larly, for series feedback the Z-parameter form of the NCM can be utilized and the total NCM of the HEMT
including resistive feedback becomes equal to

Czrrs = Czr + CzRfs- (3.47)

Final transformation of the NCM into chain-parameter representation yields the equivalent input referred
noise current and voltage representation from which the four noise parameters can be computed according to

Appendix B.1. This gives according to the general transformation rule of C'=T-C-T* for the parallel feed-

back network

G =[1 pl-Ganelg 5] (3.43)

and for the series feedback
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= _1 -A1. < ] 1 0
Currs = (o Z0) - Carrs | —ny o] (3.49)
If both feedback networks are present, the NCMs need to be converted between Y- and Z-parameter form
before final computation of the NCM in ABCD-parameter form, which can be achieved by either setting T=Y
for NCM conversion from Z- to Y-parameters or T=2ZfromY-toZ -parameter conversion. The needed ABCD-
parameters in (3.48) and (3.49) of the whole network can then be computed in a final step from either Y- or Z-

parameters by (3.50), as derived in [72].

YZZ _i @ lezZZ - ZlZZZI
Y21 Y21 _ ZZI ZZl
ABCD = [ ] Y12Y21 Chavn Y|t 1 Zn (3.50)
Y21 Z21 ZZl
pr VI’Z,Rﬁ Vn,R[g-
—1"VW—r—o o~
-

<—
i”/pr M M _i”;R/p Rfs

1 -1
Cy rrp = 4kT Ry Epp Cyrrs = 4KkT fs
Y,Rfp — -1 1 Z,Rfs — Rfs Rfs
lszo pr

(a) (b)

Fig. 3-26: (a) parallel and (b) series resistive-feedback and its corresponding noise representation

Under the simplifying but valid assumption of a unilateral device up to moderate frequencies, Pucel’s noise
model from Fig. 2-9 can be taken for a first noise estimation. Since Rgg does not introduce any additional ther-
mal noise and is in general comparably small, it is out of simplicity reasons furthermore neglected. Following
the NCM procedure gives for the parallel resistive feedback and series resistive feedback the following two
equivalent noise representations, as depicted in Fig. 3-26 (a) and (b). It is important to note that the direction of
the noise current and voltage sources has to be chosen equally in the HEMT noise model as well. According to
(3.46) and (3.47) the corresponding NCMs of the HEMT with parallel and series resistive feedback thus result
in (3.51) and (3.52) with (3.53), respectively.
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2 A4AkT . ’ 2. 2 4kgT
|ln,G| +R_fp —-C |lTl,G| |lTl.D| - pr

2 4kBT 4kBT
| —
pr pr J

Crrpp = (3.51)

—C- |in,G|2|in,D |in,D|2 +

[Cz11,1rs  Cziztss

Cyrs = |
ZTfs .C221,Tfs CZZZ,Tfs (3.52)

L2
|l .G|

Czi1,rps = m + 4kpTRys

. 2 %

|ln,G| Im c

(wCgs)*  jwCgs

Crrarss = —RD5< : Iin,clzlin,DF) + 4kpTRys

(3.53)

*

Czo11rs = Cz1271s

Im

. 2 2
o 90 4o 2 22 mld el ol + T,
’ (l)CGS ’ ’

CZZZ,Tfs = RD52< (0Cgs)?

From (3.48) - (3.50) it becomes evident that only Z;; and Z,,, respectively Y;; and Y5;, are necessary to
compute the needed ABCD-parameters for the final NCM in chain-parameter representation. The needed chain
parameters result for the simplified HEMT with parallel (3.54) and series (3.55) resistive feedback in

pr 1 +ijGSpr

’ Do = (3.54)
1= gmRpp TP ImRyp

Brep =

_ 1+ jwCesRys o = JjwCes
jwCgsRrs — 9mRps’ s jwCgsRes — ImRps

Arss (3.55)

Final insertion of (3.54)-(3.55) into (3.48) and (3.49) gives for the final NCM in chain-parameter representa-
tion

2
Carnrrp _ Rep GmP +i
4kBT 1- ngfp m pr

Car2,rfp Rgp, 1 —ijGSpr< 1 ) < 1 ) (3.56)
TP - — 4+ gmP | — | ¢+ wCs5VRP + —
4kBT 1-— ngfp 1-— ngfp pr m - GS pr

*
CAZl,Tfp = CAlZ,Tfp
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2
Cazarep 1 4 (wCgs)? R+ 1+ (wCgsRyp) < 1 tg P)
- m
4kpT  Rpp 9m (1- ngfp)Z Rpp

1+ jwCgsR 1
_ Z.Re{w<£. wCesVRP +_)}
1_ngfp pr

for the parallel resistive feedback and

Carrrrs R
ALS — 4R
4kgT ~ Gm  °

1+ (wCgsRys)”
(wCGSRfs)Z + (gmRps)?

(Rfs + gmRos*(R + P — 2- Im{c}VRP))

1+ jwCesR
+2-Re{_ SO G5 s

JjwCssRes — gmRps (Rfs +Rps(R + ¢ ]\/ﬁ))}

Car2,7fs _ wCGs(wCGsts +jngDS) 1+ jwCesRes (3.57)
4kpT (gmRps)* + (“’CGsts)2 @CasRys — gmRos

(Rfs + gmRps*(R+P—2- Im{g}\/ﬁ)) +Res + Rps(R—¢” -j\/ﬁ))
CAZl,Tfs = CA12,Tfs*

Cazarrs (wCss)?

4kpT (gmRps)? + (wCGSRfs)

5 (ngDSZ(R +P-2 -Im{g}\/ﬁ) + RfS)

for the series resistive feedback. The correlation coefficient ¢ in (3.56) and (3.57) refers to the correlation be-
tween the noise current sources according to Pucel’s model. By means of the just derived NCM parameters
Car1,7rp> Cazzrp and Cay1,75s, Cazarrs the dependency of the overall noise characteristic of the parallel and
series feedback amplifier on the magnitude of Rs), and Ryg can be deduced without moving to further complicat-
ed expressions for the four noise parameters. Assuming that the FBPA is driven by a low source resistance, the
input referred noise voltage source is dominant and thus €444 describes solely the noise characteristics of the
amplifier, whereas for high source resistances C4,, contains most of the important noise information. The spe-
cific dependency of Cyq1,75p and Cpzp 1fp ON Rpyy as well as Cyqq,75s and Cazp 75 ON Ryg for a 8X125um HEMT
is plotted in Fig. 3-27 below. Pucel’s noise parameters P and R are assumed to be equal to 1.5 and 0.7 for the
typical bias point of Vg =28 V and Ipg = 200 mA/mm here, but any other values only affect the overall magni-
tude but not the dependence on the feedback values Ry, or Rs. Clearly observable from (a) and also (3.56) is
that the effective input referred NVSD caused by Ry, is independent of frequency and exhibits only a minor
contribution for values larger than 100 . Since for proper I/O-matching Ry, needs to be at least in the order of

magnitude of 150 € (see chapter 3.2.1), the parallel feedback shows only negligible contribution for low source
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impedances. For high source impedances in contrast a slight frequency dependence of the NCSD becomes visi-

ble in (b) for Cpy; 75p, but with a similar characteristic as C4q1,77p for values larger than 100 Q.
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Fig. 3-27: Dependency of (a) C411,75p 0N Rfp, (b) Cazzrpp 00 Rep and f, (¢) Cp11,775 00 Ry and f and (d) Caz27fs 0N Ry and f for a
8x125um HEMT

The input referred NVSD and NCSD in case of resistive feedback possesses a much stronger dependency on
Rgg as well as on frequency, as (¢) and (d) illustrate. Additionally, the overall amount of noise contribution com-
ing from Ry, is already much larger than from Ry,. Consequently, series feedback leads to a much faster degra-
dation of the FBPA“s NF than parallel feedback. At this poinnt of the analysis it can be already stated that it is
thus beneficial for a low noise design to keep Ry, as small as possible and to control the amount of desired feed-
back via the parallel feedback resistor, still under consideration of adequate I/O-matching, as discussed in sec-
tion 3.2.1. By even further simplifying the NCM matrices from (3.56) and (3.57) for the DC case (w = 0), the

oversimplified NCMs in (3.58)-(3.59) can now even serve to compute the four noise parameters.

Carro _ 1 Rep(1+ gmPRrp)  GmRpp(P + 1)
T (1= guRe) | OmBpP+ D) Gm(P + 0mfy)

(3.58)
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CA,Tfs _
4kgT

Im (gmRps)?

P 1- 2gmR
—+Rfs(1+ﬂ) ol
0 0

From (3.58) the four noise parameters of the parallel feedback hence result at DC in

R
RLS”(1 + GmPRp) + 2gmRsp(P + 1) + gmRs(P + gmRyp)

(1 - ngfzo)2

FTfp = 1+

ngpr(1 + gmPRsp) (P + gmRpp) + gmRep (P + 1)

Fmin,Tfp =142-
(1- ngfp)2

2
1 \/1_'_ (ngfp)

Y, =—
oPETIP = Re 1+ gmPRyp

1+ ngpr
Rurfp = Rep 2
(1 - ngfp)

and accordingly for the series feedback from (3.59) in

1 P 1-— zngDS
Frpe =1 +—[—+R (1 +—)]

1fs RS Im fs (.ngDS)2
Frinres = 1
Yopt,Tfs =0

P 1 - ngRDS
Rorps = —+R (1 + —)
mIS T g Y (gmRos)?

(3.59)

(3.60)

(3.61)

(3.62)

(3.63)

(3.64)

(3.65)

(3.66)

(3.67)

As equation (3.60) for the DC case shows, the noise factor of the parallel feedback HEMT tends for

pr—>009to

FTfp =1+ P/(gmRs),

(3.68)

which is equal to Rs — 0 Q for the series feedback in (3.64), representing the noise factor of the HEMT’s chan-

nel-noise alone. For Ry, = 0 Q in contrast, Frs), strives toward the constant value of
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Fryp =1+ gmPRs, (3.69)

after exhibiting a pole (Frz, = o) for Rg,, = 1/gs,. For Reg — 00 () in contrast, the noise factor Frfg tends con-
tinuously to infinity.

After the investigation of the general low frequency noise dependencies for the series and parallel feedback
amplifiers separately, both feedback concepts are now applied together to identify the optimum values of Ry,
and Ry for retaining low noise performance. Since any difference in gain would cause variations in the NF and
thus do not allow for a meaningful comparison in the noise analysis, the parallel and series feedback resistor
values of R, and Ryg are somehow dependent on each other, as already presented in section 3.2.1 and defined
by (3.22). It is now possible to derive the optimum values for R¢s and Ry, which give optimum noise perfor-
mance at a fixed gain of 10 dB and at the same time an I[/O-RL of better than 10 dB. The computations are con-
ducted again for a 8x125um HEMT with P = 1.5, R = 0.7 and ¢ = -j0.8 and are based on the frequency depend-
ent NCMs from (3.56) and (3.57). Furthermore, the four noise parameters are only plotted against Rg,, in Fig.
3-28, since Ry, is coupled to Rgp, by the 10 dB value sets defined by the small-signal matching in 3.2.1. All the
computations were done in Matlab, since the equations for the NCM with both feedbacks are very complex and

thus very prone to errors for hand calculations.

(Remark: The matching performance at higher frequencies will differ from the computed values due to the

reactive elements of the HEMT. Since only DC-matching is considered here for the computation of the Ry, and
Rgs value set, decreasing R will not only improve Fy,;, at high frequencies but alter the matching performance

as well!).

I
,,'I,;I,"
G
'&'I,,';,,

{
7
%%

,'I
%
%
Z

2
%
Z

W
%

Y
%

S
N

R inQ

7 ino 00 fin GHz
P

Zf =15..165Q

400

300
200 100

Z inQ fin GHz Z inQ fin GHz
fp fp

Fig. 3-28: Fynin, Ru, |Ts,ope| and £(Tsope) vs. £ and vs. Rp,, for Spy= 10 dB (Rys = 1.5...16.5 ) of an 8x125um HEMT applying parallel

and series feedback
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As can be seen from Fig. 3-28 above, Fp,;;, shows a stronger frequency dependence for larger Ry, and
therewith also for larger Rsg values than for smaller ones. This leads to the conclusion that with increasing
amount of series feedback the frequency dependence of Fy,;y, rises, as already indicated by Cyq11,75s and Cuzz 75
in Fig. 3-27 (c) and (d). Dependent on the targeted BW of the design, it might be beneficial in terms of a flat
noise performance to either choose large values for Ry, and Ry for applications with an upper frequency of on-
ly a few GHz or small values for R, and Rg, for applications reaching up to several GHz. It needs to be fur-
thermore kept in mind that large values for Rr, and Ry lead to a higher effective noise resistance Ry, which
increases the sensitivity of the FBPA’s NF to input matching deviations, as can be seen in Fig. 3-28. From the
two [ ¢ plots it can be further deduced that for feedback values of Rs, &~ 200 () the optimum noise match for

obtaing F,,;,, comes close to 50 ) at low frequencies.

3.3.3 FBPA Design Criteria

As presented in chapter 3.2, realizing good small-signal matching, high output power, high linearity and low
noise at the same time can only be met by making trade-offs and performance sacrifices. In the case of FBPAs,
the design procedure is unfortunately not as straightforward as it is for narrow-band PA designs. Dependent on
the operational frequency, the often used valid approximation of S;, = 0 in narrow-band designs simplifies the
design process, because the input and output matching network (IMN/OMN) can be designed separately and
almost independent of each other. Starting from a mathematically synthesized MN leads very quickly to a prop-
er result without time consuming tuning of the MNs. In the case of FBPAs, where S;, is of noticeable magni-
tude due to the feedback, the IMN and OMN design cannot be separated due to the resulting bilateral amplifier.
This complicates the determination of the starting MN component values and makes an iterative approach una-

voidable.
r * small-signal
: \
Pygt: Gain-
sa SP@DC): || sp@ f,): Shape OIP3/HD:
= = = -
Wtot R R
’ IMN/OMN Rfs, R
(= 2.5 W/mm) el 2 pr, Lg (511 = Fs opt) s 5fp
/ J

noise

Fig. 3-29: Flow-chart for FBPA design guidelines
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The flow-chart in Fig. 3-29 presents an iterative guideline for the design of a FBPA, comprising parallel- as

well as series-feedback. Depending on whether small-signal matching, power, linearity or noise is the most crit-

ical parameter given in the specifications, the other parameters have to be always traded-off for the key parame-

ter. The optimization process for the targeted key parameter is indicated by the corresponding colored arrow in

Fig. 3-29, forming iteration loops. The last four action items can be skipped independently, if their correspond-

ing parameters are not of major concern. In case all four parameters are of equal importance a meaningful trade-

off by successive approximation has to be found.

10.

Recommended Design Procedure

Selection of the proper device size (W;,;) to obtain the specified maximum output power (Psy.). (Recom-
mendation: A rule-of-thumb for 0.25um GaN FBPAs is around 2.5 W/mm for broadband PAs as a reasona-

ble starting value).

Determination of the parallel- and series-feedback resistors based on the DC/low-frequency specifications
for small-signal gain (S,;) and input/output matching (S11/S2,), as described in section 3.2.1 in equations
(3.22), (3.24) and (3.25).

Initial calculation of the complex conjugate input (Z;,") and output (Z,,7") impedances at the targeted up-
per band edge in order to retain starting values for a proper small-signal match at f,. (Remark: Dependent

on the bandwidth and required matching, the number of MN-stages has to be selected wisely).

Gain shape trimming by means of either a series feedback inductor (Lgp) or/and by an inductor (Lg) con-
nected to the drain of the power HEMT. Both approaches help to reduce the feedback toward the band edge
and thus boost gain if desired. (Remark: This step has to be done at an early stage, since IMN and OMN are

very dependent on the parallel feedback elements).

If step 4 is applied, again tuning of the IMN and OMN from step 3 is crucial to maintain the desired small-

signal matching.

Tuning of the IMN until S;;* features a trajectory close to I opt in the smith-chart. If minimum noise is the
key parameter, this step has to be done at an early stage and prior to the OM design, since only the IM as-

certains low noise performance.
If step 6 is applied, again tuning of the OMN from step 3 is crucial to maintain the specified output match-
ing.

Tuning of the HEMT s load-line by adapting the OMN values or number of MN stages. Dependent on the
bandwidth requirements an additional MN stage might reduce the opening of the load-line over frequency
and even improve the small-signal matching. (The introduction of an additional zero leads to a twist in the

load-line, which minimizes the generation of idle power in the HEMT).
If step 8 is applied, again tuning of the IMN from step 3 is crucial to maintain the specified input matching.

Examination of the resulting linearity performance (e.g. HD, OIP3). If the linearity specifications are met
the design is completed. If not, either chosing a larger device or changing the amount of feedback might

help to improve linearity.
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3.34 DC - 6 GHz Feedback PA Design

The following section presents the design of a high linear and low noise DC - 6 GHz HPA with a targeted
Ps4¢ of 35 dBm. Due to the given linearity specifications from Table 1-1 and also out of gain flatness and band-
width reasons, the feedback topology is very well suited, enabling also low frequency operation down to DC in
general. Frequencies below a few hundred MHz can only be achieved when external SMD capacitors (C,yt)

areused, as sketched in the general schematic of the FBPA in Fig. 3-30 below.
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Fig. 3-30: Schematic of FBPA applying series and parallel resistive feedback with off-chip low frequency extension
and external bias-tees

Series feedback cannot be omitted to boost output power, since it is cruicial to obtain a reasonable S;;input
match, as presented in section 3.2.1. Also the slight increase in NF due to Rg,, which was analyzed in the previ-
ous chapter 3.3.2, cannot be avoided in terms of proper input matching. Since Ry is deliberately chosen small to
only 4-5 (), the corresponding degradation in output power and NF is kept relatively small. The input matching
network (IMN) and output-matching-network (OMN) were in the first designs simple one-stage L-section filters
in order to realize an I/O-RL of better than 10 dB over the whole bandwidth. The two initial versions (a) and (b)
depicted in Fig. 3-31 are matched for different BWs, because the accuracy of the models and the process varia-
tions were completely unknown for the utilized GaN technology for the first design. After first in package
measurements with an external 1uF SMD capacitor in the parallel feedback path, the designs proved to be prone
to arsinig oscillations at the upper frequency band. The reason for this was the LC-resonance circuit generated
by Crp, and the bond-wires Lgy,, connecting Ceyy off-chip. One approach is to chose the constant Lgy Crp in
such a way, that f..s falls out of band (f..s > 6.5 GHz). (s, has to be thus designed sufficiently small, since
Ly is limited by manufacturing tolerances and cannot be made arbitrarily small. This leads to the problem of
nonoverlapping frequency ranges for the on-chip and off-chip capacitor, since the 1uF SMD capacitor exhibits a
self-resonance frequency (SFR), where the on-chip capacitor is still too high-impedance. Consequently, the ef-
fective impedance in the parallel feedback path is altered, which in turn manifests in a kink in the S-parameter
around the SRF of the SMD capacitor. The other more efficient solution is to simply add a few Ohms of atten-

uation resistance (R,;;) on chip to decrease the Q of the resonance circuit and therewith damp possible arising
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oscillations within the band. It has to be considered that the additional resistance has to be of equal size on-chip
and on the external PCB. Otherwise a small kink in the gain will become visible based on the difference in
overall feedback resistance Ry, + Rg¢r. Moreover, the position of R on chip is of vital importance. Placement
of Ry in front of the right C,,, bonding pad leads to additional loading of the FBPA’s output by a series RC-
low pass filter. This filter is formed by R, and the parasitic footprint pad capacitance of the external SMD ca-
pacitor C,,;. Therefore, placement of R in front of the left C,,; bonding pad only, as depicted in Fig. 3-31 (c),
does have the same damping effect on the external resonance loop but not any effect on the ouput loading. Sole-
ly the feedback is affected slightly, which decreases anyway with increasing frequency and is thus not noticea-
ble at the upper band edge.

(©

Fig. 3-31: Photograph of DC-6 GHz Feedback MMICs (a) “Futago V17, (b) “Futago V2” and (c) “Futago V3”

The third and final version of the DC-6 GHz FBPA “Futago V3” is depicted in Fig. 3-31. After the experi-
ence of the first two chip designs, the 8X150um HEMT (W; = 1.2 mm) was replaced by a 10x175um HEMT
(W = 1.75 mm) to further boost the output power in package above 35 dBm, which could not be achieved with
the 8X150um HEMT in the first two versions in Fig. 3-31 (a) and (b). Unfortunately, this comes at the cost of
slightly worse I/O-matching. Part of the degraded matching was compensated by making use of a 2-stage IMN,
giving a second notch in the S;; and improving the /-RL back below 10 dB, as shown in Fig. 3-32 (b). The
small kink at 500 MHz is owed to the two different measurement setups, which are necessary to characterize the
small-signal performance down to 10 MHz. Worth mentioning in terms of output machting is the necessity for
an external drain biasing in such broadband FBPAs down to DC. Opposed to narrow-band designs, where the
resonance frequency of the on-chip biasing structure (usually RF-chokes) can be designed to lie below the band
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of interest, multi-decade FBPAs operating down to DC cannot make use of such purely reactive on-chip bias
topologies. Because of this reason the drain bias needs to be fed via the output of the FBPA, which causes an-
other design problem. The need for an off-chip drain biasing, increases the current through the OMN. In order
not to restrict the life-time or reliability of the FBPA caused by electromigration failures, the MSLs and coils in
the OMN need to be wide enough to handle the total amount of DC plus RF current. Moreover, the maximum
current handling capability of the coils and MSLs in the output matching network (OMN) is especially for fre-
quencies below a few MHz significantly reduced due to the increased thermal triggering of electromigration.
The MSLs and coils have to be therewith dimensioned sufficiently wide to handle also the DC current, which
affects in turn the SRF of the matching coils and makes a decent matching of the output of the HEMT to 50 () at
high frequencies much more challenging.
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Fig. 3-32: Measured (a) S,; and (b) S;1 and S,, of the DC-6 GHz FBPA “Futago_V3” in package at Vg =28 V and Ipg = 200 mA/mm
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g. 3-33: Measured NF and G4 for (a) 1-6 GHz and (b) 10 MHz - 2 GHz of the DC-6 GHz FBPA “Futago_V3” in package
at Vps =28 V and Ipg = 200 mA/mm

Since for the application in a SG the NF of the FBPA is also an important FoM, NF measurements over the
whole frequency range were conducted and are depicted in Fig. 3-33 for (a) above 1 GHz and (b) below 1 GHz.
The minimum in NF was determined to 2.7-3.0 dB at around 1 GHz and clearly visible is the typcial flat noise
behavior towards 100 MHz, which is beneficial in feedback based topologies. Over the frequency range from
30 MHz to almost 5.5 GHz stays the NF below 5 dB. Below 100 MHz the NF starts to rise again, which is
deemed to be caused by the 1/f noise of the HEMTs on the one hand and by the resistive gate-bias on the other
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hand. The exact 1/f noise corner frequency of the utilized process is not known, but the present actual meas-
urements indicate that it lies below 50 MHz. This is in accordance with reported GaN HEMT 1/f noise corner

frequencies from the literature, which are in the order of 1 — 10 MHz [86].

As already mentioned, the increase in device size from W; = 1.2 mm to W; = 1.75 mm in order to increase
the maximum output power above the targeted 35 dBm is sufficient, as Fig. 3-34 illustrates. A remarkable flat
Pyq¢ characteristic with a APg,; of only 0.5 dB could be realized over the full band, after fixing some minor

SMD self-resonance issues arising from the package assembly.
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Fig. 3-34: Measured P, of the DC-6 GHz Feedback MMIC Futago_V3 in package at Vpg =28 V and Ipg = 200 mA/mm

The downside of the improved APs,, performance by increasing the device size by roughly 46% is the in-
crease in HD2 from prior -40 dBc to only -35 dBc at P,,; = 25 dBm at midband, as the measurements in Fig.
3-35 (a) reveal. By further increasing the drain quiescent current from Ipg = 200 mA/mm to 250 mA/mm the
second order harmonic can be reduced by 5 dB. Surprisingly for the two-tone intermodulation measurements the
OIP3 behaves in an opposite way, showing that a further increase of Ipg toward class A does not necessarily

reduce third order intermodulation products.
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Fig. 3-35: Measured (a) HD2 at P,,,; =25 dBm and (b) 0IP3 with Af =5 MHz of the DC-6 GHz Feedback MMIC “Futago V3” in
package for Vpg =28 V and Ipg =200, 225 & 250 mA/mm

67



CHAPTER 3 - BROADBAND POWER AMPLIFIERS

3.3.5 Performance Improvement Measures

The following sub-sections will shortly address circuit concepts, which are suited to improve the gain-
bandwidth product compared to a simple CS-FBPA. Due to the lack of CG-models in the PDK and the limited
time-frame of this work, none of the suggested concepts has been implemented in hardware, but is intended in
the future work.

Cascode FBPA

The implementation of cascodes is a useful measure to increase the bandwidth of an amplifier by the sup-
pression of the Miller effect [87]. Due to the increased output voltage swing, the maximum output power as
well as gain is raised. In general it is possible to apply two different concepts of parallel feedback over a cas-
code, which are shown in Fig. 3-36. Either the feedback loop is closed over the whole cascode, as depicted in
(a), or only over the CS-HEMT as in (b). The former approach is the more common one due to its larger feed-
back effect, which was successfully applied without series resistive feedback in GaN by e.g. K. Kobayashi in
[88, 89], achieving a BW from 0.25-3.0 GHz with roughly 20 dB gain together with an output power of 8 W
and an OIP3 of larger than 50 dBm.

Ry

(a) (b)

Fig. 3-36: Schematic of Cascode FBPA with series and (a) parallel resistive feedback over CS-HEMT and (b) parallel resistive feedback
over CS- and CG-HEMT

Unfortunately as already mentioned at the beginning, based on the lack of proper CG-HEMT models in the
utilized GaN25 technology and on the susceptibility to instabilities of the cascode, the FBPA design with cas-
codes was not realized within this work. A second disadvantage of the cascode is its inherent frequency depend-
ent mismatch between the CS-output and CG-input, which complicates power matching over wide frequency
ranges without sacrificing too much gain at the same time. Nevertheless, making use of cascodes might give
superior performance dependent on the targeted frequency range.
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Darlington fr-Doubler & Darlington fr-Doubler-Cascode FBPA

In order to overcome the inflicted BW -restriction by Cgg in CS- and CC-FBPAs, the implementation of a
Darlington stage, as depicted in Fig. 3-37, helps to boost the BW significantly. Since originally Ry is equal to

infinity in a Darlington-stage, the input impedance would be first of all equal to

Imi j ( 1 N 1+ Rgsngl)’ (3.70)

Zin = Rgs1 + Rgsz — —-=
0%Cgs1Cgsz W

Ces1 Ces2

which gives an effective input capacitance of

Cgs1Cos2 3.71)
Cos2 + Ces1(1 + RgsaGm1)’

Cinerr =

under negligence of any feedback (Cgp = 0 F). Equation (3.71) reveals that the effective input capacitance
Cin,ef s 1s only for very small Rgs, equal to the shunt connection of Cgsy and Cgs,- For equal Cgsq and Cgs, the
final input capacitance would be halved, which also can be viewed as doubling the fr, according to f =
Im/ (a)C ,N,eff). A Darlingtion stage forms thus a kind of fr-doubler circuit. Due to the loading of T;’s source
by Cgs; in a Darlington stage (Rg; = o (1), no RF-current and thus output power can be contributed by T; at
DC. Only toward fr, enough RF-current can sink through Cgg, towards ground and the output power contribu-
tion becomes more equally distributed between T; and T,. In order to keep the output power contribution of
both HEMTs constant over frequency, a series resistive and inductive feedback needs to be applied at the source
of T;, as already proven by K. Krishnamurthy et al. in [90]. Moreover, T; and T, need to be of equal size to
reach saturation of both devices simultaneously. Under consideration of the series feedback elements, the input
impedance results in

7 =R +;+ (1 + Im )(} Zfs(1 +ijGSRGS) ) (3.72)
N2 = 76 T s jwCgs/ \jwCesZss + (1 + joCgsRgs)

where Z¢s = Rss + jwLss. Chosing now the values for the series feedback elements equal to Lgs = CgsRgs/gm

and Rrs = 1/ g, ends up in the compensated input impedance

1
7o =2-(R (3.73)
IN ( GS +ijGS).

such that the drive voltages for T; and T, are constant over frequency and hence the RF-currents through T; and
T,. Moreover, by adding a series inductance at the source the input sees a frequency independent real-part (see
[91]), which compensates the negative real-part in (3.70) and hence stabilizes the standard Darlington-stage.
With respect to output power, the Darlington fr-doubler stage with the same overall device size performs slight-
ly worse than a simple CS-HEMT. This is based on the fact that the maximum voltage swing of T; is reduced by

the series feedback Z¢s by around one pinch-off voltage.

Furthermore, the Darlington fr-doubler stage can be in general also combined with a CG-HEMT, forming a

cascode, as depicted in Fig. 3-37 (b). This might even further improve BW, power and linearity, as already pro-
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posed for the CS-FBPA in the preceding part. Based on the limited time for this work a comparison of a Dar-
lington FBPA with the designed CS-FBPA has not been conducted, but is intended in the future.
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Fig. 3-37: Schematic of FBPA with (a) Darlington-stage and (b) Cascode Darlington-stage applying series and parallel resistive feedback

3.3.6 Key Findings

The concept of feedback based amplification is well suited for the implementation of multi-decade PAs,
where not only Pg,; is of interest but morevoer high linearity and low noise operation are required at the same
time down to very low frequencies. From the preceding analyses in chapter 3.2.1, 3.3.1 and 3.3.2, the trade-off
between optimum small-signal matching, high power gain and low-noise performance was examined down to
low frequencies. It becomes evident that not all design optima can be fullfiled at the same time. On the on hand
with increasing feedback the power gain drops and the NF increases, but on the other hand small-signal I/O-
matching and linearity improve up to a certain point. The exact trade-offs for linearity will be discussed later in
chapter 4.3.

In order to verify the suitability of GaN technology for building multi-decade FBPAs, a multi-decade
10 MHz - 6 GHz FBPA implemented in a 0.25um GaN technology with an fr of 30 GHz was designed and the
measurement results are presented. The FBPA design exhibits a power gain-bandwidth product of larger than
60 GHz and is capable to operate even down to DC, dependent on the lowest frequency provided by the external
SMD feedback blocking capacitor. Moreover, a NF in the frequency range from 30 MHz up to 5.5 GHz of
smaller than 5 dB with a minimum of 2.8 dB at around 1 GHz was achieved. The maximum output power of the
FBPA is larger than 35 dBm with a corresponding output power flatness of APs,; = 0.5 dB over the full band.
The measured linearity performance proved to be reasonably good with a HD of better than -35 dBc at
Pyt =25 dBm and an OIP3 of larger than 40 dBm over the full bandwidth. All of the measurements were taken
at a nominal bias point of Vpg = 28 V and Ipg = 200 mA/mm, which gives with respect to thermal simulations a
reliability of larger than 10° hrs, according to the Arrhenius plots provided by the foundry.
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34 Distributed Power Amplifiers

The traveling-wave amplifier concept was invented in 1936 by W.S. Percival, based on electron tubes [92].
The main idea behind this concept is the integration of the parasitic elements of the amplifying devices into the
input and output transmission lines, forming so called artificial transmission lines. It was only after the advent of
solid-state circuits in the early 1980°s that the TWA concept was picked up again by Y. Ayasli [93, 94, 95, 96],
J. B. Beyer in [97, 98] and later K. B. Niclas [80, 99] and the first GaAs TWAs discovered their commercial
break-through. Frequencies exceeding several GHz opened up new application spectra, as e.g. in the realm of
radar systems, optical communications and also measurement instruments. For the latter application, solid-state
TWASs enabled to push the BW in e.g. network analyzers (NVA) or (vector) signal-generators ((V)SG) above
any known limit by that time.

3.4.1 Transfer Characteristics

The principal of operation of a traveling-wave amplifier (TWA) or distributed amplifier (DA) is very
straight-forward, once it is understood. As can be seen in Fig. 3-38, the input signal applied to the port RF;y
travels down the gate-line and is at the end of the gate-line absorbed by the impedance matched gate-termination
RF ;7 in order to minimize reflections seen from the input. On its way along the gate-line, the signal experiences
ideally only a shift in phase, so each amplifying stage connected to the gate-line is driven by the same signal
amplitude. After amplification of the gate-line signal by each amplifying stage the signal is fed forward onto the
output line, which is also called drain-line, in correspondence to the drain output port of the amplifying stages.
The crucial condition for amplification is the coherency of the phase delay on the gate- and drain-line, which
has to be exactly equal in order to obtain constructive interference at the output port RF, ;7. It can hence be de-
duced from the fundamental prerequisite of constructive interference that the gain of the TWA depends on the
sum of the amplifying stages rather than on the product, as it is the case in chain- or cascaded amplifier struc-
tures. In Fig. 3-38, voltage controlled current sources with equal transconductance g, are assumed in each am-
plifying stage at the beginning. Based on the foregoing simple consideration the voltage gain for equal phase
velocities on the gate- and drain-line of the TWA can be derived to

1
Gy = 5NgmZop, (3.74)

where Z, p represents the characteristic impedance of the drain-line. The factor 1/2 illustrates that due to the
symmetry half of the output current is dumped in the drain-termination R, which is disadvantageous in terms
of output power, but helps likewise to R;r to obtain lower reflections and therewith better output matching. As
equation (3.74) already suggests, the gain of the TWA is only of moderate magnitude, but the great advantage is
the high bandwidth, based on the distributed nature of the TWA. Despite its parallel appearing structure, the
amplifying stages are not truly electrically arranged in parallel but rather are integral parts of the gate- and
drain-TLs. Thus, all parasitic input and output capacitances of the amplifying stages are not added, as e.g. in a
real parallel amplifier where the bandwidth decreases with the number of parallel stages, but are part of the gate-
and drain-TL, forming so called artificial transmission lines.
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REw o3
EL/2

Fig. 3-38: Conventional uniform TWA (UDPA) topology with voltage controlled current sources as active elements

If the voltage controlled current sources of Fig. 3-38 are replaced by common-source HEMT's with a simpli-
fied small-signal equivalent circuit model (green dashed box in Fig. 3-39), the artificial gate- and drain-line be-
come capacitively and resistively loaded, as Fig. 3-39 indicates. The so formed T-sections can be approximated
by lossy constant k-sections, which suppose to be ideally terminated at both sides in their image impedance. In
this way, a distributed nature of the line can be assumed for the derivation of the following transfer characteris-
tics, which are summarized in Table 3-1 and are derived in Appendix D and E according to [100].

MSL

RFn MSL

Fig. 3-39: Conventional uniform TWA topology (UDPA)
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Table 3-1: General uniform TWA formulas

Power Gain

ngZGZD e_N'yDlD — e_N'yGlG

P = : !
4(1 + jwCgsRes)? e%(VGlG—VDlD) _ e_%(VGlG_VDlD)

(3.75)
. N 2
_ Im*ZeZp ) e—g(Ychﬂ/Dln) _ sinh (7 (rele — VDlD))
B ' 2 1
L+ jolesRes) sinh (7 (relec —vp lD))
7 R;' +jwLg'
=
’ (wCGS)ZRGS . ’ CGS (376)
(GG + 5= 5 )"‘JO)(CG + )
Gate/Drain-Line 2-1g(1+ (wCgsRas)?) lg(+(wCsRgs)?)
Impedance
7 Rp' + jwLp'
D
G + i) + jo (Cp' + 525 (3.77)
Rpslp Ip
w?CesR L:'C
G . ap = — 768, L (3.78)
ate/Drain-Line 2 Ic(1+ (wCgsRgs)?)
Attenuation
(BG = BD) 1 LD’ (3 79)
a = .
P~ 2 Rpslp Cps
L¢'Cos
fo=w: J (3.80)
Io(1 + (wC;sRcs)?
Gate/Drain-Line o (wCesRes)®)
Phase Coeff.
/LD’CDS
Pp Zw- —lD (3.81)

Equation (3.76) and (3.77) describe the characteristic loaded gate- and drain-line impedance with the un-

loaded series gate-/drain-line resistance R /D', series inductance L /D', shunt line conductance G /D' and shunt

capacitance Cg /D' per unit length. It is always assumed that the input and output impedance of the transistor is

“smeared” over the gate- and drain-line length [; and [ per section. This distributed assumption is only valid

up to frequencies at which the gate- and drain-line become periodically loaded by the transistors. The corre-

sponding gate- and drain-line attenuation and phase coefficients can be approximated by (3.78) to (3.81) under

the valid assumption of Cgs/ps/lg/p > Cg /D' and for small w. Note that in all presented equations (3.75) to

(3.81) above the impact of the feedback capacitance (Cgp = O F) is neglected for simplicity.
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34.2 Capacitively Coupled TWA Biasing

Capacitively coupled TWAs (CCTWA) make use of a series coupling capacitor (C) in front of each ampli-
fying stage in a TWA. In this way, the effective input capacitance seen by the gate-line is lowered by means of
the additional introduced series capacitance and therefore bandwidth can be traded-off for gain, as presented by
A. Ayasli in [95]. In order to provide proper gate-biasing to all transistor stages in a CCTWA usually one of the
two most common topologies is applied, which are depicted in Fig. 3-40 below.

RFo

(a) (b)

Fig. 3-40: (a) parallel RC-biasing scheme and (b) separate biasing scheme for capacitively coupled TWA stages

In Fig. 3-40 (a), the gate-bias is fed over the RF gate-line and for this reason an on-chip DC by-pass resistor
Rp is needed. If operation down to DC is desired the external RF-choke L., has to be replaced or expanded by
a series resistor Rp ¢+ providing several hundreds of Ohms, since otherwise the lowest frequency of operation is
confined by Lg ox¢. In Fig. 3-40 (b) in contrast is the gate-bias immediately connected over Ry to the gate of the
transistor. Though the additional RF-choke Lp ¢y is not necessarily needed as long as the value of Rp is suffi-
ciently high in order not to load the gate. Consequentially, the value for Ry has to be in the order of several
hundreds of Ohms in order to not degrade RF-performance.

If no gate-coupling capacitor is needed in terms of bandwidth, the TWA’s output noise is not significantly
affected by the biasing circuitry since either no resistive components are present or to a major extent mis-

matched to Z,, as will be more closely discussed in section 3.4.3.

343 Noise Analysis of TWAs

Within this section a detailed analysis and comparison of noise in conventional and capacitively coupled
TWAs (CCTWA) is presented. C. Aitchison et al. [101] were the first in 1985 who found an analytical expres-
sion for the NF of a conventional TWA. Later in 2005, W. Ko et al. [102] extended the analysis by taking losses
introduced by the extrinsic shell of the HEMT and the gate- and drain-feeding structures of the TWA into ac-
count. By using lossy m-derived sections instead of lossless constant k-sections they found out that the NF can
be mainly underestimated towards higher frequencies, when additional propagation losses as well as parasitic
inductances are neglected. In terms of broadband amplifiers down to DC, which are intended for the application
in signal generators (SG), especially the NF at low frequencies is a critical parameter, because the step attenua-
tor at the output of the SG exhibits less attenuation at low frequencies than at high frequencies. Accordingly, the

minimum SNR specification of the SG is more likely violated at low frequencies than at high frequencies, as
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was also shortly discussed in the introduction in chapter 1.1. Out of this reason, the following noise analysis is
based on the analysis from C. Aitchison et al. [101], since the absolute NF value at the upper band edge is not
of major concern. More important is the low frequency noise arising from the bias network in a TWA, which is
in the following examinations considered in order to identify the optimum bias scheme for achieving low noise
performance. Additionally, the influence of capacitively coupled gates [95] on the overall NF in a TWA is in-
vestigated for the first time.

In the course of the analysis each uncorrelated noise contributor in the TWA, denoted by x in (3.82), is

identified and its noise impact calculated separately by computation of the corresponding NF, according to

SNR; N, -Z,

NF, =10-1 ( ‘)=10-l (1 = ) (3.82)
x °9\snr, 09\t G, kT

Equation (3.82) assumes that the input and output of the TWA are sufficiently well matched and the power

gain (Gp) is constant over the desired bandwidth. Latter is in terms of capacitively coupled gates a realistic ap-

proximation, because the gain flatness of the TWA can be very well adjusted by using series gate capacitors
[95].

At the end of the noise analysis the summation of the noise-current spectral densities (NCSD) over all m
noise contributors yields an analytical expression for the computation of the total NF (NF;,;), which predicts

the noise characteristics of a capacitively coupled TWA design.

m . N,-Z
NF,o; = 10 - log <1 +%) (3.83)

Additional Note: It has to be mentioned that in the ongoing analysis the electrical length S is used inter-

changeably with the frequency w by making use of the following relationship (3.84)

E=Bl=w- L’ (3.84)

Up

where [ is the length of the transmission-line section in Fig. 3-41 and v, is the phase velocity of the signal. The

electrical length of each gate- and drain-line section is furthermore assumed equal (5;l; = Bplp = BI).

Induced-gate noise in TWAs

For the conventional TWA with no capacitive gate-coupling the induced-gate noise current i, ; feeds on
each gate the real impedance Z,/2, producing a rms-noise voltage, which applies to all N stages and is further

amplified by g,,, of each stage to the output.

The forward transfer function from the k"-stage to the output in a TWA can be derived from Fig. 3-41 and

can be expressed by

Tok, BL) = (N — k + 1) - e (N -K+2)8L (3.85)
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RFx o MSL

Fig. 3-41: Forward and reverse transfer functions T () and T (f) in a conventional TWA

Accordingly, the reverse transfer function yields

Tk, BD) = (%) e (386

The factor Ng,,Z,/4 embodied in the forward and reverse transfer functions is simply omitted in (3.85) and
(3.86) for a better clarity and visibility. To obtain the resulting noise spectral density (NSD) transfer function

fn (k, B1), the squared magnitude of the vector sum of equations (3.85) and (3.86) has to be formed. By making
use of the complex relationship

|E+X|2 = |x|* + |X|2 +2'Re{£'z*}, (3.87)
fn(k, BD) results in

~ sin((k - 1)/31) ’
fu(k, pD) = (N =k +1)* + <W)

2(N -k +1)-sin((k — 1)BL) - cos(kBl)
+ sin(B1) '

(3.88)

k=1 7

f k)

05 I I I I I I
0 0.5 1 1.5 2 25 3

olin rad

Fig. 3-42: Normalized f, (k, B1) vs. Bl for different k and (N = 6) of TWA
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The first and second term of the sum in equation (3.88) constitute the forward and reverse transfer function
squared, whereas the last term results from correlation, generating additional noise power at the output. Fig.
3-42 shows the normalized sum of fy (k, Bl) for the k™-stage of a 6-stage TWA. At the lower and higher band

edges the transfer function becomes more pronounced toward k = N.

The resulting CNSD N; (N) of the induced-gate noise flowing through the drain load Z; = Z, can be fi-

\I |£nG|2égm
' 2

The factor 1/2 takes into account that half of the induced-gate noise current is absorbed by the drain-line

nally described by

2 N
Nig(N) = : Z fu(k, BD). (3.89)
k=1

termination in a uniform TWA (UDPA). The sum term over k in equation (3.89) incorporates the sum of the
noise power of all N stages, where the induced-gate noise i, ¢ of each single stage is uncorrelated. This is only
true as long as no capacitive gate-coupling is applied. In the case of capacitively coupled gates, the induced-gate
noise current does not feed Z,/2 at its gate, as mentioned in the foregoing section, but rather sees different com-
plex (trans)-impedances in the forward and reverse transfer functions. These two transfer functions will be dis-
tinguished in the ongoing considerations. First of all, influences of the BNs are simply neglected, which corre-
sponds to Rg — 0o () in Fig. 3-40 (a) and (b). Later on in this section the implemented BNs will be taken into
account.

MSL MSL

Fig. 3-43: Forward and reverse transfer functions T (81) & Tr(f1l) in a CCTWA

Fig. 3-43 sketches the same TWA schematic as already presented in Fig. 3-41, but now including the series
gate capacitors C¢. Due to the reverse amplification exhibits i,, ; the same transfer function as already equated
in (3.88) but sees a different transimpedance Z;(w) from the k"-stage to the foregoing stages k-i (i = 1...k-1),
incorporating the capacitive voltage divider formed by C and Cgs. In this case the corresponding expression for

Zr(w) equals

7
Ce joCc 3

. Z _ (3.90)
Cas Ce juwces (1+jwCe 5E) +jwCas

Zr(w) =

Now, the output induced-gate noise current of the k™-stage due to reverse amplification can be expressed
via
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sin((k — 1)B1) e—j(N+%)ﬁl.

Zr(w) sin(Bl)

2
| 3.91)

. n
irUe B = 5 Gmyling

Similarly for the forward amplification i, ; sees at the k"-stage the complex gate impedance Z; (), giving

L Z
1+ jwCc 2
Zo(w) = €2 (3.92)

(1 +jw %) jwCs + jwCe

For stages k+1 up to N, the same transimpedance Z;(w) as for the reverse amplification applies. Replacing

Zo/2 in (3.89) by Zg (w) and Z7(w), in¢ due to forward gain for the k"-stage results in

1 [ (ks _
i (6,0 = 5 g lingl” +[26(0) + OV = 027 (@)] - eV 2)7 (499

In the final step, applying vectorial summation of the reverse and forward amplified i, ; from (3.91) and
(3.93) gives the NCSD of i, ; of the k"-stage at the CCTWA"s output

2 N
Nigeor () = ig r (8D + ig r (BD|” = [«/ lingl S| > frulie 0, (399
k=1

where

2

sin((k — 1),81)

frs e, BD) = {|Z5(@) + (N = )Zr (@)]” + )

Zr(w)

(3.95)
5. Gin((k — DEY,

sin(gh) e {(2e(@) - Zr (@) + |Zr @)V = B) ejkm}}

in (3.94) describes the transfer function of one single stage to the output, taking forward and reverse transmis-
sion and the summation over all N stages into account. Comparison of (3.94) with (3.89) for the CCTWA and
the TWA leads to the conclusion that NF; ; for the CCTWA increases toward low frequencies due to Z;(w) and
hence the contribution of the induced-gate noise at the output compared to the conventional TWA is augmented
to a greater extent toward DC, as can be seen from Fig. 3-44.

Channel Noise in TWASs

For the drain-channel noise in (3.96) the CNSD N; p(N) at the output is simply the sum of the channel noise

of each single stage, which therefore yields

1 2
Ni,D(N) = Z'N ’ |£n,D| ) (3.96)
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where again half of the noise-current is dissipated in the drain-termination for the case of a uniform TWA. Op-
posed to the frequency dependent induced-gate noise shows the channel noise no frequency dependence at all,

as Fig. 3-44 below reveals.

——-NF IG,TWA P

12 7
NF IG,CCTWA 4

NF in dB

fin GHz

Fig. 3-44: NF of induced-gate- and channel-noise for TWA & CCTWA with N =6

Correlation between Induced-gate Noise and Channel Noise in TWA & CCTWA

As stated in [101], in terms of no capacitive gate-coupling the correlation term between i, ; and i, , of the
k™-stage can be omitted due to the fact that both currents feed real impedances Z,/2 on the gate- and drain-line
and the correlation coefficient ¢ of HEMTs can be very well approximated to be purely imaginary [59, 103]. In
this case is the output NSD simply the sum of the induced-gate and channel noise transferred to the output. This
observation is only valid in terms of forward noise transfer, but does not take into account that the reverse trans-
fer function creates correlation between i, ; and i, p at the output, affecting NF. In [101], this has not been con-
sidered and is therefore incorporated in the following for the case of a TWA and CCTWA. The NCSD for the
TWA can hence be expressed by

Ci(k) = 2+ Re{ (i (k, BD + i (k. BD) -+ 1p,0(k D)}

sin((k — 1)BL) g1
sin(Bl) ¢ '

, (3.97)
_ Y9mto
4

lingl lino| - Re {g- [(N —k+1)+

Equation (3.97) simplifies further for ¢ being purely imaginary to

mZ /— in((k—1BL) .
Ci(k) = —%C. |£an|2|£n‘D|2 Sm(s(inT)'B)sm(kﬁl) (3.98)

If capacitive gate-coupling is applied, Z;(w) seen by the HEMT-gates is almost purely capacitive, highly
effecting the correlation term C;(k) toward low frequencies (see Appendix C). The resulting correlation be-

tween I, ; and i, p at the output yields the following NCSD in (3.99).

Ci(k) = 2+ Re {(ig,e (k, B1) + i r(k, BD) * in o (K, B} (3.99)
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1

= = G ling] linol”
—ng G| |np

Refe-[(2o(8D + WV =10 2, (BD)

. _sin((k—l)ﬁl)]}
+ Zp(B1)” - e/*P! —singgD

Fig. 3-45 depicts the difference in utilizing capacitive gate-coupling and no capacitive gate-coupling for the
noise correlation term C;, defined by

N
- 1
AOEDWA) (3.100)
k=1
21
6><10 .
/\\
4F |——CCTWA / 4
3 ———TWA S
N< 2r // \\
£ -7 \
L B —
o M\
2» S|
-4 -
0 5 10 15
fin GHz

Fig. 3-45: Simulated C; vs. f for a conventional TWA and a CCTWA with N =6

As can be derived from Appendix C, cancellation in terms of capacitive gate-coupling is more pronounced,
in particular toward higher frequencies compared to the case of no capacitive gate-coupling. From the factor
sin(kBl) in (3.99) it is obvious that if no capacitive gate-coupling is applied, C;(N) becomes positive above
fc/2 or Bl = 90°, respectively, giving rise to the output noise. By designing the TWA only up to frequencies of

fe/2 or Bl = 90°, which might be necessary to reduce ripple in order to obtain flat gain, noise cancellation by
correlation can be exploited in low noise applications.

Thermal Noise from Gate- and Drain-Line Termination

In order to identify the noise influence of the noise arising from the gate-line termination impedance R,
first of all the transfer function from the gate-line impedance to the output has to be determined, which can be

obtained from straightforward calculation or by replacing k in (3.86) with N and adding the additional time de-
lay from R to the N™-stage. The final result gives

(3.101)

_ (sin(N - BD) o
ZR(ﬁl) = <W> e~ JNBL

Tr(BD) is valid for all TWA structures and up to this point independent of the type of implemented gain
stages (Cascodes, Darlington, etc.), capacitive gate-coupling or utilized topology (UDPA or NDPA). To attain
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the corresponding NSD from the gate- and drain-line termination impedances for the CCTWA with simple

common-source HEMTs, the capacitive voltage divider formed by C, and Cgg has to be taken into account.

mZy Cc  |sin(N-BI)
2 Cgs+Cc| sin(Bl)

2
) (3.102)

Ngr(N) = kgT - (1 — IFGle) ' <

Npr(N) = kgT - (1 = |Tpr|?) (3.103)

The transfer function in parenthesis in equation (3.102) represents the overall reverse power gain from the
gate-termination to the output. Conversely, noise arising from Rpr is completely transferred to the output with-
out undergoing any noise-shaping. In (3.102) and (3.103) it is furthermore assumed that R;r and Rpr are not

equal to Z,, as it is often found in real designs in order to enhance gain or matching characteristics. This is con-

sidered by introducing the factor (1 - |F GT/DT |)2, which takes the noise power mismatch between the character-
istic line impedance and line termination impedance into account. Iy pr in (3.102) and (3.103) is simply equal

to

Rerypr = 2o (3.104)

Iy = .
ar.et Rer/pr + Zo

Thermal Noise from Bias-Networks

As already mentioned only noise contribution of biasing-networks for capacitively coupled TWAs is treated
in this section. In terms of simplicity the input-impedance of the HEMT is simply assumed to be purely capaci-
tive and is denoted by Cgg in the following. Furthermore, the RF-input is terminated by the characteristic im-
pedance Zy = 50 Q. For noise calculations the following equivalent noisy circuits are utilized and the noise volt-
age v, g transformed into i, gy, to make use of a similar transimpedance function, which was calculated for the

induced-gate noise already in (3.95).

Cc Cc ZIN,BN1
|
[

Py o 1 I —1° P2 Pyo 1 H ' —1o P
L’\/\/V—é—‘ L’\A/\J
_

Zo/2§ Rp1 ViR  —— Ces =w Zy/2 § Re1  Cos T: QIR

iH
|||—

Fig. 3-46: Equivalent noise representation for TWA’s BN1 of Fig. 3-40 (a)
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|

——Ces =» Zo/2 § RBZ§ Cos=— (M) inpn2

Fig. 3-47: Equivalent noise representation for TWA’s BN2 from Fig. 3-40 (b)

From Fig. 3-46 the following CNSD can be determined for BN1 dependent on Rp; to

|insn1|” = 4k5TRs: - 1+ (wCcRpy)? ( |

and equivalently from Fig. 3-47 for BN2 to

4kyT

linsna|” = -~ (3.106)

Comparison of the two NSDs should be conducted in terms of voltages rather than currents, since the tran-
sistor operates as a voltage controlled current source and thus the noise voltage is the dominant quantity. There-
fore, the noise current needs to be multiplied by Z;y gy, (w) from Fig. 3-46 and Fig. 3-47 and its magnitude
squared to obtain the NVSD at P2, giving for BN1

4kyTRg,
702\ Z
<1 - (wZCCCGSRBl 7) ) +|w <CCRBl + Cas (RBl + 7))

and correspondingly for BN2

2
|vnpna|” = 2 (3.107)

4kgTRy, - <1 + (a)CC %)2>

.
<1 - (wZCcCGsRBZ %)Zf + ((u <CGsRBz + Cc (RBZ + %)))

For exact the same values of Rg; and Rg,, both NVSD at P2 behave similar and become equal for w — 0,

(3.108)

|En.BN2 |2 =

as can be seen in Fig. 3-48 below. The comparable low characteristic line impedance of Zy/2 = 25 () has almost
no influence on the overall noise voltage at the input, which can be also derived by shorting port P1 in Fig. 3-46
and Fig. 3-47, respectively.
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Fig. 3-48: (a) noise voltage vs. f at P2 for (a) BN1 and BN2 with Rz=0.25, 1.0, 4.0 kQ, C;5= 0.5 pF, C = 0.25 pF, Z;, =50 Q and (b)
BNI1 for CGS/CC sweep, Rp=250 Q, Z, =50 Q)

With decreasing frequency the HEMT s input impedance at node P2 becomes due to Cgg very high, giving
rise to the noise-voltage at P2. For the extreme case at DC (o = 0 Hz), equations (3.107) and (3.108) strive for
their maximum value of 4kgTRp,. The fact that the difference in noise contribution at high frequencies between
bias network BN1 and BN2 is only very small is based on the typically small characteristic line impedance Z, =
50 Q compared to Z;y = 1/jwCgs of the HEMT toward low frequencies. With increasing Ry the noise maxi-
mum according to the numerator in (3.107) and (3.108) increases, but on the same time noise matching depend-
ent on Ry and Z;y shifts toward lower frequencies. This enables trimming of the biasing noise by means of
proper sizing of Rp, as depicted in Fig. 3-48 (a). From Fig. 3-48 (b) it becomes also evident that a larger gate
width (W) of the HEMT helps to minimize noise contribution from the bias networks BN1 and BN2 due to the

larger Cgg values and therefore lower transistor input impedance.

Noise Calculations for complete CCTWA Bias Noise

Up to now, noise of the biasing networks BN1 and BN2 was only considered for one single stage. In a TWA
structure the bias networks cannot be considered individually, but rather are connected in parallel to each other.
Either they are physically connected over the RF gate-line (Rg) or over a common bias line (Rg,) on-chip, as
depicted in Fig. 3-49. At low frequencies the RF-choke provides a lower input impedance than the parallel stag-
es. Therefore, only noise contribution from Ry, of the k™-stage has to be taken into account. For the input im-
pedance of Zy j seen by each stage into the gate-line in Fig. 3-49 the approximation of Zg; j > Zg, i is valid.
Accordingly, taking Zs; ; = Zy/2 as input impedance seen into the gate-line, as in Fig. 3-46 and Fig. 3-47 al-
ready presumed, is a valid approximation for the TWA topology down to DC. Finally, the noise spectral densi-
ties of the k™-gate noise current can be transferred to the output with the same function fy, (k, 1) from (3.95)

as the induced-gate noise.
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Fig. 3-49: CCTWA with direct gate bias over Rg; and separate gate bias over R, with an external choke Lg gyt

2 N
[ Jlinsn] gml Z fux(, B1)  : for UDPA
[ \/ nBN “Im

7\, (3.109)
Z fux(lc, B1) : for NDPA
k=1
Merely the impedance Z;(w) and the transimpedance Zr(w) in fy,(k, B1) in (3.95) have to be exchanged
in order to take the different loading by Ry into account. Z; (w) for BN1 and BN2 are equal to

Ngy(N) =

1
ZG,BNI((‘)) = oCoe + ( 2(1+ jwCcRz1) ) (3.110)
JOR6s T\Zo(T + jwCcRp1) + oy
and
Z (w) !
w) = T T .
el jwCc 1+ jwCcRp, (3.111)

T+ jwC:Z/2~ Rss

The transimpedance Z(w) can be expressed by Z;(w) and the transfer functions Agy,(w) and By, (W),
which transfer the noise-voltage at the gate of the k"-stage over the gate-line to the gates of the other N-1 stag-
es. Therein, Agy,(w) specifies the transfer function from the k™-gate voltage onto the gate-line and Bgy, (w)
from the gate-line onto the i"-gate, respectively, with i = 1...N and i # k. The transimpedance Zr(w) can be
thus expressed by

ZT,BNx (w) = ZG,BNx (w) - Apnx (w) - Bpnx (w). (3.112)

Apnyx(w) and Bpy,(w) for BN1 and BN2 (3.112) are equal to
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1
Apni(w) = TRor (3.113)
Lt 2 @+ jwCeRy)
B (a)) _ 1 +ijCRBl
bpn1 1+ jwRp,(Ce + Cas) (3.114)
1

Apno (W) = ————

Apnz(w) .- 2 (3.115)
JjwCcZy

B () = JjwCcRp,

Accordingly, the magnitude of Zr gy, (w) from (3.112) is plotted below in Fig. 3-50, showing that the noise

transfer to the other stages for BN1 increases with decreasing frequency, whereas for BN2 the noise transfer
tends to drop to zero.

25
Ztyy, (@), Ry, = 1k
sol |- 2@ Ry, = 1k
o]
£
= 15
)
z
m 10r
=
N
5l B s

fin Hz

Fig. 3-50: |Z1 gyx(w)| of BNI and BN2

Noise Calculations of Conventional TWA Bias

By means of Fig. 3-40 the influence of the BN for conventional TWAs can also shortly be discussed. In this
case the TWA is usually biased by an external RF-choke Lp ¢4 together with a series resistor Rp o¢, Whose val-
ues depend on the lowest targeted frequency. By omitting Rg, and shorting C in Fig. 3-40, Rp ., just sees for

low frequencies the parallel impedance of Z,/2 and hence the root-spectral-density of the noise voltage refer-
enced to ground at the input can be determined to

4kTR
lempzf _ TRy exe (.117)

RB,ext.

In equation (3.117) it becomes apparent that only the ratio of Rg ¢+ to Zy/2 affects the noise-voltage, show-

ing its maximum at Rp o = Zy/2. Choosing Rp ¢, smaller than roughly ten times Z; loads the input additional-
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ly and consequently deteriorates RF operation. Therefore the maximum noise voltage on the gate-line is ex-
pected to be around 0.2 nV/VHz for Rp ¢y = 10 - Zj.

max(v, ;) = 316 pVA(Hz) ]

v, pp IN NVA(HZ)
o
n

Fig. 3-51: vy, py Vs. Rp gxt/Z of conventional biased TWA

NF Comparison of Conventional TWA and CCTWA Bias

In order to obtain reasonable and comparable NF results the differences in biasing schemes have to be also

accounted for in the power-gain calculations for BN1 and BN2, leading to the following gain expressions

(N-g 'Zo)z 2

Gppni = + |§BN1 (a))l (3.118)
(N-g 'Zo)z 2

Gpane =~ |Bana(@)|". (3.119)

With the aid of equations (3.118), (3.119) together with (3.114),(3.116) and by means of equations (3.109)
and (3.82), the power gain (Gp) and noise-figure (NF) dependence on typical bias resistor values such as
Rp =0.5, 1.0 and 1.5 k() can be plotted for a 6-stage TWA and CCTWA. From Fig. 3-52 the main differences in
Gp for BN1 and BN2 emanate. Since C,; in BN is bypassed at low frequencies the voltage divider formed by
Cc and Cgg strives for the transfer magnitude of one. In return in BN2, Cgg is bypassed by Ry bringing the trans-
fer magnitude down to zero. The lower corner frequency is at the same time dependent on Rp, and shifts with
increasing values to lower frequencies. In Fig. 3-52 (b) it can be clearly seen that the NF for BN1 exhibits a
bump, which is the result from the increasing noise-voltage v, p, toward low frequencies (see Fig. 3-48) and the
increasing Gp from Fig. 3-52 (a). Choosing smaller values for Rp; reduces the maximum NF, but on the same
time shifts the slope toward higher frequencies and more importantly limits the maximum obtainable bandwidth
of the TWA, which is not shown here. The NF for BN2 simply rises steadily due to the gain drop, in which Rg,

determines the lowest frequency of operation.

For the case of no capacitive gate-coupling, the NF stays flat toward low frequencies and does not signifi-
cantly change with Rg. Hence, it can be inferred that capacitive gate-coupling has to be avoided to obtain opti-

mum low frequency noise performance.
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Fig. 3-52: Computed (a) Gp and (b) NF of conventional TWA and CCTWA with BN1 & BN2 (N = 6)

Overall Noise Factor & Noise Figure of CCTWA

In the final step, the noise-factor F of the CCTWA can be calculated by means of summation of all uncorre-

lated noise sources at the output. With (3.94), (3.96), (3.99), (3.102), (3.103) and (3.109), equation (3.82) finally
yields

. 2
F=1 + Mg, <Sm(N'ﬁ D) (Nig)

N - sin(B1)
4

P N

i (gmNzo)2|§BNX(w)|2 ( RD)

n 4(wCGs)2R|ZG (w)|2

N
fenx(k, BD) (Nig) 3.120
.gmNZZolﬁBzvx(OU)l2 kZl ( )

4P

NgmZo|Banx (@)|°

(Nip)

4Rp|H P g
el LN ) (Vo)

+ Mpnx " 2
N2Z,|Bpnx(w)|” #=4

In (3.120), Zs = Z; and My describes the excess temperature ratio between on-chip temperature Ty, (Toc >

T,) and ambient temperature T4 (usually T4,= 290 K), which can either be approximated by experienced estima-
tion or thermal simulations.

Tocy
Ty

= (3.121)
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By simply leaving out the term Ng from the drain-termination in (3.120), the NF of nonuniform TWAs
(NDPA) can be calculated in the same manner. This is based on the fact that not only the noise contribution in-

creases by 3 dB but also the power gain Gp, giving the same NF results.

Remarks and Trade-Offs

One assumption silently agreed to and not mentioned yet is the influence of the difference in quality factor
Q of the intrinsic capacitance Cgg of the HEMT and the coupling capacitance C, which might take effect espe-
cially at low frequencies. Since Cgg results from the Shottky-junction at the gate and C¢ is typically a well de-
fined MIM-capacitance , their parasitic shunt-resistances are different, affecting capacitive voltage division to-
ward lower frequencies. Usually, the quality factor of Cgg is much lower than the one of C¢, leading to a smaller
control voltage of the HEMT at low frequencies and thus ending up in a gain drop. One countermeasure to keep
the gain constant is to use a combination of the bias networks BN1 and BN2 from Fig. 3-49 in order to shunt the
resistive voltage divider provided by the parasitic shunt resistances with the downside of frequency independent

loss, which gives rise to slightly reduced gain performance. If both BNs are applied Zg(8) and Z(8) change to

1
Zg(w) =7 +jwCosRez | 1+ jwCcRp, (3.122)
R Z .
B2 Rp, + 70 (1+ jwCcRpy)
and
Zr(w) = Zg(w) - Apn1(w) * Beny,2(w) (3.123)

with Agn; (w) being the same transfer function from BN1 in equation (3.123) and Bgy (w) being equal to

1
Bgniz(w) = 5 +@1 TRy (3.124)
RBZ 1 +ijCRBl

Since Bpnj2(w) expresses the voltage division produced by the now loaded capacitive voltage divider

formed by C, and Cgg, the power-gain Gp is also controlled by |§BN1_2 (a))|2. Now, the ratio of Rp; to Rp, de-

termines the DC-gain, which has to be set equal to

Rea _ Cc (3.125)
R Cos

to maintain low frequency gain-flatness down to DC. For the chosen gain of Gp = 10 dB, the assumed ratio of
(3.125) equals roughly 0.588. For this ratio, the NF is plotted once again for comparison of all BNs, including
now the BN compromise of BN1 plus BN2.
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Fig. 3-53: NF of TWA & CCTWA with BN1, BN2 and BN1+BN2

It can be seen from Fig. 3-53 that the NF for the case of BN1 plus BN2 rises up to higher values than it is
the case for BN1 or BN2 due to the fact that the effective noisy bias resistance is higher, but stays flat below the
maximum NF of BN1 is reached.

3.44 TWA Design Criteria

This section shall provide some insight into the typical design procedure of TWAs and the corresponding
trade-off between small-signal matching and output power maximization. The two most stringent design param-
eters from Table 1-1 in chapter 1.1 are the multi-decade bandwidth with an I/O-RL of larger than 10 dB and a
maximum output power of > 36 dBm over the whole frequency range from DC-6 GHz, DC-15 GHz or DC-
20 GHz, respectively. Starting with the minimum I/O-RL constraint imposes an important restriction to the min-

imum and maximum characteristic loaded gate- and drain-line impedances (Zog1/opr) in the TWA design,

where Zy¢, /0p, has to be in the range of
26 O < Zygropr <96 Q. (3.126)

in order to fulfill

S11/22 = £0.316 = —10dB, (3.127)

assuming a 50 () impedance environment. Under the simplified assumption of no losses, equations (3.76) and

(3.77) for the artificial gate- and drain-line impedances in a TWA become equal to

L¢/p
7 _ / , (3.128)
0GL/0DL Ce/p + Cinjour
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where Cpy /oyt represents the capacitive loading of the gate- and drain-lines by the effective input and output
capacitance of the HEMTs and Lg,p and Cgp are the inductance and capacitance of the MSL with length [ p,
which can be approximated for lg,p < A¢,p/10 by

le/p

Lgp = _/ZOG/OD (3.129)
Uph
legp 1

Cop = L2 : (3.130)
Vph ZoG /oD

Zogop in (3.129) and (3.130) is the characteristic unloaded gate-/drain-line impedance defined by the in-

ductance and capacitance per unit length of the MSL alone, according to

Lojp_ (3.131)
Ce/p

ZOG/OD =

The phase velocity can be also expressed by the distributed reactances of the MSL or the effective dielectric

-1
I 1; CO
Vph = ( /LG/D Ce/p ) = (3.132)
Véerr

Insertion of (3.129), (3.130) and (3.132) into (3.128) and solving for l;p, results in the necessary gate- and

constant of the substrate

drain-line lengths for a targeted impedance environment of

I _ ZoG /oD c Co

G¢G/Db =~ ., 2 "Linour T /—

/ ( Zoayo )2 . / eorr (3.133)
ZOGL/ODL

With the aid of (3.128) and the effective dielectric constant &5 of the MSLs in the utilized GaN technolo-
gy ([104] — chapter 3.8), it is now possible to find the appropriate gate- and drain-line lengths in terms of the
desired I /0-matching performance for a given capacitive loading (Cyy/oyr) of the MSL. It is important to keep
in mind that to end up in conctructive interference of the traveling-waves at the output, the wave propagation
constants within each section have to be identical (8; = ). Therefore, assuming no loss and negligible capaci-
tance per unit length of the MSLs (C; p" < Cgs /ps/lg/p), (3.80) and (3.81) can be further simplified, giving the

following necessary condition (3.134) between the input capacitance and output capacitance in a TWA.

Lp'ls _ Ci (3.134)
LG’lD COUT'

As aresult, in order to find the corresponding length of the MSLs, the characteristic gate- and drain-line im-
pedance (or capacitance and inductance per unit length) of the unloaded MSL needs to be known a priori, which
can be obtained either by commercially available TLine calculators or by looking up the corresponding equa-

tions in [104]. For a more detailed visualization of the dependency between loaded (Zyg1/opr) and unloaded
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(Zogop) characteristic line impedances, a W = 0.3 mm HEMT with C;y = 0.5 pF and Coyr = 0.1 pF is consid-
ered. By solving (3.128) for Z,;; and plotting it versus Zy. for different [; in Fig. 3-54 (a) allows to determine
the optimum value for Z,; and [, at which the loaded line impedance Z;, is close to 50 (1 in order to end up
in the best matching condition.
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Fig. 3-54: (a) loaded gate-line impedance (Zyg;) vs. characteristic microstrip gate-line impedance (Z¢) for different gate-line lengths
(lg) of 1,2 and 4 mm and (b) corresponding dependence of the gate-line cut-off frequency (f; ) on Zys (Cry = 0.5 pF)
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Fig. 3-55: (a) loaded drain-line impedance (Zyp;) vs. characteristic microstrip drain-line impedance (Z,p) for different drain-line lengths

(Ip) of 1,2 and 4 mm and (b) corresponding dependence of the drain-line cut-off frequency (f; p) on Zgp (Coyr = 0.1 pF)

From Fig. 3-54 (a) it becomes apparent that this results in a trade-off between Z,; and [;. In order to stay
within the input matching limitation for Z¢; presented in (3.126), l; cannot be made arbitrarily small without
violating the matching condition of 10 dB. But as Fig. 3-54 (b) shows, minimizing l; is crucial to push the cut-
off frequency f. ; of the gate-line above the targeted maximum operational frequency of 15 GHz or 20 GHz,
respectively. Increasing Zy¢ close to 100 £ instead helps to maintain a sufficiently high f ; in combination with
optimum input matching at the same time. Values in excess of 100 Q for Z,; are physically not realizable based
on the manufacturing constraints for MSL-width below wyg; = 10 um. Taking a closer look at Fig. 3-55 (a)
shows that the deviation between Z,p and Z,p; is much smaller due to the lower capacitive loading caused by

the much smaller output capacitance Cyyr of the HEMT. Based on the weaker influence of Cyyr on Zyp,,
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smaller line impedances (Z,p) than for the gate-line (Z,;) can be selected, which plays to the handling of higher
current-densities on the drain-line of the TWA. As Fig. 3-55 (b) depicts, the smaller output capacitance Cyyr
leads also to higher cut-off frequencies f.p of the drain-line compared to the gate-line in Fig. 3-54 (b). This
shows that the bandwidth limitation in TWAS is in general dominated by f. ; rather than by f, . This coherency
puts an additional upper limit on the HEMT s maximum allowable input capacitance C;y for each stage in the
TWA design.

Based on the second constraint from the maximum output power specification it is crucial to choose a total
gate-width of TGW = 2 mm to achieve P, > 36 dBm, if an average output power density of around 2 W/mm
is assumed. This ends up in an estimated total input capacitance of at least Cjy ¢o¢ = 3.4 pF (Cgs = 1.8 pF/mm)
and a total output capacitance of Coyr ¢or = 0.6 pF (Cps = 0.3 pF/mm) for the GaN25 technology. Still, the ex-
act capacitance per stage is dependent on the number of stages N chosen in the design. By the formulation given
in (3.135) below, the optimum number of stages N,,; maximizing Gp given by (3.75) can be calculated accord-

ing to the gate- and drain-line losses per section to (see also [97, 98])

_ In(aplp/ag lg) (3.135)
opt aplp —agle

(see also Appendix E.2 for derivation of (3.135)). Thus, knowledge of the exact values for ag, ap and Iz, [
enables the designer to determine the optimum number of stages. The gate- and drain-line attenuations can be
expressed in terms of the 3 dB corner frequency and a cut-off frequency of the artificial transmission lines, as in

[97] and also as derived in equation (D.2.11) and (D.2.13) in Appendix D.1, by

a)z/(wGwC_G)

% = (3.136)
1+ ( @ )2 - (2)2 '
We G W¢
an = wp/We,p
D —
1 _( w )2 (3.137)
W¢ p
with
1
o (3.138)
6/P RinjoutCinjour
2
(3.139)

WeG/eD =
\/LG/D(CG/D + CIN/OUT)
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Fig. 3-56: (a) gate-line attenuation g and (b) drain-line attenuation @y, vs. normalized frequency w/w,

The plots in Fig. 3-56 illustrate the dependency of a; and @p on the normalized frequency w/w, for vary-
ing wg/w, and w./wp-ratios. From Fig. 3-56 (b) it becomes evident that for reduced wp/w,-ratios the loss on
the drain-line increases and does not vanish for w — 0, as it is the case for the gate-line loss in Fig. 3-56 (a).
The reason for this is the decreasing parallel output resistance R,;7, which lowers the wp /w,-ratio and accord-
ingly introduces higher losses. It is in general advantageous in the design of broadband TWAs to make use of
GaN technology, which offers low input resistance and high output resistance to minimize losses. This means
also translated to the device geometry point of view, the smaller the device the higher is the bandwidth. Unfor-
tunately, in order to maintain the necessary total gate-width of e.g. a TGW = 2 mm, the number of stages N has
to be increased proportionally. Hence N cannot be chosen arbitrarily high, since with decreasing device size the
MSL losses become predominant from a certain point and are not negligible compared to the losses from the
HEMTSs anymore. At this point, going beyond a certain number of stages introduces more losses than the addi-

tional stages bring gain, since the gain-contribution of the stage to the TWA becomes lower than the attenuation.

0.1
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80
(aplplagly) in % 100 04
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Fig. 3-57: Calculated optimum number of stages N,,,; dependent on gate- and drain-line attenuation

In the last step by means of plotting Ny, vs. aglg and vs. aplp/agls, as shown in Fig. 3-57 below, the op-
timum number of stages can be read from the graph, after determining the attenuation on the gate- and drain-
line. It is important to note that the mentioned TWA design criteria always refer to the distributed nature of the
artificial gate- and drain line, where the loading of the MSLs by the HEMTs is assumed to be “smeared” over

the length of the MSL in one single section. This is only true as long as the cut-off frequency of the artificial
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loaded transmission lines is far away from the highest frequency of operation of the TWA. Since this is not al-

ways the case in real designs, the unloaded MSLs become periodically loaded toward the highest frequency and

the simplified before made distributed assumptions are not valid anymore.

Recommended TWA Design Approach

1.

Calculate gate- and drain-line impedance range for targeted I/0-matching, as in (3.137) and take the
lower impedance value.

Choose C;y and L in such a way, that the minimum matching requirement from 1. for the loaded gate-
line is fulfilled by Zy g, = +/Lg/Cin. Make sure that at the same time w. ¢ in (3.139) is larger than at
least 5 - w34p. Afterwards, do the same for the drain-line.

Determine [; and [ based on the calculated L; and Lp values from 2. by means of a TL-calculator or
(3.129) and (3.133).

By means of the value for C;y from 2., the initial device size W for a single cell can be derived via the
Cgs/mm-ratio of 1.8 pF/mm in the applied GaN25 technology.

Select the best device geometry (NGF, GW) for W; by comparison of the different MAG-plots, giving
the most promising gain performance at the upper frequency corner of the TWA design.

Calculate the initial number of stages N by means of the targeted Pg,; under the assumption of roughly
2-2.5 W/mm for the applied GaN25 technology. If the simulated small-signal performance does not
meet the specifications, gain flatness and BW can be tuned by adding series gate-capacitors in order to

reduce Cyy by the so formed capacitive voltage divider.

Double-check total gate-width (TGW) based on the simulated small-signal (gain/matching) and large-
signal (Psq¢/P1gp) performance and increase TGW if necessary under the constraint of maintaining a

sufficiently good low frequency ORL, which is proportional to Rpg of the total device size.

Remark: From the analytical expression derived in (3.120) in the foregoing chapter 3.4.3 and as will be

shown later in chapter 4.4 it emerges that with increasing number of stages N the broadband noise decreases and

the linearity improves in a TWA. It is therefore in terms of low-noise and high linearity performance desirable

to select the highest possible number of stages for the design.
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3.4.5 DC - 15/20 GHz Traveling-Wave Amplifier Designs

This section presents the designs of a DC-15 GHz and DC-20 GHz TWA in the 0.25pum GaN on SiC tech-
nology from Fraunhofer IAF. For the former design two different topologies, namely uniform and nonuniform,
have been implemented to end up in a realistic assessment of the resulting differences in performance between
these two topologies. Fig. 3-58 shows the photographs and schematics of the two DC-15 GHz TWAs. As an
initial guess a power density of 2.0 W/mm was assumed for the broadband design, which was based on the non-
optimum load-line matching of each stage in a TWA over frequency, giving a total device periphery of
TGW =2.0 mm to obtain a maximum saturated output power of 36 dBm. The choice for the device size of each
cell is based on the targeted gain of 10 dB at 15 GHz, which is derived from the comparison of the MAG-curves

versus frequency of different device sizes. After first simulations and still sufficient I /0-RL performance, TGW

was further increased up to the final 2.4 mm.

(2) (b)

© (d

Fig. 3-58: Photograph of the DC-15 GHz (a) nonuniform (Nasu) GaN TWA with schematic in (b) and (c) uniform GaN TWA (Unzen)
with schematic in (d)

As can be seen from Fig. 3-58, both designs consist finally of six equal stages with a total gate width of
We tor = 2.4 mm. The overall device size resulted from the maximum obtainable output power under the con-
straint of achieving still a sufficiently good ORL of 8-10 dB toward DC. With respect to a proper choice for the
optimum number of gate-fingers (NGF) and gate-width of the HEMT, for a constant device size a higher NGF
might be preferable, since the extrinsic gate-contact resistance R reduces linearly with increasing NGF, leading
to lower losses on the artificial gate-line of the TWA. This enables in turn the use of a higher number of stages,
which might be preferable in terms of linearity again (see chapter 4.4). Moreover, it was in general shown by H.
Fukui in [56] that the smaller the parasitics of the HEMT the lower is F,,;,. Accordingly choosing a higher
number of gate fingers (NGF) might be advantageous in terms of noise due to the reduced Rj. The downside of
a high NGF is, dependent on the structure of the gate-feed (as straight bus, taper or y-feed), the increased delay
between the center finger and the outmost finger, which introduces distributed effects on the gate-bus. As long
as the difference in electrical length of the sum of gate-bus and drain-bus between each gate-finger is smaller
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than at least 4/20 of the highest targeted frequency of operation, distributed effects can be neglected as a rule of
thumb. This is still valid for the 8x50um device, which was also observed from the MAG-curve, making it the
desired choice over its six finger counterpart.
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Fig. 3-59: On-wafer measured (a) S-Parameter vs. f and (b) Poyr vs. Py of the DC-15 GHz uniform TWA (Unzen) and (c) S-Parameter
vs. f and (d) Poyr vs. P;y of the DC-15 GHz nonuniform TWA (Nasu) for Vpg =28 V and Ipg = 200 mA/mm

The graphs in Fig. 3-59 present the measured on-wafer S-parameters and Ppyr vs. Pyy curves of the uniform
(Unzen) and nonuniform (Nasu) DC-15 GHz TWAs. Based on the limited BW towards DC, caused by the miss-
ing off-chip low frequency gate- and drain-line extensions, the on-wafer measurements were started from 1
GHz. The backside temperature was kept constant at 25°C during all measurements by a thermal chuck. From
(a) and (b) it is clearly visible that both chips operate up to 15 GHz with a flat gain of larger than 10 dB and an
almost equal S;; of better than 8 dB at low frequencies and 15 dB at high frequencies. From the valid assump-
tion that the ORL at DC is determined by the total amount of output conductance, a maximum output conduct-
ance of gpg¢or = 20 mS would be sufficient to realize 10 dB ORL in case of the UDPA, whereas the NDPA
would allow for gpg to+ = 40 mS due to the missing parallel 50 () drain dumping load. Translated to a total gate-
periphery this would mean that TGW could be increased up to 4 mm in a UDPA design and even up to 8 mm in
the NDPA design, taking the typical gpg value of 5 mS/mm for the 0.25um GaN process. According to this
simplified consideration, the effective output power in a nonuniform TWA could be doubled under the same
matching requirement of S,, =-10 dB. This is not fully true in reality, because Cpg grows also linearly with the
device size, leading to decreased RF matching performance in the low GHz-range, as Fig. 3-59 (a) and (c)
around 1-2 GHz indicate. The slightly higher gain ripple in the nonuniform design (Nasu) stems from the worse
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S5, match opposed to the uniform design (Unzen), which is evoked by the absence of a drain-dumping load. By
means of drain-line tapering (Fig. 3-58 (a)) the large load-mismatch present at the first stage is slightly mitigat-
ed, as already described in chapter 3.2.3, but cannot be fully compensated under compliance of the maximum
current handling of the drain microstrip lines, giving w > 20 um. Still, at 15 GHz an 1/0-RL of better than 10
dB was achieved in both designs. From the P,y vs. Py curves in (b) and (d) it becomes obvious that the uni-
form design (Unzen) exhibits less variance in terms of large-signal gain than the nonuniform design (Nasu), but
provides slightly less output power due to the additional power losses in the drain-dumping load. Because of the
limited input power of the driver PA, full saturation of the chips has not been reached during the measurement
but is expected to be in the order of 36 dBm for Py, with a corresponding P; ;5 of 33 dBm. One possible way to
further improve the output power of the nonuniform design (Nasu) would be the implementation of transistor
tapering. By means of choosing a larger device size for the 1st HEMT the power match to the lower provided
load impedance can be improved and thus the power contribution of the 1st HEMT raised, as also described in
[78]. Since for the targeted application the ORL down to low frequencies is a critical design parameter, a further
increase of the total active device size above W 1, = 2.4 mm was not a viable option in terms of output match-

ing.
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Fig. 3-60: On-wafer measured HD @ Pyyr = 25 dBm for (a) nonuniform (Nasu )and (b) uniform (Unzen) DC-15 GHz TWA at
Vps =30 V and Ips = 200 mA/mm

With respect to linearity, the HD was measured on-wafer at Poyr = 25 dBm and is plotted in Fig. 3-60.
Both MMICs exhibit an HD2 and HD3 of better than -40 dBc up to one-half and one-third of the band. It can be
furthermore derived, that the nonuniform design (Nasu) in (a) behaves slightly superior in HD2 and HD3 up to
midband. This is mainly based on the better loadline match of the transistor stages closer to the input in a nonu-
niform design opposed to the uniform design, where the load impedances vary more heavily over frequency.
Especially around 3 GHz, a clear degradation in HD3 for the uniform design (Unzen) in (b) can be observed,
which matches well with the strong mismatch / tilt of the 1st HEMT s load-line, as already shown in Fig.
3-23 (b) in chapter 3.2.3. From these load-line considerations it is expected that the closer both PAs are biased to
class A, the smaller will be the difference in HD-performance, since the mismatched load-lines start to clip at
higher output powers. The increase in HD2 towards 1 GHz in both MMICs is deemed to be owed to the imped-
ance variation of the directional coupler in the measurement setup, which had a frequency range from 1-18
GHz. Unfortunately in terms of limited time, there was no time left to measure the OIP3 performance of the
TWA:s.
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Fig. 3-61: (a) photograph of DC-20 GHz TWA MMIC (Numazawa) and (b) corresponding schematic

(b)

Fig. 3-61 depicts the chip photograph and schematic of a DC-20 GHz nonuniform TWA with N = 7 stages.
In the design of the DC-20 GHz, the approach of transistor tapering according to [78] is applied for the 1* stage
to obtain a better output power match and thus boost the total output power. By insertion of a 6X100um indi-
vidual source via (ISV) HEMT in the 1* stage, W o could also be chosen to 2.4 mm, where the other six
stages were designed uniformly with 6X50um HEMTs. The positions of the HEMTs were chosen deliberately
in a zig-zag shape in order to decrease thermal coupling. In this way, the distance between each device could be
raised by a factor of v/2, leading to lower maximum channel temperatures and in turn to an increased overall
output power. The drawback of this approach might be founded in the higher EM-coupling between gate- and
drain-line, which needs to be carefully taken into account by EM-simulations. As Fig. 3-62 (a) shows, the
MMIC operates up to 20 GHz with a S,; of larger than 8 dB at the nominal bias condition of Vg = 28 V and
Ips = 200 mA/mm. The extended frequency range up to even 26 GHz is found to be owed to differences in the
small-signal model above 16 GHz on the one hand and to underestimated EM-coupling on the other hand.
Again, the 2.4 mm total device periphery allows for a better ORL than 10 dB at DC, but the minimum ORL is
found to be around 7 dB at 3 GHz.

The large-signal measurements predict a P1dB of larger than 31 dBm across the full band, with a notch of
30 dBm at 14 GHz for the very same class AB bias point as for the small-signal case. Unfortunately due to the
extended frequency range of the design and its consequentially reduced stability, the MMIC could not fully be
driven into saturation without starting to oscillate. Nevertheless, the small-signal and large-signal performance
up to the P1dB have been precisely reproducible over the whole wafer for different cells, showing that the de-

sign is stable under the given conditions.
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Fig. 3-62: (a) Measured on-wafer S-parameters and (b) P1dB of DC-20 GHz TWA (Namazuwa) at Vpg =30 V and Ips = 200 mA/mm
Linearity measurements have proven that the design exhibits a high linearity with a HD < -40 dBc at

Poyt = 20 dBm and an OIP3 of greater than 44 dBm up to 20 GHz, which is deemed to be a remarkable line-
arity performance for a broadband TWA in a 0.25um GaN technology, designed up to 2fr/ 3.
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Fig. 3-63: On-wafer measured (a) HD vs. f @ Poyr =20 dBm and (b) OIP3 vs. f with Af =5 MHz for Vpg =28 V and Ipg = 200
mA/mm of DC-20 GHz TWA (Namazuwa)

Last but not least, the NF of the TWAs is an important design parameter, according to the system require-
ments of the SGs described in Table 1-1. The NF of both TWASs, Unzen and Nasu, has been measured on-wafer
for several bias points. Since section 3.4.3 revealed that both topologies behave equal in terms of their signal-to-
noise ratio at the output, only the uniform TWA (Unzen) will serve in the following considerations as example
to embrace the correlation between theory, simulation and measurement. Fig. 3-64 shows the comparison be-
tween the measured NF and the ADS back-fitted simulated NF, broken down into all the relevant noise contrib-
utors, which are identified and described in detail in section 3.4.3. For the bias point of Vpg =28 V and Ipg =
100 mA/mm, the back-fitted simulated results in ADS and the on-wafer measurement match very well over the
whole BW. The values for the PRC-model were finally determined for the best fitto P = 1.4, R=0.63 and ¢ = -
j0.78, which are larger than the values extracted for the 8X50um HEMT in chapter 2.2.1 due to impedance
match variations in the real measured TWA design, which are not considered in the ideal mathematical noise
analysis. Due to thermal heating of the passive components by the HEMTs during the NF measurement, the
over-temperature factor M,,, which was defined in (3.121) in chapter 3.4.3, was back-fitted to physically mean-

ingful values in the range between 2 to 4 (50-100°C). The logarithmic low frequency excerpt in (b) additionally
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underlines the large influence of the 1 k() gate-bias resistor R, on the overall low frequency NF, which shorts
the capacitive divider formed by C. and Cgg at the gate and hence dumps the RF-signal toward low frequencies.
Compared to Ry, a much smaller but still decisive noise contribution toward low frequencies comes from Rg;y.
If no capacitive gate-coupling is applied, R;7 is the dominant noise source due to the increasing reverse transfer
function from the gate-termination toward the output toward DC, as already discussed in 3.4.3.
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Fig. 3-64: Comparison between measured & ADS back-fitted simulated NF of the DC-15 GHz TWA (Unzen)
at Vps =28 V and Ipg = 100 mA/mm

By analytical computation of the single noise contributors with the in chapter 3.4.3 derived equation
(3.120), the ideal NF of each single noise source as well as the total sum of the DC-15 GHz UDPA (Unzen)
without back-fitting of the noise model parameters is plotted in Fig. 3-65. By comparsion of Fig. 3-64 with Fig.
3-65 it can be seen that the analytically derived equations in (3.120) can serve as a useful tool within the design
procedure of low noise TWAs. Before starting with exact simulations in ADS/AWR, the principle NF charac-
teristic can be very well assessed, which helps in the preselection process of choosing the proper number of
stages or the targeted HEMT cell size. Furthermore, noise models are often not applicable in the process design

kits (PDK), provided by commercial foundries. Therefore, it is very beneficial to gain at least a very general
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statement about the final NF characteristic, where it is often sufficient for a first guess to set the noise model

parameters to typical textbook values.

NF in dB
w

7.5
fin GHz

10

12.5

Fig. 3-65: Calculated NF separated by its contributors in the ideal DC-15 GHz TWA (Unzen), assuming a constant gain of Gp = 10 dB

and an I/O-RL of 10 dB

3.4.6 Performance Improvement Measures

The influences of the gain shape over frequency have been considered up to now in terms of the attenuation

constants a; and ap. Since the loss of the gate-line increases with frequency, as shown in section 3.4.4 in Fig.

3-56, the signal swing on the gate-line toward the gate termination decays over frequency. Mainly the losses

introduced by the resistive parts of the transistors” input impedances add up from stage to stage and thereupon a

drop in gain over frequency is observed. There are three general concepts to compensate for the gain degrada-

tion over frequency in a TWA, which will be discussed in the following.

Capacitive Coupled Gate Tapering

One very common remedy to compensate for the loss in signal amplitude toward the gate termination is ta-

pering of the series gate-capacitors [95]. This is a very simple and effective approach, since it does not alter the

layout structure to a greater extent. Using series capacitors in the gates of the transistor stages leads to a smaller

effective capacitive loading of the gate-line [95]. Choosing
CS =m- CGS
gives for the effective capacitance seen by the gate-line

c _Cs'Ccs_ m
G'eff_Cs+CGS_m+1

By properly adjusting m, the resonance frequency of the gate-line, which is now equal to

CGS.

(3.140)

(3.141)
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fres = ———— (3.142)

can be shifted to higher frequencies, allowing higher bandwidths in the TWA design. Whereas the bandwidth
increases with m/(m + 1), the power gain drops by the square of this ratio. Consequently, gain can be traded
off for bandwidth by adding a series gate capacitor.

Gate Line Tapering

A second approach is the tapering of the gate-lines toward the gate termination in order to reduce losses at
high frequencies and accordingly to minimize the gain drop. Unfortunately, besides affecting the impedance
level, the margin for loss reduction is constrained to the transmission line physical dimensions, which is com-
pared to the transistor in I1I-V technology not the major initiator of loss.

Loss Compensation of Gate-Line

This leads to the third counteraction, where the loss introduced by the transistors gate and drain resistances
is reduced by an optimized circuit. The intrinsic resistance Rgg of a HEMT represents the main source for gate-
line losses. In a similar fashion as the effective input capacitance C; orr was reduced by adding a series capaci-
tor in front of each stage, adding a series impedance Z¢; at the source of the transistor reduces the value of Ry

seen by the gate-line and so increases wg, as also done in [105].

Zin

Zmv ' Gs 9mVes
L Cps=— < Rbps
Zy Res
Zfs :
L E]Zfs
(b)

Fig. 3-66: Schematic of HEMT (a) with series feedback impedance Zg (b) simplified equivalent small-signal circuit

g i SR
N

(@)

The input impedance of the transistor can be then expressed by means of Fig. 3-66 (b) as

Z Z Zy+Z
ZIN = [ZGS +ZfS (1 + B Gm (1 - L ) + Gs )] h L DS ] (3143)
](,L)CGS ZL +ZDS ZL +ZDS ZL +ZDS+ZfS

which simplifies for the assumption of Zpg >> Z;, Z¢, Zgg to

g
iy = Zgs + Zpy (1 oo S). (3.144)
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Now, if Z¢ consists of a parallel RC-network (R¢ Crs), equation (3.144) gives for the compensated equiva-

lent resistive part, further denoted as Rgg',

Im
- Js  (R..c..2m
fs“fs
1+ (wasCfs)2< CGS

1 Rfs
Re{ZIN} = RGS = RGS - (3145)

1)

As long as the condition RgsCrs > Cgs/gm for the RC-time constant is guaranteed, Rgs' < Rgg is always
satisfied and thus the loss of the gate-line is reduced by the negative real-part incorporating Rss and Cr,. Fig.
3-67 (a) shows the compensated real-part R;s' over normalized frequency of a 6X50um GaN CS-HEMT for
Zpg = 00 () (see (3.145)) and for Cpg = 85 fF, Rpg = 580 1 and Z; = 50 Q (see (3.143)). Fig. 3-67 (b) depicts the
corresponding gate-line attenuation g, according to the equation already defined in (3.136). The cut-off fre-
quency w, g of the gate-line loaded by a 6xX50um GaN HEMT is equal to 88.9 GHz, derived by the approxima-
tion of w,g = Z/Jm, with Lg = ZO‘GZCGS and Zyg = 50 Q. The corner frequency is equal to wy =
1/RgsCqs = 635 GHz.
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Fig. 3-67: (a) Loss compensated Rgs’ and (b) corresponding gate-line attenuation g for different Rgg of a CS-HEMT (W = 0.3 mm)
with CfS =5- CGS =225 pF for ZDS = oo and for CDS =85 fF‘, RDS =580 .Q, ZL =50Q

Fig. 3-67 reveals that for Zpg being finite and larger than Z;, Rgs’ becomes even more compensated the
smaller the imaginary-part of Zpg or the larger Cpg becomes. The reason can be found by taking a closer look
onto the innermost parenthesis in (3.143). Supposed that Z; is purely real, Cpg generates a negative imaginary-
part which turns into a negative real-part by the multiplication with g,,/jwCgs. This compensating negative
real-part is further increased by the multiplication with the real-part of Z,. Contrarily, the real-part of the in-
nermost parenthesis, which is for DC equal to Rpg/( Rps + Z; ), becomes smaller with decreasing Rpg and thus
counteracts after multiplication with g, /jwCgs and the imaginary-part of Z¢, the positive real-part compensa-
tion. A smaller Rpg and Cpg therefore increases Rgg’, whereas a larger Rpg and Cpg leads to a stronger compen-

sation.

Based on the just seen complexity of the full terms in (3.143), it is meaningful to stay with the approxima-
tion from (3.144). The denominator in (3.145) reveals that the product of R¢;Crg sets a corner frequency we s,

where Rgg' starts to converge to the value of R;g and becomes for w = We, fs equal to
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R

’ f g

Rgs'(we rs) = Rgs — f(ﬁ - 1). (3.146)
C,JS

It can be inferred from equation (3.145) that for smaller Rgg values the feedback resistor Rsg can be chosen
likewise smaller in order to achieve the same loss compensation towards lower frequencies. Towards higher
frequencies the corner frequency w rs = 1/RpsCrs cannot be shifted up arbitrarily to improve loss compensa-
tion, since small values for Cs enforce Rg to be unreasonably large in order not to violate the condition RssCrs >
Cgs/9gm- Hence, the gain is reduced significantly by the negative feedback. Conversely, choosing Rg very small
to maintain optimal gain performance enforces Cy to be very large, which translates into a large-scale geometry
for an on-chip MIM-capacitor. Out of this reason a certain upper and lower bound is defined, restricting the free
choice for R¢s and Cyg to meaningful values. For the presented HEMT with W = 0.3 mm the ratio Cgs/gn is
equal to 6 ps, which results for e.g. for a reasonable value of Crs = 3 pF in Rgg > 2 (). Furthermore from equa-

tion (3.145) or Fig. 3-67 it can be derived that by selecting

1 1 Rgs (3.147)
R > + + . .
19720 gm  J4@m0)? " g

where ¢ = Cfs/Cgs, negative values for Rgs' result. A slightly negative value for R;g' might still be acceptable
or even desired if additional loss from the on-chip gate-lines, as e.g. lossy MSL or GCPW, of the TWA is beard
in mind. In order to avoid the possibility of instabilities, R;s" should be designed to be close to zero, but still

positive.

Loss Compensation of Drain-Line

For the drain-line on the contrary, based on the parallel RC-output impedance, it is important to increase
Rps and so decrease wp in order to avoid loading of the artificial drain line. A good solution to this problem is
the implementation of cascodes [106], where the real-part of the output impedance Zyyr cc of the cascode is
decreased due to the series connected negative output impedance of the common-gate (CG) HEMT. After a se-
ries to parallel transformation of Re{ZOUT,CC}s the effective Rpg’ of an equivalent common-source transistor is

thus larger in a cascode than Rpg of a single CS-HEMT.
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Fig. 3-68: Schematic of (a) Cascode configuration and (b) small-signal approximation of cascode for output impedance calculation

By straightforward analysis of the simplified small-signal equivalent circuit from Fig. 3-68 (b), the output

impedance of the cascode can be calculated to

Yiice + Yoscs
AYee + Yaz06Ypscs’

ZOUT,CC =

with

Yesce (YG + YGD,CG) g
Yiice = Ypsce + 1+ ———

Yesce + Yo + Yepce jwCescq

Yas,caYopce Im
Y, =—|Y + - : 1 +
12,66 < PSCE T Yosee + Yo + Yop.ca JwCas,ce

Ygs,caYon,ce Im Ye
Ya1,c6 = —| Yosce + - - - 1+
Yes,ce + Yo + Yop,co JwCgs,ce Yep,co
Yes,ceYap,ce Im Yo
Y22.c¢ = Yps,ce + - - 1+- +
Yes,ce + Y6 + Yop,co joCesce  Yesce

and AY¢g = Y4 c6V22.0c6 — Y21,06Y12,c6- Yps,cs in (3.148) is the output admittance of the CS

(3.148)

(3.149)

(3.150)

)) 3.151)

(3.152)

-HEMT and the sta-

bilizing admittance Y; comprises the series connection of R; and C;. Further simplifying the expression of

(3.148) under the condition of Y; = S, Y;p =0 S and Ypg 5 = 0 S yields the output impedance of the idealized

CG-HEMT only, which is equal to
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Z — Res + —— b —1D8 (1 +Im )
oUT,CC GS jwCes | 1+ jwCpsRps joCes/) (3.153)
The real-part of (3.153) gives accordingly
Rps Cps
Re{Z = Rgs — —( Rpe 228 _ 1)_ (3.154)
{ OUT,CC} GS T 11 (wCpsRpg)? ImAps »

The last term in (3.154) is the only term containing the active transconductance g,, and hence is able to
provide a negative real-part, which cancels partly the real-part of the passive elements. Possible instabilities
might arise for the case when the real-part of Zyyr ¢ becomes negative. In order to stay within the stable region

gm has to satisfy the condition

Ces (Ras 3.155

om <o (Ee@) +1), (3.155)
™ RpsCps \Rps

with &(w) = 1+ (wCpsRpg)?. As soon as g,, becomes significantly larger than the right-hand side of the ine-

quality in (3.155) and overcompensates the loss from the drain-line of the TWA, instabilities might arise. The

condition (3.155) is very conservative and is relaxed for Zpg ¢ being finite.

In a final step the equivalent resistance Rpg’ can be computed by means of a series to parallel transfor-
mation of Zyyr,cc. Splitting of (3.153) into Re{ZOUT,CC} and Im{ZOUT,CC} leads to the equivalent resistance in

parallel configuration of

Rl — Re{ZOUT,CC}Z + Im{ZOUT,CC}Z (3.156)
DS — )
Re{ZOUT,CC}

which ends up for Ypg cs = 0 S in the full expression of

2
G 1 gmRps\ , ®CpsRps”
Rps (1 — 9mPRps ﬁ) wC, (1 t ¢(w) ) + &(w)
Rps' = Rgs + Cas” _ & : (3.157)
$(@) Rps (ngDS fos _ 1)
Re{Zoyrcc} Cos —R
$(w) GS

The first two terms in (3.157) itself represent the real-part of Zyyr ¢, Whereas the last term incorporates the
series to parallel transformation. For low frequencies latter term is dominant and strives for DC toward -oo,
showing that the reverse voltage drop over Cgg causes a current flowing toward the output port in Fig. 3-68 (b).
Fig. 3-69 depicts Rps' for different values of g,, over normalized frequency for (a) (3.157) with
Yps,cs =Yepcg =0 S, Y5 =00 S and (b) Ypgcs = Yps,ce> C6 = 0.26 pF and R = 20 Q. The cut-off frequency
w,p of the drain-line loaded by a 6X50um GaN CS-HEMT is equal to 470.6 GHz, which is an approximation
from w,p = 2/\/@, with Lp = ZO,DZCDS and Zyp = 50 Q. The corner frequency is equal to wy =
1/RpsCps = 20.3 GHz. From (a) it can be derived that the CG-HEMT with open source port exhibits an ex-
tremely high negative real-part, which leads to a positive S,, and thus an unstable behavior. As soon as a finite

impedance is connected to its source port, as e.g. the output impedance Zpg of a CS-HEMT in a cascode, the
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impact of the CG-current source is diminished. Since the input impedance of a CG-HEMT is low-ohmic, the
connection of a few ohms at the source node leads to a stable and positive output impedance based on the re-
duced impact of the CG-current source with smaller Zpg. Unfortunately, the output impedance provided by a
CS-HEMT is usually several orders larger than the optimum input matching impedance of a CG-HEMT
(~5..20 Q in GaN), bringing up the necessity for a RC-stabilization network (Y;) at the gate-node of the CG-
HEMT. Fig. 3-69 (b) sketches the equivalent output resistance Rpg’ of a stabilized cascode with C; = 0.26 pF,
R; =20 Q for different g,,. If g, is increased from 50 mS up to 100 mS, the resulting Rpg’ becomes larger and
so the loss decreases. Exceeding a value of 100 mS would result in a pole for Rpg', based on the zero-crossing

of the real-part of Zyyr cc (— positive S,;). This is in accordance with the idealized constraint of an upper g,,
bound, as derived in (3.155).
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Fig. 3-69: RDS' VS. wi of CG-HEMT (W = 0.3 mm) for different g,, values with (a) Ypgscs =Ygp,cc =0 S and Y = o0 and (b) Ypgcs =
c

Yps,ce and Cg = 0.26 pF, R =20 Q. (c) and (d) show the corresponding S,, of (a) and (b).

In order to obtain minimum loss, the values R; and C; of the stabilization network have to be chosen care-
fully to end up in a S, close to 0 dB, but still staying within the passive/stable operating region. The resulting
drain-line attenuation ap according to (3.137) in Fig. 3-70 shows that the use of a stabilized cascode with
Wgs = 0.3 mm provides lower loss on the artificial drain-line than a CS-HEMT at frequencies smaller than

roughly 0.3 - w.. Above this frequency, the drain-line loss becomes larger, which is based on the stronger decay
of Rpg', as Fig. 3-69 (b) illustrates.
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Fig. 3-70: ap vs. wi of CC-HEMT (W;; = 0.3 mm) for different g,, with Ypgcs = Yps g and C; = 0.26 pF, R; =20 Q.
C

Of all three presented approaches to tune the characteristics of the TWA’s gain shape, the first one is the
most practical and simplest way in terms of layout compactness and stability. Nevertheless, the gain-bandwidth
product is always kept constant, whereas by making use of the gate-/drain-line compensation schemes a real
enhancement of the gain-bandwidth product can be obtained under the constraint of reduced stability margin.

3.4.7 Key Findings

The presented DC-15 GHz and DC-20 GHz TWA designs have shown that a power gain-bandwidth product
of larger than 45 GHz and 50 GHz, respectively, can be obtained with the field-plated 0.25um GaN technology
from IAF. Additionally, an outstanding linearity performance especially of the 7-stage DC-20 GHz NDPA with
an HD < -42 dBc at Pyyr = 20 dBm up to midband and an OIP3 > 43 dBm over the full band, was demonstrat-
ed. This underlines the high performance and suitability of TWA designs in GaN technology for the application
in T&M instruments.

The maximum obtainable output power in multi-decade TWAs down to DC is strongly linked to the target-
ed output return loss, the characteristic load resistance R; and the total active device size. In the case of a non-
uniform design, the output resistance of the overall active gate-width should not be lower than R; /2 in order to
maintain an ORL > 10 dB. In the case of a uniform design, this requirement becomes even more stringent, since
R} /2 has to be provided by the parallel combination of the drain dumping load Rp; and the total active device
output resistance Rpg/N. Accordingly, either f,;, or Psqe in @ TWA is limited by the specified S,, require-
ments.

The maximum frequency of operation of a TWA is dominated by the cutoff frequency w, ; of the artificial
gate-line. Due to the roughly five times larger input capacitance compared to the output capacitance of the

0.25um GaN HEMTSs, the cutoff frequency w.; for the same characteristic line impedances with

Zy = ’LG /p/ Cgp is also approximately smaller than the cutoff frequency of the drain-line ., by a factor of
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The maximum number of stages in a TWA is limited by the losses of the artificial gate-line. Decisive for the
magnitude of losses is the finite input conductance provided by the active HEMTs. Since the gain in a TWA is
only linearly increasing with the number of stages N, the losses on the gate-line start to outweigh the benefit in
gain as soon as a certain number of stages is reached. The optimum number of stages can be computed by
means of the well-known equation, given in (3.135) and derived by J.B. Beyer et al. in [97, 98]. Mohammad-
Taheri et al. presented in [105] a remedy for the compensation of the gate-line losses by adding capacitive series
feedback and Deibele at al. presented in [106] a viable solution for lowering the drain-line losses by making use
of cascodes.

The NF at low frequencies in TWAs applying capacitive gate coupling is primarily determined by the gate-
bias resistors. Due to their required minimum magnitude in the order of Ry > 500 Q in order not to load the in-
put of the HEMTs at RF, a noise match at each gate node results as soon as the gate input impedance converges
exactly to the value of Ry at low frequencies. If no capacitive gate-coupling is applied, the large mismatch be-
tween Rp and the much lower characteristic input impedance Z, leads to no significant noise contribution. In
this case the dominating source of noise becomes the gate-line termination resistor R;r based on the increasing
transfer function from the gate-termination resistor toward the ouput at low frequencies, as was already shown
by C. Aitchison in [101]. It is furthermore advantageous to increase the number of stages N in the TWA design
to its maximum to minimize the contribution of the induced-gate and channel noise to the overall NF according
to (3.120) in chapter 3.4.3.
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CHAPTER 4

LINEARIZATION CONCEPTS

Describing and predicting linearity of amplifiers precisely is still one of the most challenging tasks in III-V
semiconductor amplifier designs today. Numerous modeling publications exist, dealing with physical and be-
havioral modeling approaches in the realm of linearity. The main difficulty resides on linearity prediction over
large dynamic ranges, where no universal solution is found up to today. There are several existing approaches
ranging from detailed physical over empirical analytical to measurement based descriptions. Among all these
approaches, none is capable of describing the nonlinear transistor behavior over the full dynamic range accurate-
ly within a scalable model form. Either an accurate model in form of measurement based S-Functions / X-
Parameter (e.g. in [107, 108, 109, 110, 111]) or artificial neural networks (ANN) (e.g. in [42, 43, 44, 45]) can be
obtained for one transistor geometry or a scalable model in form of a weakly nonlinear polynomial description,
such as the Volterra-Series (e.g. in [36, 37, 38, 39, 40, 41]), is derived. Most of the time it is sufficient to repro-
duce only the weak nonlinearities of the transistor as in the latter case, which can be more easily described
mathematically. As soon as the transistor becomes saturated, nonlinearities are usually not of interest within the
system requirements. This applies also for signal generators and a weakly nonlinear examination of the PAs is
thus satisfactory.

Once a nonlinear model for the targeted application is created, the first important step and prerequisite for
starting a linear PA design has been taken. A good nonlinear model is a prerequisite to give an accurate linearity
prediction within the design process, but does not guarantee that the chosen amplifier topology behaves linearly.
The second fundamental step is the choice of the linearization concept on circuit level. The three most common
and well-known linearization concepts are (digital) predistortion, feedback- and feedforward linearization. Cur-
rently, the former is one of the most effective linearization schemes to be found in mobile communications
standards, as e.g. GSM, UMTS or LTE. By applying digital adaptive baseband predistortion a diversity of appli-
cation specific algorithms can be permitted to optimize the linearity of the PA over a limited bandwidth, as e.g.
in [3, 5, 4, 112, 113]. The advantage of using adaptive predistortion for linearization is founded in the drift
compensation of the amplifier characteristics over time and in the adaption to varying channel characteristics.
Feedback linearization on system-level usually suffers from its limited loop bandwidth and is mainly used for
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narrow-band applications, as e.g. in [114, 115, 116, 117]. In feedforward linearization schemes this bandwidth
limitation is not as restrictive as in feedback schemes, but the higher bandwidth has to be traded-off for the
amount of linearity improvement on the one hand and for the double power consumption on the other (e.g. in
[118, 119, 120, 121, 122, 123]). The latter is based on the necessary time delayed replica of the exact same main
PA in the feedforward path.

All above described concepts suffer either from limited bandwidth of usually one up to two octaves or from
intricate and costly system designs. The main critical distortion comes from intermodulation in these band lim-
ited concepts and is mainly rooted in 3" order nonlinearities. 2" order nonlinearities can often be neglected,
since their spectral content lies usually out of band. This does not hold for multi-decade broadband amplifiers
anymore, where the spurious signal content lies completely inside the useable bandwidth. Out of this reason 2™
order nonlinearities, which are often dominant, pose a severe challenge for the overall SG’s linearity perfor-
mance, because they cannot be filtered out by a subsequent low-pass filter. From the SGs system point of view
it is thus a meaningful approach to avoid generation of spurious harmonics at first place rather than implement-
ing complex tunable filters, which introduce additional attenuation.Therefore within this work only linearization
concepts on MMIC level are covered, which provide sufficient bandwidth and are hence suitable for the realiza-
tion of multi-decade broadband PAs. The basic idea of all presented linearization concepts is the on-chip cancel-

lation of the transistor’s intrinsic nonlinearities, which are described in more detail in chapter 4.2.

Linearization
Concepts
|
~ I — 1 . | . T — 1 .
1 1 1 I
Feedback Differential Diode Staggering Derivative
Topology Topology Pre-Distortion Drain-Line Superposition

Fig. 4-1: Proposed on-chip linearization concepts for FBPAs and TWAs

During the course of this chapter five different linearization concepts have been investigated and assessed
with respect to their linearization improvement and suitability for the application in SGs. It has cristallized that
the well-known concept of feedback is a very good candidate for the implementation of broadband highly-linear
PAs. Moreover, a diode predistortion concept has been implemented for the first time in a TWA structure
(L2NTWA) and also a fully differential feedback PA (TD-FBPA) has been implemented for the first time in
GaN technology. Both of the latter two concepts showed that a promising improvement in linearity with these
approaches can be obtained. To better understand the made discoveries and investigations it is helpful to first of
all recall general linearity terms and important FoMs to end up in a clear and comprehensible assessment of the
linearity performance later on.
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4.1 Linearity FoMs

4.1.1 Harmonic Distortion

Harmonic distortion (HD) is an important linearity measure to assess CW-single tone amplifier performance
for the application in SGs. As already stated in chapter 1.1, some SG avoid the additional loss introduced by the
LP-filter behind the PA-module and shift it before the PA-module (Fig. 1-1). This benefit in output power
comes at the cost of higher linearity requirements, since in this case the PA mainly determines the output line-
arity of the whole SG. Due to the bandwidth of multiple octaves all generated higher harmonics fall within the
band and cannot be filtered out, as e.g. in telecommunication “narrow-band” systems such as GSM, UMTS or
LTE. Therefore, not only the intermodulation performance of the PA is of interest but moreover the harmonic

distortion plays a key role in SGs, which describe the maximum achievable SFDR.

The output signal y(t) of a weakly nonlinear amplifier to a single-tone CW input signal of the form
x(t) = A cos(wt) 4.1)
can be expressed by a Taylor-series expansion up to third order by
y(t) = koxpe + kix(t) + kyx(£)* + kax ()3, (4.2)

where kq, k, and k3 are the factors including the Taylor-Series coefficients dependent on the order n, deter-

mined by
1 d™y(t)
n=- n (4.3)
nldx(O",_,
Inserting equation (4.1) into equation (4.2) finally gives
ko 3
y(t) = koxpe + 7142 + (klA + Zk3A3) cos(wt)
Apc A(fo)
4.4)

ky ks .
+ 7A cos(Qwt) + ZA cos(3wt).

A(2fo) A(3fo)

From equation (4.4) it is now possible to calculate the second (HD2) and third (HD3) order harmonic distor-

tion. HD2 is defined as the amplitude of the second harmonic to the amplitude of the fundamental, giving

AQ2fy) kzA ke
HD2 = = = —
AGD) gk, +3k,a2 2k 4.5)

and correspondingly for HD3
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A3 key A k
HD3 = Gfo) _ 3 =3 42 (4.6)
A(fy) Ak, + 3kzAZ 4k,

The approximations made in equations (4.5) and (4.6) are valid for weakly nonlinear systems only, where A

is sufficiently small and hence k3A? < kj.

or ) W Ga— . —HD2coup g
10| — — —HD2 -
E oot HD2 HD3 | ——HD3 e
% RS —— —-HD3
c A £
-_|_ -40 + J =) dy/dx = 2//
1F b,
3 T .
o
-60 T T 1
-80 0,1
DC fo 2fo 3fo 4fo 5fo 0,01 0,1 1
f A/AMAX

(@) (b)

Fig. 4-2: (a) CW-spectrum of a nonlinear PA and (b) HD2 & HD3 in percent vs. normalized input amplitude A

Fig. 4-2 shows in (a) the spectrum of a nonlinear PA with spurious harmonics up to fifth order and in (b) the
HD in percent versus the normalized input voltage. The dotted lines show the made approximation in (4.5) and
(4.6) and the solid lines the compression caused by odd-order nonlinearities. The magnitude of HD2 and HD3
sheds also light on the magnitude of intermodulation distortion, which is the most common linearity figure and

will be hence discussed more closely in the upcoming section 4.1.2.

4.1.2 Intermodulation Distortion

Undoubtedly, intermodulation distortion (IMD) is the most popular FoOM when speaking about amplifier
linearity. This bears on the fact that IMD is an in-band distortion which cannot be filtered out and hence might
falsify information in complex modulated data transmission systems. SGs have to synthesize arbitrarily shaped
signals where the spectral purity of the signal is of paramount importance. The spectrum of such signals is often
too difficult to be described analytically. Out of this reason, two-tone excitation is in general sufficient to assess

the amplifier’s intermodulation characteristics.

Thus, assuming a sinusoidal two-tone signal of the form

x(t) = A-cos(wit) + B - cos(w,t + @) 4.7

at the input of the nonlinear amplifier with the same transfer characteristic as described in (4.2), generates sev-
eral intermodulation products. If only the first terms up to the order of n = 3 are considered, as presented in
equation (4.2), the magnitude of the spectral components due to mixing can be calculated to the values given in
Fig. 4-3. As already stated, only the third order nonlinearities produce the frequencies 2f, — f; and 2f; — f,
which are close to the fundamental frequencies f; and f, and therefore cannot be filtered out. Additionally, the
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fundamental frequencies are also impacted by the third order nonlinearity. Furthermore, not only the third order

nonlinearity affects the amplifier’s linearity but also the second order nonlinearity, which generates new spectral

components in the baseband at f; , — f5 ; and at the second harmonic 2f; ,, plus more important at DC. The DC

component is the main contributor to the often observed phenomenon of amplifier self-biasing for all nonlinear
amplifier classes (e.g. AB, B, C etc.), which shifts the bias point and therewith also alters linearity again. For

weak nonlinearities there is a close relation between the HD and intermodulation (IM), making single-tone

measurements sometimes sufficient to assess or predict the power amplifier”’s intermodulation characteristics.

I I I I I I I I I I I I I I I I I I I I I I I I I I I
- KA+ 15k (1/2 B%+A%B KB+ 15k, (1/2 A%+AB? - Fundamental :
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— IM 3 order 3/4 kA 3/4 k AB®
[ 2 2 B : ]
i 3/4 k,A°B Y L T A T T S S U S J |
<
/2 k,(A*+B?) k,AB | 95 f%dB 7
A T ]
B o 1/4 kA 1/4 k_B®
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Fig. 4-3: Two-tone IM spectrum with corresponding amplitude coefficients

By setting the input amplitude A equal to B, the carrier to IM2- and IM3-ratio, denoted as C/IM?2 and

C/IM3, can be calculated by the ratio of the fundamental coefficient at f; , to the second and third order inter-

modulation coefficient at f, &+ f; and 2f, ; % f; , from Fig. 4-3.

9
Afi) A+ zksA 4k, + 9k A2k

1
c/IM2 = - _ -
/ A(fo1 £ f12) koA 4k,A k,A
9, 3
C/IM3 = Alfiy) A+ gk 4k +9k;A7 4 Ky
AQRfz1 % fi2) 3 a3 3k3A? T 3k3A?
7 ks

Comparing the result of equation (4.9) with the obtained HD results from (4.5) and (4.6) gives

C/IM2 =

2-HD2

C/IM3 =
/ 3-HD3

for small amplitudes A, which is in dB equal to

(4.8)

4.9)

(4.10)

(4.11)
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C/IM2 45 = —(HD2g4p. + 6.02 dB). (4.12)

C/IM3 45 = —(HD3 45 + 9.54 dB). (4.13)

The magnitude of C/IM245. and C/IM3,p. is thus around 6 dB and 9.5 dB below the magnitude of
HD?2 45 and HD3,5, respectively, which serves as a good rule of thumb. A silently presumed pre-condition for
the validity of (4.11) is that this is only valid for constant source and load impedances over frequency, since in
reality the impedances at 3f; , might differ from those at f; ,. From the measurement complexity point of view
it seems more straightforward to measure HD3 by means of a simpler single-tone measurement setup and calcu-
late the IM3 rather than vice versa. Unfortunately, this comes with the drawback of larger measurement inaccu-
racies, because the amplitude of the 3™ harmonic spectral component is three times smaller than the one of the
IM3. Therefore it is better to measure the /M3 in order to obtain an accurate linearity statement. The two most
important intermodulation products of 3™ and 5" order are depicted in Fig. 4-4. Therein are the lower and upper
IM-products of IM3 and IM5 assumed to be symmetric, which is only the case for an ideal amplifier without

memory and ideal baseband bias impedances.
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Fig. 4-4: Two-tone intermodulation distortion of 3 and 5™ order (IM3 & IM5) and (b) relationship between OIP3 and [1P3

Another useful FoM is the 3™ order intercept point (TOI or IP3) to express intermodulation performance in
the presence of two-tone signals. It is a non-measurable FoM describing the artificial intersection point, where
the fundamental signal power P; and the signal power due to third order nonlinearities P; would become equal.
The mathematical expression in dB can be derived from Fig. 4-4 (b). It should be kept in mind that all OIP3
calculations refer to a weakly nonlinear system and so a P;4p back-off operation of larger than 6-10 dB has to

be taken for granted, as a rule of thumb.

[I1Pn stands for the input referred /Pn, whereas the OIPn is associated to the output. The connection be-

tween both FoMs can be made via the gain and can be expressed in dBm by
OIPndBm = IIPndBm + GP,dB' (414)
One way to express the OIPngp,, by means of the n"-order intermodulation product IMngg,, or C/IMngp,

is based on the convergence of the fundamental output power Pyyr1 gpm and the IMngg,, with a difference in

slope of n - 1, giving
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OIPnggm = Pour1,aem + (POUTl,dBm - IMndBm)

n—1
(4.15)
=P ——-C/IM .
0UTLdBm ~ 4 /IMngp,
This gives for the output 3" order intermodulation product
1
OIP34pm = Pour1,asm — 5 C/IM3qpc. (4.16)

The other way to calculate the IPn is based on the convergence of C/IMn g, to zero dB at P,y = IIPngg,
in Fig. 4-4 (b). Hence to express the IIP3 in terms of the Taylor series coefficients, the value for the C/IM3 has
to be set equal to one in equation (4.9) and solved for A. This results in an I1P3 and OIP3, respectively, of

4k
11P345m = 20-log| |=— 4.17)
3k;
0IP3 4, = 20 - log (-1
asm = 209\ ) (4.18)

Additionally, a close conjunction between OIP3 and P, ;5 can be seen from Fig. 4-4 (b). The difference be-
tween OIP3 and P, 45 is often used to evaluate the linearity of a given amplifier design, where typical values are
found to be in the range of 10-13 dB for GaAs and GaN broadband PAs, as can be underlined by several prod-
uct datasheets (e.g. TriQuint, Hittite, RFMD, etc.) or by [124].

10 20 30

I
Af in MHz

Fig. 4-5: Typical LTE-spectrum with a BW of 20 MHz, distorted by the neighbor channel

An additional two-tone FoM besides the IM3 is the ACPR. ACPR stands for adjacent-channel-power-ratio
and is a common linearity measure for wireless communication systems. In systems where e.g. orthogonal-
frequency-division-multiplex (OFDM) is applied, such as the mobile standard long-term-evolution (LTE), inde-
pendent information is sent over closely spaced carrier frequencies with up to 20 MHz of bandwidth or up to
2048 closely spaced channels. To better assess the system’s performance of the dense frequency spectra, the
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power within a specified bandwidth of the desired signal Sg and the neighboring interferers Sy are put into re-
lation. Thus, the ACPR value in dB can be calculated by

fy—BW

Fi-Bw SNC

ACPR =10-log (4.19)

To identify the optimum input power for CW-signals or optimum PEP for modulated signals which maxim-
izes the ACPR, an idealized consideration of the system is sufficient. Assuming a constant noise floor, the SNR
increases by the amount of increasing input power, which in turn leads to a decrease in noise level for a normal-
ized output power, as depicted by the blue dashed line in Fig. 4-6 (a). The IM3-product in contrast increases
with a slope of two in logarithmic scale, as can be seen from equation (4.9), resulting in an intersection of the
decreasing noise floor and increasing IM3-product. Interestingly, the minimum ACPR value does not coincide
with the intersection point but rather is 1 dB below this point due to the vectorial summation of noise power and
IM3 power. Determination of the absolute ACPR minimum yields that the theoretical minimum of the ACPR
lies exactly 1.76 dB above the noise floor, as depicted in Fig. 4-6 (a). Fig. 4-6 (b) illustrates the dependency of
the ACPR on the invers C/IM3-ratio for different SNR values. With increasing IM3 power all ACPR curves
converge to the same value, independent of the SNR. At an C/IM3 equal to 0 dBc the ACPR value becomes
equal to the Crest-factor of 13.3 dB of the modulated LTE signal.
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Fig. 4-6: (a) ACPRyoym vs. PEP and (b) ACPR vs. IM3/C
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4.2 GaN HEMT Nonlinearities

Before focusing on different linearization concepts, it is meaningful to gain a general understanding of the
intrinsic nonlinearity sources and their voltage dependencies. The sources of nonlinearities in a GaN HEMT are
highlighted by the red color in the equivalent intrinsic large-signal model in Fig. 4-7 below.

N
L1

Cap(Ves, Vps)

Ves C;£ Cas(Ves, Vps) ~
Ips(Ves, VDS)_/ Rps< ——Cps
Res

1
~N

Fig. 4-7: Intrinsic large-signal model of GaN HEMT with nonlinear drain-source channel current and capacitances

First of all it is useful to estimate the impact factor of each nonlinearity on the overall nonlinearity. Fig. 4-8
illustrates therefore the dependency of the intrinsic capacitances and transconductance on Vgg and Vpg. The
largest part of the HEMT s nonlinearity arises from the drain-source channel current Ipg followed by the gate-
source capacitance Cgg, Whereas only a small part is generated by the gate-drain capacitance Cgp. This smaller
part can be often neglected due to its roughly 15 times smaller size compared to Cgg at an operational bias of
Vbs =30 V in GaN. It can be moreover assumed that the dependence of Cgs and Cgp are mainly determined by
the voltages Vs and Vps, where the former capacitance is almost only dependent on Vg and the latter one on
Vps (see Fig. 4-8). In the following linearity investigation the nonlinearity dependence is thus simplified to the
approximation of Cgg(Vgs) and Cgp(Vps). The transconductance g, is highly dependent on Vg and also on
Vbs, whereby the dependency on Vg is approximately linear.

Nonlinearities arising from dynamic effects and memory effects, such as frequency dispersion [125] and
self-heating [126, 127, 128], are not covered in the following linearity analysis. Moreover, asymmetries in /M D
caused by the variation in baseband load-impedance in the presence of multi-tone signals are also not within the
scope of this chapter [129, 130, 131, 132]. Despite of all these effects being present, taking them into account
unnecessarily complicates the examinations and does not help to gain a better understanding of the later pro-
posed linearization concepts in chapters 4.3 to 4.7.
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Fig. 4-8: Cgs, Cgp. Cps and g, dependence (a) on Vs for Vpg =30 V and (b) on Vpg for Ipg =200 mA/mm of a 8x125um GaN HEMT
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4.2.1 Investigation of Channel-Current Nonlinearities

At the very beginning it seems reasonable to find a procedure, which is capable of predicting the optimum
operational bias conditions for a single HEMT before setting up and designing a complete amplifier MMIC. Out
of this reason it is useful to take a closer look at the typical GaN nonlinearity characteristics of the channel cur-
rent. To better understand the different linearization concepts in the following sections it is meaningful to first
of all understand the 2™ and 3" order nonlinearity dependence of the channel current on the bias point selection
and input power for a single CS-HEMT. The channel current nonlinearity of a HEMT can be modelled in terms
of the intrinsic g,, nonlinearity. Presuming weakly nonlinear signals, the following Taylor series expansion up
to the third order in (4.20) expresses the nonlinear channel current.

gmz gm3 3
Ins = Ipsp + 9m1(Ves — Vasx) + o= (Vas — Ves X) +==(Vos — Vgsx) (4.20)
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Fig. 4-9: gp,-curves of (a) idealized HEMT and (b) 8x125um GaN HEMT LS-model; g, and g;,3 are both multiplied by a factor of 0.2
and 0.05, respectively.

For achieving better comparison, an idealized “HEMT” transfer characteristic will be introduced to better
grasp the implications of the typical GaN nonlinearity properties on different linearization concepts. Fig. 4-9 (a)
depicts the so introduced “idealized” g,,-curve with its corresponding first and second order derivatives g,
and g,,3. It can be clearly seen that g,,, and g,,3 exhibit only one single common root at Vgg = 0 V, reflecting
that ideally class A operation results in the highest linearity. Choosing any other bias point ends up in the often
observed trade-off between 2™ and 3™ order nonlinearity, since only g, OF g3 can be minimized at the same
time. Under small-signal operation the small-signal sweet-spots occur only at the roots of the gp,,/3-curves. Un-
fortunately is the idealized flat shape of the g,,-curve usually nonexistent in I1I-V semiconductor processes. Fig.
4-9 (b) shows the g,,-curves for an 8xX125um GaN HEMT, where the g,,-curve is extracted from the large-
signal model, still including the extrinsic lead resistances Rg, Rp and Rg. The process is optimized for class AB
operation and shows a constantly decaying g,,-gradient from class AB towards class A bias due to the strong
thermal dependence of GaN semiconductor. It has to be noticed that the g,,,-curve in Fig. 4-9 (b) does not re-
flect the high frequency large-signal g,, of the HEMT. For input signal frequencies higher than one over the

minimum thermal time constant, which is usually in the ms-range, no thermal impact of the signal swing on the
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operational device temperature will be observed. Hence, the large-signal isothermal g,,, shows less degradation
for higher Vg than the thermal dependent DC-g,,, as Fig. 4-10 reveals. Furthermore, from Fig. 4-10 (b) it can
also be derived that with increasing bias current the magnitudes of g,,, and g,,3 decay, which leads to an addi-
tional higher linearity by moving from class AB to class A operation. The gain in linearity performance of a
class A amplifier is thus visible, but additionally reveals that the device gain becomes lower with increasing lin-
earity.
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Fig. 4-10: Transient RF- (a) g and (b) gma/3 vs. Vs for Ipg = 100...300 mA/mm of an 8X125um GaN HEMT

To make a statement about the nonlinearity under large signal operation not only the roots or minima of
9mz2/3 are important but moreover the shape of the whole g,,-curve, because the input signal traverses a much
larger part of the g,,-curve. Dependent on the selected bias point position this might end up in a continuously
changing magnitude and phase for the 2™ and 3™ order nonlinearities. Cancellation around a root can only be
maintained as long as the magnitudes of g,,,,3 are equal for the positive and the negative half of the input sig-

nal swing.

C.P. Lee et. al made use of the coherency between phase/time and amplitude of a sinusoidal input signal to
derive an expression which helps to predict the input power dependency of large-signal sweet-spots analytically
[133]. They proved that the resulting large-signal nonlinearity caused by the channel current is dependent on the
integrated area under the gp/3-curve, multiplied by a symmetric weighting function wy, (x). The weighting
function incorporates the nonlinear relation between phase/time and amplitude of a sinusoidal signal, reflecting
that the energy conservation during the transformation of the Fourier-integral over time to the input voltage do-
main is fulfilled. The amplitude of the n"-order harmonic Fourier component H,, for the channel current under
sinusoidal single-tone excitation can be expressed by

+
1 Vi
H, = - f f(Veso + Tcos(wt)) * cos(nwt) dwt. (4.21)
o f(AViy,wt)

Equation (4.21) presents the general solution, where the integration takes place over the phase in the time-
domain. Therein, f(AV,y, wt) describes the nonlinear function, which causes the nonlinearity and which is de-

pendent on the input signal swing. In terms of the channel current nonlinearity, f (AV;y, wt) is in this case equal
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to the output channel current Ipg. Since it is desirable to integrate over the input voltage swing rather than over
the phase in order to express the nonlinearity by the input voltage dependent derivatives of Ipg, C.P. Lee et. al
derived in [133] by smart integration by parts the following expression for the n"™-order harmonic Fourier com-

ponent H,,, where the integrand is now dependent on the input voltage swing only.

Vin

L VGso 2 > 5 (2n-1)
2(AV,y /2)™ 2x 2
Hn = —7-[(211 — 1)” f gmn(AVIN)lVGSO 11— (_AVIN) dx (422)
Vien— Vin
GS0~ > wn(x)

The variable x in (4.22) is equal to x = AV;y /2 - cos(wt). In other words, the integral over AV;y of g 2/3
has to be minimized or simply speaking, the smaller the enclosed area the smaller is the corresponding harmonic
content. As long as the shape of the regarded g;,,,3-curve is symmetric around the bias point, omission of the
symmetric weighting function w,, (x) does only result in an error in absolute magnitude of the integral but not in
the overall trend of the curve. This means that the nulls of the integral of gp,,,3 over AV;y are at the exact same
positions with or without weighting function wy, (x). Given that the shape of g;,,/3 is asymmetric around the

bias point, w,, (x) has to be included in the calculation.

The weighting function w,, (x) will be always incorporated for a better comparability in the following analy-
sis. By contemplating a sinusoidal time-domain signal it might not be fully intuitive at first sight why the non-
linearity cancels out. The existing time-delay between positive and negative half of the input signal period leads
to a traverse of the nonlinearity such that the opposing signs of gp,,/3 occur also delayed in time. The trick is
the transformation into the frequency-domain by the Fourier-transform, where the 180° phase shift of g,/ at

half of the signal period transfers the odd-order signal energy into the even-order signal components and vice

versa.
+AViN/2
2 X o\ 1/2

FD=~- f Im1(Vin) (1 - (AVIN/Z) dx (4.23)

—AVIN/2

wy(x)

5 +AVN/2 . ) 3/2

H, = gAVIN f Im2Vin) <1 - (AVIN/Z) ) dx (4.24)
—AViN/2
wa(x)

1 ; +AViN/2 N ) 5/2

Hz = EAVIN f Im3zVin) <1 - (AVIN/Z) ) dx (4.25)
w3 (x)

Returning to Fig. 4-9 (a) and applying the just mentioned relations to the g,,-curve enables now to predict
the input power dependency of the 2™ and 3™ order nonlinearity for the ideal HEMT. The resulting fundamen-
tal, 2" and 3" order harmonics H, and H; are then equal to (4.24) and (4.25). Since only the trend of the large-
signal g, 3-nonlinearity is of interest and not the exact magnitude, the integral factor in (4.22) is simply omit-
ted in the subsequent investigations. Fig. 4-11 depicts the integrals from (4.23) and (4.25) of the gp,,/3-curves

versus the gate-source bias voltage Vg0 and the peak-to-peak amplitude of the drive signal AV;y. Considering

123



CHAPTER 4 - LINEARIZATION CONCEPTS

class A (AVgso = OV) operation in the plots of Fig. 4-11 (a) shows in the upper picture that the 2" order nonlin-
earity will be canceled independent of the applied input power due to the odd-symmetry of g,,, around
Ves = 0V in Fig. 4-9 (a), whereas the 3" order nonlinearity in the lower picture of Fig. 4-11 (a) shows an input
power dependent characteristic due to the even-symmetry of g,,3 around Vgg = 0 V in Fig. 4-9 (a). The integral
of the 3" order components will first of all decrease with increasing input power and will only for large input
signals converge to zero again due to the positive g,,3-area contribution towards pinch-off and breakdown (see
Fig. 4-9 (a)). This results in the often observed sweet-spot in HD3 or IM3 of amplifiers close to Ps,r [134, 134,
135], which is owed to the flat shape of the g,,-curve [136]. For the plotted AV;y-range from 0 V to 2 V the best
HD3 or IM3 performance is to be expected for AVgs = -0.6 V, indicated by the red line in the lower Fig.
4-11 (a). Fig. 4-11 (b) illustrates the corresponding input power and bias point dependence of the 8x125um
GaN HEMT s 2" and 3™ order nonlinearity. Therein, it becomes obvious that the minimum for g,,, and g3
over a large input dynamic range can only be realized in class A. If only the 3 order nonlinearity is of concern
it might be meaningful to bias the HEMT in deep class AB-B at Vo= -2.47 V in order to increase the power
added efficiency, if power is of concern in the intended application. As can be seen from the upper Fig. 4-11 (b),
the 2™ order nonlinearity exhibits a very input power dependent sweet-spot characteristic between class AB and
class A at Vggg=-2...-1.1 V. Out of these considerations it can be concluded that it is the best option to bias the
HEMT in class A in order to achieve the highest linearity over a large dynamic range.
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Fig. 4-11: Integral of g,,, and g,,3 over AV;y plotted vs. AV;y and Vs for (a,c) an idealized HEMT and (b,d) 8x125um GaN HEMT
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In the foregoing investigation only the integral of the g,,,, and g,,3 nonlinearity for different bias points and
different input powers has been examined. Now, a statement about the ratio between fundamental and harmonic
distortion, will be made to identify the input power dependent sweet-spots. Fig. 4-14 depicts the ratio of g,
and g,,3 to gm1, €ach weighted by wy, (x) and integrated over the input signal swing, as described in (4.20), for
the given g,,-curves from Fig. 4-9 (a) and Fig. 4-10. In doing so, this ratio can be taken as a measure for the

degree of HD2 and HD3 contribution from the nonlinear channel current, as expressed in (4.26) and (4.27) be-
low.

H,

HD24p. = 20 - log (—FD) (4.26)
Hj

HD3,5. = 20-log (_FD) (4.27)

It is important to note that the constant integral factors from (4.20) have been included now in (4.26) to vis-
ualize the input power dependency and sweet-spots of the 2" and 3™ order harmonic distortions HD2 and HD3.
The first sweet-spot for the ideal HEMT occurs based on the zero of the 3™ order derivative for input signals
smaller than AV;y = 0.4 V (P;y = -4 dBm) in class A bias, as Fig. 4-13 (a) and Fig. 4-14 (a) show. As expected,
the second sweet-spot comes close to saturation, where the input signal swing covers the whole input signal
range and based on the odd-order symmetry cancels completely at Pg 7.
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Fig. 4-12: Calculated Poyr rp & Gp vs. Py of (a) an idealized HEMT for AVgg =-0.6...0 V and (b) 8x125um GaN HEMT
with Ipg = 100...300 mA/mm

For the 8x125um GaN HEMT in Fig. 4-14 (b) no input power dependent 3 order sweet-spot occurs but in-
stead a 2" order sweet-spot for a peak-to-peak input signal swing of AV;y =~ 0.5 V (P,y =~ -2 dBm) at
Ips = 250 mA/mm and for AV;y = 1.8 V (P;y = 9 dBm) at Ipg = 300 mA/mm, approaching class A bias. This is
based on the alternating sign of g,,,, around Vggo=-1.65...-1.35 V, as indicated by the inset in Fig. 4-11 (b). As
has been stated, in general it is also possible to cancel the second order nonlinearity, but in most applications,
where e.g. vector modulated signals have to be amplified, it is more usesful to improve the IMD performance
rather than to suppress the 2" spurious harmonic. Suppressing the 2" harmonic might only be desirable if either

only single tone performance is sought or very strong second order distortions in a two-octave bandwidth sys-
tem are present.
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HD2 & HD3 in dBc
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Fig. 4-13: Calculated H, & Hs in dBm vs. Ppy of (a) an idealized HEMT for AVgg =-0.6...0 V and (b) 8X125um GaN HEMT
with Ipg = 100...300 mA/mm
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Fig. 4-14: Calculated HD2 and HD3 vs. Pyyr of (a) an idealized HEMT for AVgg = -0.6...0 V and (b) 8X125um GaN HEMT
with Ipg = 100...300 mA/mm
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4.2.2 Investigation of Gate-Source Capacitor Nonlinearities

Similar to the procedure from chapter 4.2.1 regarding the channel current nonlinearity of a HEMT, this
chapter focuses on the large-signal nonlinearity caused by the nonlinear input capacitor Cgg. The main goal of
this chapter is to understand the input power and frequency dependence of the Cgg nonlinearity of the HEMT.
The nonlinearity of C;g manifests itself in a distortion of the gate-source voltage Vg, which is amplified to the
output of the HEMT via the transconductance g,,. The gate-source current can be in general expressed by the
following derivative of the gate-source charge with respect to time.

dQcs(Vgs) dVgs (4.28)

Igs(Vgs) = it = Cgs(Vgs) e

Multiplication with dt and reorganization of (4.28) yields

dQcs(Ves)

4.29

Ces(Vgs) =

Assuming a weakly nonlinear input signal, the nonlinear gate-source charge stored in Cgg can be described
by the following Taylor-series up to third order.

q2 qs
QasVes) = qolvgs, T 1 (Vos — Vaso) + > (Vas — Vaso)* + 3 (Ves — Vaso)® (4.30)

The coefficients g4, g, and g3 in (4.30) are nothing else than the 1st, 2nd and 3rd order derivatives of Qgs
with respect to Vg at the bias point Vggo. Thus, the coefficient g, has the unity Farad and therefore it is mean-
ingful to replace q4,q, and g3 by the capacitance coefficients cy,c; and c,. By insertion of (4.30) in (4.29),
Cos (Vgs) can be finally rewritten to

Cz 2
Cas(Vas) = co + c1(Ves — Vasx) + > (Ves — Vasx) - 4.31)

Equation (4.31) illustrates that the resulting nonlinearity of the gate-source capacitor Cgg can be again ex-
pressed by a Taylor-series. Comparison of equation (4.31) with (4.30) shows now that c; causes a 2nd order
harmonic distortion and c, correspondingly a 3™ order harmonic distortion in the gate-source current, which
translates one to one into an input voltage distortion. Based on this relationship the characteristic of the 1%, 2™

and 3" order derivatives cg, c; and c, versus Vg are of major interest for the assessment of the Cgg nonlinearity.

The c-coefficients versus Vgg of an 8x125um GaN HEMT are depicted in Fig. 4-15. The curves possess a
similar characteristic as the g,,-curves in their turn-on behavior, which might anticipate that the resulting output
nonlinearity from Cgg shows a similar Vg or input power dependence, respectively. In contrast to the g,,-
nonlinearity, the Cgg-nonlinearity is additionally dependent on frequency and not only on the applied input
power. It is therefore meaningful to differentiate between the input power dependency and frequency dependen-
cy of the Cgg-nonlinearity in the further analysis.
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Fig. 4-15: Cgso (cp) and its higher derivatives c¢; and c, versus Vg

Input Power Dependency

The impact of the input power dependence of the Cgg-nonlinearity on the output linearity can be explained
shortly by means of Fig. 4-15 above and is similar to the considerations done for the channel nonlinearities in
chapter 4.2.1. Similar to the g,,-nonlinearity exhibits the Cgg-nonlinearity a positive first order derivative (cy),
which increases steadily with increasing P, independent of the chosen bias-point. The outcome from the even-
order symmetry around Vg = -2.05 V is an increasing 2" harmonic at the output of the HEMT. The second or-
der derivative (c,) in contrast possesses a zero at Vgg = -2.05 V, which manifests itself in a sweet-spot of the 3™
harmonic, at least for very small input signal swings. As soon as Pjy increases, the 3" harmonic starts to in-
crease as well due to the slight odd-order asymmetry of ¢, around Vg = -2.05 V. Given the assumption that c,
would be completely point symmetric, no 3™ order nonlinearities would be generated by Cgg and thus amplified
to the output. The size of the Cgg-trajectory is thereby not only dependent on P;y but furthermore on the fre-
quency, as will be explained in the following subsection in more detail.

Frequency Dependency

It has been stated in several papers that the impact of the nonlinearity arising from the reactive circuit com-
ponents increases with increasing frequency, as e.g. in [137]. At a first glance at Fig. 4-16 this might be counter-
intuitive if simply the input low-pass filter of a HEMT, comprised by Cgg and Rgg, is regarded. With increasing
frequency the control voltage swing Vg will be reduced due to the increasing voltage drop over Rgg. According
to the before made analysis about the input power dependent Cgg-nonlinearity this would translate into a lower
output nonlinearity due to the reduced nonlinearity traverse of Cgg. What is completely left out is the matching
consideration with the source impedance. Considering the two extreme cases, where the HEMT is either driven
with a sinusoidal signal at f = 1 Hz (low frequencies) or f = f; (very high frequencies) helps to understand the
frequency dependence of the Cgg-nonlinearity. Presuming that the input power is applied to the HEMT via an

equivalent “Thévenin”-source with the series source impedance Zg, neither v;y nor igg stays constant over fre-
quency.
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Fig. 4-16: Simplified HEMT schematic driven by a Thévenin source

For low frequencies v;y in Fig. 4-16 is almost equal to Vs and igg is equal to zero based on the high input
impedance provided by Cgg. Thus, the “Thévenin”-source can be replaced by a pure voltage source, as shown in
Fig. 4-17 (a). Vice versa, for very high frequencies the input impedance of the HEMT becomes very small, so
igs dominates and the “Thévenin”-source behaves more and more like an ideal current source, as Fig. 4-17 (b)
depicts. In the latter case it is supposed that Zg >> z;y, which is a valid approximation e.g. for a GaN HEMT in a

50 Q environment at several GHz.
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Fig. 4-17: (a) low frequency and (b) high frequency approximation of HEMT driven by a constant power source

From Fig. 4-17 (a) it can be now seen that Vg cannot feature any distortion for low frequencies, because it
is equal to the linear drive voltage V5. The corresponding output nonlinearity contributed by Cgg is therefore
equal to zero at low frequencies. For high frequencies in the contrary, Vg in Fig. 4-17 (b) is solely evoked by
the current Ig, which flows through the nonlinear capacitor Cgg, giving rise to nonlinearities in Vg and hence at
the output. The feedback provided by Rgg plays only a minor role in terms of linearity, because it only slightly
reduces the Vgg-swing and therewith only shifts the input power dependent Cgg-nonlinearity. Unfortunately, at
the same time Rgg reduces also the effective gain, which ends up referenced to the fundamental output signal in
a similar HD. To put it into a nutshell, the nonlinearity contributed by Cgg rises with increasing frequency
whereby its exact trend is dependent on the frequency characteristic of the input match of the HEMT. This leads
to the question of perfect input matching for a HEMT over frequency in terms of optimum broadband linearity.

The voltage transfer function Hy, (w) from Vs to Vg in Fig. 4-16 can be determined to

1
H, = . 4.32
V() = s s + Res) (432

Fig. 4-18 illustrates the magnitude of Hy (w) for different Zg for a §x125um GaN HEMT. For the inexistent
ideal case of a frequency independent match with Zg = Rgs — 1/jwCgs, Hy (w) would strive to infinity at DC
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based on the perfect LC-compensation. If Zg exhibits only a real-part, H,(w) saturates towards DC at unity
when z;, becomes much larger than Zs. The smaller the Re{Zs} the higher is the corner frequency at which
Hy (w) falls below unity and Cg;s-nonlinearities arise. The optimum source impedance Zs in terms of linearity
would be thus equal to zero, because Vs is then equal to Vg for very small Rgg values, giving almost no room

for any nonlinearity caused by igg, as also already depicted by Fig. 4-17(a).

fin GHz

Fig. 4-18: Voltage transfer function Hy(w) vs. f for different source impedances Zg

4.2.3 Key Findings

Nonlinearities arising in GaN HEMTs are mainly determined by the channel current Ipg and the nonlinear
space-charge capacitance Cgg. The nonlinearity of the gate-drain space charge-charge capacitance Cgp can be in
general neglected without introducing significant errors due to its roughly 10-15 times smaller magnitude. The
dominating nonlinearity of Ipg, which can be expressed via a nonlinear g,,, is almost purely dependent on the
drive signal amplitude V;¢ whereas the nonlinear space-charge capacitance Cgg (and also Cgp) exhibits addi-
tionally frequency dependence, based on the fact that with increasing frequency the displacement current
through Cgg (and also Cgp) increases. Correspondingly, the nonlinearity of Cgg leads to an increased nonlinear
Vs with increasing frequency. Since the resulting nonlinearity at the output caused by Cgg is only dependent on
the nonlinearity of Vg, the gate driving impedance level is also of major importance. If the gate is driven by a
voltage source with low source impedance, Vg is mainly determined by the voltage source and thus no nonline-
arities in Vg can occur. Contrarily, if the source impedance is highly resistive, Vg is caused solely by the dis-
placement current through the nonlinear Cgg. Additionally, the magnitude of the nonlinearity coming from Cgg
is also dependent on the actual device size W;;. With increasing device size not only Cgg o increases almost line-

arly but also the dependence on Vg.

130



CHAPTER 4 - LINEARIZATION CONCEPTS

4.3 Parallel and Series Feedback Linearization

One of the most familiar linearization concepts is feedback linearization, which was invented by H.S. Black
at the Bell Laboratories and dates back to the year 1934 [138]. In his work he showed that by applying feedback
to an amplifier the amplifier can be stabilized, the gain flattened and the BW further shifted up in frequency.
Additionally, the impact of gain variations of the amplifier are greatly minimized by introducing feedback, so
that thermal drift and aging effects could be diminished. It should take seven more years before the reviewers at
the patent office were finally convinced that H.S. Black’s submitted patent on feedback linearization is actually
plausible and was finally accepted in 1937. Nowadays, feedback linearization has been applied through all kind
of different technologies and has become over the last 80 years a well-known method for linearization. [88, 90,
139, 140, 141, 142]. The linearity investigation on feedback in this chapter is closely related to W. Sansen’s ex-
cellent publication on distortion in elementary transistor circuits in [143].

4.3.1 Linearity in Feedback Systems

(2) ()

Fig. 4-19: (a) Nonlinear feedback system with distortion coefficients k;, and unilateral feedback f and (b) its equivalent representation

with converted distortion coefficients c,

The output linearity of a weakly nonlinear system excited by a sinusoidal input signal has been described al-
ready in section 4.1.1 equation (4.2). If the feedback system from Fig. 4-19 is considered, the new Talyor-series
coefficients ¢, up to 3rd order can be expressed by the already known open loop coefficients k,, and the unilat-
eral feedback transfer function f in an equivalent manner, as shown in [143]. By means of the feedback rela-
tionship u(t) = x(t) — B - y(t), replacement of x(t) in (4.2) by u(t) gives the following power series expres-
sions for the system in Fig. 4-19.

y(®) = ki (x(®) = B~ y(O)) + ko (x(©) = B - y(©))* + k3 (x(8) — B~ y(D))°
(4.33)

= c1x(t) + cox(t)? + c3x(t)3

Insertion of the second equation in (4.33) into the first leads to an equality where only the open loop (k;,)
and closed loop (c,,) coefficients together with the unilateral feedback transfer function 8 are contained. After
solving (4.33) for c,, the coefficients of the power series for the nonlinear feedback system can be determined
to (see also [143])
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__fa (4.34)
T ara) '
__k (4.35)
2= qra)’ ‘
. 2
Cs ks 2 Ak (4.36)

TA+A)* KA+ AT

where A; = [ - kq stands for the loop-gain. Equations (4.34) to (4.36) show that the higher the loop-gain A.; the
more degenerated are the higher order harmonics. Furthermore, the 3™ order coefficient c3 in (4.36) exhibits a
zero, so the contribution from the 2™ order nonlinearity k, of the amplifier cancels out the 3™ order nonlinearity
k; at a certain amount of feedback. This dependency can be verified from the HD3 and C/IM3 dependency on
the loop-gain 4; in Fig. 4-20, whereby the HD and C/IM incorporating feedback in (4.37)-(4.40) are computed
from (4.5)-(4.6) and (4.8)-(4.9) forA=V.

1 & 1 ko (14 A)?V
HD2 = = C23 == 32( kl) 2
¢V +5c3V3 4490 "3 %2 \ys3
1 763 k;(1+A4) +4<(1+A1) 24, k1>V (4.37)
. 14 forV « 1
=2k, + 4)? or
ka1 + Ay — 24tk 2
1 V3 3 ! ky
HD3 =Z 3 - k 2
caV+zeV® 4k (14 4)%+ <3k3(1 + A)) — 64, ki) V2 (4.38)
1
RYLR ( )2 2 A V2
=\ A+ A A+ 4)" ) forV «1
9 3
¢ _altasl’ g, 2+9( R Y v
IM2 "~ V2 _kZV( Dty ko (1+A) o (14 4))? (4.39)
= £(1 + A4p)? forV « 1
k,V ’
9 3
C _ C1V+ZC3V _3+4 k1(1+Al)4
M3~ 3., T3 k)
763 ks(1+A) — 24,72 | V?
1 (4.40)
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From (4.37) to (4.40) it can be again seen, that for small amplitudes (V « 1) the relationship C/IMn =
1/(n - HDn) is valid and the impact of the 3 order nonlinearity on the fundamental can be neglected. More im-
portantly, sweet-spots at a certain loop-gain 4; in the HD3 and IM3-products occur, which suppress the 3™ har-
monic (H3) and give optimum in-band intermodulation performance (C/IM3, 0IP3). When the amplifier’s non-
linear coefficients k4 to k3 together with the loop-gain A; satisfy the condition (4.41), full H3/IM3-cancellation
at the output occurs. For 4; = 1 and k; = 1 the simple relationship of k, > \/k_3 results (see dashed-dotted line
in Fig. 4-20). The larger A; gets the smaller has to be the difference between k, and k3 in order to maintain the
H3/IM3 sweet-spot and vice versa. It is important to bear in mind that H3/IM3-cancellation can only occur,

when k5 and k; exhibit the same sign, as the denominators in (4.38) and (4.40) reveal.

__ ks (4.41)

A
! 2k22 - k1k3

-25

—C/IM2

150

o
o

HD in dBc
C/IM in dB

50

(@) (b)

Fig. 4-20: (a) HD and (b) C/IM-ratio vs. A, of nonlinear feedback system with distortion coefficients k; = 1, k, = 1/8 and k5 = 5-107/V?
(solid), 15.625:10°/V? (dashed-dotted), 25-10°%/V? (dotted)

4.3.2 Linearization in GaN FBPAs

The before derived theoretical dependence will be translated to the topology of a CS-HEMT with parallel
resistive feedback (series-shunt feedback) in the following. Since the presented approach is similar for series
resistive feedback (shunt-series feedback) it will not be covered within this work. The analysis shall reveal, if
the 3" harmonic and the IM3-product can be fully eliminated in resistive FBPAs implemented in 0.25um GaN
technology by cancellation of the 3" order nonlinearity through the 2™ order nonlinearity. First of all, the
closed-loop gain and loop gain of the FBPA applying parallel resistive feedback needs to be determined. The
voltage gain or closed-loop gain of a simple CS-HEMT with parallel feedback Ry, and load resistance R, can

be determined to

R

L
Av,cfp = (1 - ngfp) R+ pr- (4.42)
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The corresponding open-loop gain is equal to A, = —g,, R, wherefrom the loop gain A; = 8 - 4, results in

_ gm(Ry + Rep) 1

A
: mRpp —1

(4.43)

500

25

400 20

S 300
c

indB
o

v,cfp

h=s
o 200

A

100 [

o
T

(@) (b

Fig. 4-21: (a) Loop gain 4; vs. Rf, and (b) closed-loop gain A, cf;, vs. A; of parallel resistive FBPA for a 8x125um HEMT

The loop-gain dependency of a §x125um HEMT with g,,, = 0.33 S terminated with a load of R; = 50 (2 on
Ry, is plotted in Fig. 4-21 (a) above. It can be seen that the loop gain 4; lies for typical Rg, values, which are
needed for a proper DC matching to 50 Q (see 3.2.1), in the range from 50 (1 to 500 Q between 0.1 to 1.0. The
corresponding power gain, as shown in (b), is within this range between 18 and 23 dB, which is still sufficiently
large. Turning back to the condition (4.41), the coefficients k; to ks in (4.40) can be now simply replaced by the
Taylor series coefficients g1, 9m2/2 and gp,3/6, which describe the nonlinear channel current of the HEMT,
as already presented in section 4.2.1. By insertion of the g,,,-coefficients for k, into (4.41) and subsequently

setting (4.41) equal to (4.43), the exact value for Ry, which leads to an IM3 sweet-spot can be determined to

3 2 3 2
Rppe = —IM2_ 4 R, <ﬂ - 1). (4.44)
Im1°9ms3 Im19m3

Equation (4.44) reveals, that not only the g,,,-ratios but also the absolute value of R; plays an important

role for the H3/IM3-cancellation. As soon as the condition 3g,,2% > gmi1gms is satisfied, Rgp ¢ stays always

positive. If 3g,,,? is smaller than the product of g,,; and g,,3, condition (4.45) needs to be fulfilled to still re-
tain positive values for Rep ..

1 3,22
— > <1 - ﬂ) R, (4.45)
Im1 Imi19m3

Furthermore, a negative g,,5 leads always to negative values for Ry, ., showing that under such condition

no H3/IM3-cancellation is possible, as already mentioned in the section before. So far, the exact dependencies
and conditions for the presence of an HD3/C /IM3 sweet-spot have been analytically derived.
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Fig. 4-22: (a) HD2 (dashed) & HD3 (solid) vs. A;, (b) C/IM?2 (dashed) & C/IM3 (solid) vs. A, (¢) Ay crp vs. Ay and (d) Rsp, vs. A; of an
8% 125um FBPA with parallel resistive feedback for the distortion coefficients at Ing = 10, 35 and 100 mA/mm from Table 4-1

To obtain a final statement about the usability of the H3/IM3-cancellation in GaN25 technology, the deriva-
tives of the transconductance (g1, gmz and gn3) for a 8X125um HEMT were taken from the large-signal
model (see Fig. 4-10). The values given in Table 4-1are for the different bias points of Vpg =28 V and Ipg = 10,
35, 100, 200 & 300 mA/mm with R; = 50 Q. As can be clearly seen, the g,,3 exhibits mainly a negative sign
within the class AB-A range, giving negative values for Rgp, .. Only for very deep class AB-B operation below
Ips = 35 mA/mm becomes g,,,3 positive and H3/IM3-cancellation can be successfully exploited, as also demon-
strated in Fig. 4-22. For the two bias-points at Ipg = 10 & 35 mA/mm, a much higher 2™ as well as 3" order
nonlinearity can be observed from the HD and C/IM curves, when approaching open-loop gain condition
(A; = 0) opposed to the bias-point Ipg = 100 mA/mm. This is in accordance with the higher g;,,,3-values in
Table 5-1 for the two deep class AB-B bias-points. As soon as the loop-gain increases, a clear sweet-spot can be
noticed in the two plots, where the 3" order nonlinearity can be completely cancelled and the corresponding
HD3 values and C/IM3-ratios outperfrom the “more linear” bias point of Ing = 100 mA/mm. As the negative
value for Ry, - or giy3 already reveals in Table 4-1, no linearity sweet-spots for Ipg = 100 mA/mm exist in Fig.
4-22 (a) and (b).
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Table 4-1: Derivatives of the nonlinear channel current for Ipg = 10, 35, 100, 200 & 300 mA/mm and Vpg =28 V

Ips / mA/mm 10 35 100 200 300
Gmy / MS 35 60 290 265 240
Gmz | mS/V 50 77 10 0.6 0.14
Gms | mS/V2 59 70 17 13 0.15
Rrpe! 02 2354 | 2323 | -5325 | -50.17 | -50.09
A, 0.380 | 0.309 - - -

The downside of this approach is that the de-/increase in HD3 and C/IM3 comes at the cost of small-signal
gain, because g,,1 drops also below 20% of its maximum gain at roughly 100 mA/mm to values below 60 mS.
This dependency can be also seen in (c), where the gain of the FBPA drops at the sweet-spot for Ipg = 35
mA/mm at 4; = 0.309 to roughly 7.2 dB and for Ipg = 10 mA/mm at A4; = 0.380 even down to 2 dB. Moreover,
because the second harmonic is much larger for the deep class AB-B bias-point and thus dominates, the overall
HD-performance is strongly degraded. Based on these findings, H3/IM3-cancellation cannot be utilized with
respect to the given specifications from Table 1-1 in the FBPA design in chapter 3.3.4, where low harmonics are
vital. Since HD-performance needs to be sacrificed to lower the in-band IM3-products, this approach is only

useful in narrow-band designs, where any HD falls out of the BW of interest.

4.3.3 Key Findings

Feedback Linearization is a well-known and suitable concept to realize broadband linearization for PAs.
Within this section the trade-off between the amount of applied feedback and the implications on the even- and
odd-order harmonics as well as in-band intermodulation products were examined from a very general point of
view. Analytical calculations based on a Taylor series expansion, which describe the weak nonlinearity of the
HEMT’s channel current, showed that with increasing loop-gain (feedback) the even- as well as odd-order line-
arity can be improved effectively. Interestingly under specific conditions, the 3™ harmonic (H3) as well as the
IM3-product can be completely cancelled, as long as the relationship (4.41) is satisfied by the Taylor-series co-
efficients k,, and the loop gain A; of the feedback PA. Based on this analytical finding, the linearity investiga-
tion was further extended to the GaN25 process, where k,, was simply replaced by the derivatives of the Ipg vs.
Vs characteristic of a 8X125um HEMT. By means of a simplified low frequency HEMT model, 4; was first of
all computed for a parallel resistive feedback PA dependent on the transconductance g,,, the feedback re-
sistance Ry, and the load resistance R;, of the FBPA. In a next step, a boundary condition for Ry, was derived,
where the value of Ry, . serves as an indicator for the general presence of H3 and IM3-cancellation for a given
set of g n-values. As long as Rgp . is negative, no 3" order nonlinearity sweet-spot is present. If the set of
Imn-values gives positive values for Ry, , 3" order nonlinearity cancellation can be realized within a parallel
FBPA design. Furthermore the analysis shows that negative g,,3;-values always impede the generation of a
sweet-spot. Based on this latter finding it can be thus asserted that class AB to A biasing never leads to a
H3/IM3-sweet-spot in feedback based designs, making it impossible to exploit this beneficial linearization fea-
ture in the design of class A parallel FBPAs. Although, for very deep class AB to B bias the positive g, 3 char-
acteristic proved to enable the cancellation of the g,, , contribution to the H3 and IM3-product for the GaN25

process, but with the downside of reducing gain and increasing 2™ order nonlinearities.
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4.4 Staggering Drain-Line Principle in TWAs

In this section linearity of the TWA topology from a purely theoretical point of view will be regarded. First
of all, the HD for a single tone CW signal is examined and later, the intermodulation for a two tone CW-signal
with narrow frequency spacing. The dependency of the the HD2, HD3 and C/IM3 on additional phase delays
on the gate- or drain-line, further referred to as “staggering”, will be investigated and the possible improvements

assessed. For the calculation of the HD2, HD3 and C/IM3, the following simplifying assumptions are made:

¢ the input and output impedance each transistor stage sees in the TWA is constant over frequency.

e the calculation of the HD2 and HD3 is only valid up to half and respectively one-third of the
TWA s operational bandwidth. Above these frequencies the out of band impedance for the 2™ and

3" harmonic changes significantly, violating the prior mentioned condition.

e the T-line attenuation « is constant and the phase coefficient § shows a linear dependency over

frequency/electrical length, which is a simplifying but reasonable approximation for a real design.

4.4.1 Harmonic Distortion

According to these approximations the theoretical dependency of the HD content of the output signal on the
gate- and drain line lengths (I, [p) and the number of stages (N) can be established. Fig. 4-23 sketches a typical
UDPA with 3™ order harmonic signal content at frequency 3w on the drain-line, generated by the nonlinearity
of the transistors when a sinusoidal input signal of the form V;y = a - cos(wt) is applied at the input. These
harmonics travel with m-times the frequency on the drain-line toward the output, which results in an m-times
larger phase coefficient S, via the relationship fp = m - wVLC. For simplicity reasons, the attenuation on gate-
and drain-line is equal to zero (a; = ap = 0), because no impact on linearity is to be expected over frequency

by consideration of a constant attenuation.

Fig. 4-23: Sketch of the drain-line propagation difference between fundamental and 3" harmonic due to nonlinear transistors in a UDPA

In general the m™-harmonic output current n.m of an N-stage UDPA into the output load at port RFyyr can

be expressed via the relationship
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n
sin|= l-—m-Bpl )
Iym = %_gm‘mam e‘f%(ﬁcher'ﬁDlD) <2 Bels Polp) (4.46)
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where the amplitude of the m™-harmonic output signal is solely described by a Taylor series expansion of the
nonlinear transconductance, as already described in (4.20) in chapter 4.2.1. By means of (4.46) the m™-order
HD can thus be derived to

. (n (1
amlg m—1 sin (7(,3616 _m'BDlD)) " sin <§(,3ch _ﬁDlD)>
M, g~JzMm=Dbplp ,

m! gma

HDm = 4.47)

sin <% (Bglg —m- :BDlD)> ©sin (g (Bgle — :BDID))

In a final step the total output current of the fundamental signal Iy ; can be made independent of the number
of stages for a better assessment of the resulting HD. By solving (4.46) for a (m = 1) and setting Iy ; to a con-

stant value, as e.g. unity, (4.47) can be rewritten to

m

sin (g Bl —m- BDlD)) sin <% Bele — ﬁulu)>

sin <% Bgleg —m- BDZD)) sin (g Bele — ﬁDlD))

-1
HDm _ Zm gm,m . e]%(m—l)ﬁalc .

- m
ml gma

(4.48)

The plots in Fig. 4-25 show the HD2 and HD3 according to (4.48) for m = 2 and m = 3 versus a difference
in electrical length between the gate- and drain-line sections (AE; = S;l; — Bplp) and for different number of
stages. In order to simply show the theoretical dependence of the HD and the resulting power gain Gp on a mis-
match of the propagation constants and the number of stages N, the Taylor series coefficients which express the
nonlinear drain currents were chosen equal to g,, 1= 1, gy 2= 0.1 and g, 3 = 0.01. As expected, from (a) and (b)
it can be seen that for a single distributed transistor stage the HD2 and HD3 performance in dBc is independent
on the propagation mismatch and equal to 20 - 10g(gm,2/9m1) and 20 - 1og(2gm 3/(3gm,1)), respectively. As
the number of stages increases, the HD further improves, as was also already mentioned by V. Paschalidou and
C. Aitchison in [144]. For equal propagation constants the dependence of HDm on N is only determined by the

sin-terms in (4.48), which can be further reduced to

m

(1
sin (% (Belg —m - lngD)) sin <7 Bele — ﬁDh))) 1)m—1 (4.49)

sin <% Bsle —m - Bp zD)> sin (% Bele — BDID)) N

As the plot of (4.49) in Fig. 4-24 reveals, the higher the order of the harmonics, the larger the improvement
in HD. In order to reduce e.g. the HD2 by 10 dB, N needs to be increased from 4 to 10 stages, whereas for the
HD3 a number of N = 7 stages would be sufficient. It can be concluded that the highest SFDR will be obtained
in a UDPA, when the maximum number of stages is taken.
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Fig. 4-24: Dependency of HDm vs. N in dB for equal gate- and drain-line phase coefficients

It can be furthermore deduced that sweet-spots occur at propagation mismatches of AE; =180°/N for the
HD2 and AE; =120°/N for the HD3, as Fig. 4-25 reveals. These sweet-spots repeat for the HD2 at odd-
numbered multiples, whereas for the HD3 the even-numbered multiples of these electrical lengths yield again
2" or 3" order spurious free output signals. The so called “staggering drain-line principle” makes use of exactly
this dependency of the nonlinear terms on the propagation mismatch. Taking a closer look onto (c) reveals that
the sacrifice for lower HD comes at the cost of decreasing gain. To operate a UDPA with e.g. N = 6 stages in
the HD2 sweet-spot, the mismatch between fS;I; and Splp has to be equal to 30° per section, which leads ac-
cording to (c) to a reduced gain by roughly 3.8 dB from 28 dB to 24.2 dB. Based on the larger phase velocity of
the 3" harmonic, this situation is more relaxed for the HD3, where operation in the sweet-spot requires only 2/3
of the HD?2 propagation mismatch, giving only 20° and accordingly only 2 dB less gain. It can be thus inferred
that higher order nonlinearities can be more easily suppressed by the staggering drain-line principle than lower
order nonlinearities. Unfortunately, the 2™ and 3™ order nonlinearities are in most technologies the dominant
distortions, which need to be suppressed or eliminated to obtain high linearity in the application. Another draw-
back not tackled up to now is the reduced bandwidth of the UDPA, which accompanies the staggering of the
dran-line. By means of (3.75) for a; = ap =0 and Rgg = 0 Q, the power gain of the TWA with no losses results
in

2
sin <¥ Bsl — Bo lD))
(4.50)

2
Gp = @. o~/ Bale+Bolp) . :
sin <§ Bele — ﬁulu)>

Fig. 4-26 plots the normalized power gain of (4.50) versus the normalized frequency in a UDPA with N = 6
stages for different additive phase delays A®; on the drain-line. It can be inferred that the larger A®; becomes
and the closer the UDPA operates at its maximum corner frequency, the higher are the losses in power gain.
Picking up the example for N = 6 stages, Fig. 4-25 (a) reveals that in order to achieve optimum HD2 perfor-
mance A®, needs to be equal to 30° for the sweet-spot. This translates according to Fig. 4-26 now into a gain-
drop of around 3.8 dB at f;,4, compared to the ideal case of A®; = 0. Exactly this value was already read from
the Gp vs. AE] plot in Fig. 4-25 (c) for the HD2 sweet-spot. As Fig. 4-26 for A®; = 10° illustrates in contrast,
the gain loss over the whole BW amounts to only 0.4 dB, which would correspond for A®; = 30° to only one-
quarter of the BW. It can be thus summarized that in order to realize constant gain in the staggering drain-line

concept but significant improvement in HD performance, the BW of the UDPA is significantly reduced. Out of
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this reason, the staggering drain-line linearization approach was not furthermore pursued for an implementation
in hardware under the targeted specifications of gain and BW from Table 1-1.

20 . . . : : : : :

HD2 in dBc
HD3 in dBc

AElin °
(a) b

GP in dB
&

AElin °

(©

Fig. 4-25: (a) HD2, (b) HD3 and (c) Gp of fundamental vs. AE; for different number of stages N in a UDPA
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Fig. 4-26: Dependency of Gp vs. f/finax in dB and N = 6 for a staggered drain-line with an additional phase offset A®; at fi,qx
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4.4.2 Intermodulation

As already shown by C. Aitchison and M. Mbabele in [145] based on the findings by V. Paschalidou and C.
Aitchsion much earlier in 1985 [144], the C/IM3-ratio can be in principle improved in DAs by simply increas-
ing the number of stages. Assuming the loss-free limiting case and equal phase velocities on gate- and drain-
lines, C. Aitchison and M. Mbabele showed that the C/IM3-ratio for negligible losses on the drain-line is theo-
retically propoprtional to N*. This is in close relationship to the investigations conducted in the previous sec-
tion, where the HD showed to improve for a constant output power with increasing number of stages by a factor
of (1/N)™~1, Similar to the HD considerations in the previous chapter deals this section with the dependency
of intermodulation products on gate- and drain-line propagation mismatch under the consideration of lossless
gate- and drain-lines.

Considering the following two sinusoidal input drive signals of the form V;y; = a4 - cos(w;t) and Vip, =
a, - cos(w,t), which pass through the 3" order nonlinearity of the transistors, yield spectral output current
components according to Iy 3 = g 3(Viyg + Vin2)3/ 3! at the drain of each transistor. Only the mixing terms at
frequencies of 2w; — w, and 2w, — w; with a corresponding amplitude of 1/8 a,2a, 9m,3 and 1/8 a,a? Im3
produce the well known in-band spectral 3" order intermodulation products (IM3), which are close to w; and
w, and therefore cannot be filtered out. Since the two fundamental input signals at w; and w, are close to the
IM3 products at 2w, — w, and 2w, — w1, no significant difference in phase velocity is to be expected, opposed
to the case for the HD where the m™-harmonic travels with m-times the phase velocity. Nevertheless, due to the
strong dependency of the IM3 products on V,Ng, the phase velocity on the gate-line appears to be three times as

high as on the drain-line. This leads to the following total /M3 current at the output of

in (% (BBsle — Bo lD))

1 5 R 3BelaBolp)
Inimz = TeX Imse 2 °PGGTEDD 1 ,
sin <7 (3Bsls — .BDlD))

(4.51)

where a; = a, is assumed for simplicity reasons. The impact of the 3™ order nonlinearity on the fundamental is
for simplicity neglected herein, since it is negligibly small under small-signal operation. To obtain the C/IM3-

ratio, the fundamental (m = 1 in (4.46)) needs to be set into relation to (4.51), giving

1
in (2 - sin <— 3B4ly — Bal )
C _ 8 Gmi  jnpy,. """ (3 (Bats - pata)) _ 236l ~ fuld) (4.52)

IM3 Im;3 "’ al2 sin <% (,Bglg _ ,Bdld)> sin (% (3ﬁglg - ﬁdld))'

After normalization of the fundamental signal current to the number of stages N, as was also done within
the HD calculations, the C /IM3-ratio finally results in
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Fig. 4-27: (a) C/IM3, (b) Hg of the fundamental and (c) H;3 of the intermodulation products vs. AE; for different number of stages N in

a UDPA

Fig. 4-27 (a) depicts equation (4.53) vs. phase delay AE; of a staggered drain-line, dependent on the number
of stges N. Similar to the HD3 graph in Fig. 4-25 (b), a full suppression of the IM3 components occurs every
120°/N, as also shown by the IM3-transfer function in Fig. 4-27 (c). In combination with the much weaker
phase delay dependence of the fundamental signal in (b), the C/IM3-ratio can be improved significantly by in-
troducing an additional phase delay on the drain-line, as was also presented in [146]. This improvement of the
C/IM3-ratio, which can be one-to-one transferred to the OIP3 by means of the relationship derived and pre-
sented in section 4.1.2, comes again at the cost of gain and BW, as depicted in (b).
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4.4.3 Key Findings

By means of some simplified considerations, the single-tone linearity in form of the HD as well as the two-
tone intermodulation performance in form of the C/IM3-ratio were analytically derived for a UDPA. The over-
all linearity is very dependent on the number of sections N and on the different phase delays of the gate- and
drain-line in a UDPA. From the theoretical analysis it emerged that with increasing number of stages N, the HD
as well as the C/IM3-ratio improves, assuming a constant total device size (TGW). As far as the author is
aware, the general HD dependency on N has been identified for the first time to be proportional to
HDm~(1/N)™"1 in a UDPA. The improvement of the C /IM3-ratio with increasing N on the contrary has al-
ready been reported in [144, 145]. Furthermore, by introducing some additional delay on the drain-line in form
of line-length staggering, the linearity additionally can be improved at the expense of gain and BW. In general it
can be stated that higher order nonlinearities can be reduced with less loss in gain and BW performance than the
lower order nonlinearities. Based on these findings and the given gain and BW specifications from Table 1-1,
the staggering drain-line linearization concept was not further pursued within this work. Because full suppres-
sion of the dominating 2™ harmonic would require a phase delay of 180°/N per section, which leads to a signifi-
cant reduction in gain by almost 5 dB or a severe limitation in BW. Nevertheless, for applications with relaxed
BW requirements and where harmonic distortion is not of major importance but rather intermodulation perfor-
mance, this concept proves to be an efficient approach for improving the two-tone linearity of TWAs.
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4.5 Derivative Superposition Method

The derivative superposition method (DSM) is a linearization concept which dates back to the year 1996,
where D. Webster presented for the first time a linearization technique taking advantage of the alternating sign
of the 3" order derivative of the transconductance g,, [147]. The first section 4.5.1 discusses first of all the gen-
eral principle of the DSM by making use of a HEMT with ideal transfer characteristic. With the obtained
knowledge from chapter 4.2.1 for the bias point and input power dependencies of the channel current nonline-
arity of a single CS-HEMT, the applicability of the DSM principle in 0.25um GaN-technology will be investi-
gated in section 4.5.2.

4.5.1 General DSM Principle

Fig. 4-28 sketches the basic principle of the DSM for n equally sized parallelized HEMTs, where the differ-
ent bias voltages are set by a resistive divider ladder. The inductances shall additionally prevent intercoupling
between the stages at high frequencies, but can be also omitted.

Fig. 4-28: Schematic of the derivative superposition method applied to HEMTs via resistive voltage division

By introducing some offset voltage between each transistor, each transistor operates at a different Vg, as
Fig. 4-28 shows. If the offset between the kth and the (k+1)th HEMT in Fig. 4-28, is chosen in such a manner
that the summation of the 3" order derivative yields zero over the maximum possible input power range, the 3™
order nonlinearity and hence HD3 and the IMD3 products are significantly minimized. The higher the number
of stages, the broader is the 3" order input power cancellation range. But before focusing on the implementation
with GaN HEMTs, the idealized HEMT introduced in chapter 4.2.1 is taken to gain a principle understanding of
the DSM. In general there are two different approaches to end up in an optimum g,,3 cancellation, which are
displayed by the idealized HEMT transfer characteristics in Fig. 4-29 (a) and (b).

In the first case, Vs is chosen equal to 0.4 V between two HEMTs in order to cancel the negative g,,3-part
by the positive g,,3-part of the offset HEMT, as depicted in Fig. 4-29 (a). The corresponding optimum bias
point is then located at a bias voltage of AVgg = -0.6 V in class AB to realize a 3" order nonlinearity compensa-
tion up to an input voltage swing of AV, = 0.4 V. Unfortunately, the g,,,-contribution is not cancelled at this
bias point but only shows no input power dependency up to a signal swing of AV;y = 0.4 V. For the second case
in Fig. 4-29 (b), the shift in offset voltage is chosen equal to Vg = 1.2 V. Thereby, the 3" order nonlinearity
resulting from the positive slope of the g,,,;-curve exactly is cancelled by the one caused by the negative slope,

as long as the g,,;-curve is fully symmetric. The corresponding optimum bias point is then located at a bias
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voltage of AVgg = 0 V in class A to realize a 3™ order nonlinearity compensation up to an input voltage swing of

1.2 V than for

Vos = 0.4 V. If the 2™ order nonlinearity is also of concern, the sum of g,,, shows in Fig. 4-29 (a) that the 2™

1.6 V. It can be immediately inferred that the linear range is thus much larger for Vg
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order distortion is not nulled around AV;s = -0.6 V, whereas in Fig. 4-29 (b) also g,,,, will stay zero over almost

the same input power range as g,,3 does.
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Fig. 4-30 illustrates the dependency of the g,,,- and g,,3-integral weighted by w, (x) from equation (4.20)
over different input signal swings AV} and now also for various offset voltages V5. The plots (a) and (b) show
that for Vggo = -0.6 V the best 3 order harmonic cancellation over large input signal swings is achieved for
small Vs values, whereas the best 2" order harmonic cancellation is obtained at large Vg values. In contrast to
this contradicting trade-off between 2™ and 3™ order linearity, Fig. 4-30 (b) and (d) with V5 = 1.2 V shows that
optimum 2™ and 3™ order linearity over a peak-to-peak input voltage swing from 0 V to 1.6 V can be main-
tained. Whereas for g,,,, in Fig. 4-30 (c) the ideal cancellation is independent of AV, and V5 based on the even
symmetry of g,,, around Vggo = 0 V, the 3™ order nonlinearity starts to deteriorate for larger swings than 1.6 V
due to the additional negative g,,3-area, as Fig. 4-29 (b) depicts. At an input signal swing of AV;y > 2.5V,
where the signal starts to saturate and the signal traverses also through the positive part of the g,,3-curve, the
negative area under g,,3 gets completely cancelled by the positive part. Since this coherency is not clearly ob-
servable in Fig. 4-30 (d), Fig. 4-31 graphs the signal power of the 3™ harmonic in dBm contributed by the inte-
grated area under the g,,3-curve for (a) with and (b) without weighting function w,, (x). It is clearly visible in
Fig. 4-31 (a) that for P;y > 10...15 dBm the area under the g,,3-curve goes down to zero again. Resulting from
the transformation of equation (4.21) from the time-domain to the voltage-domain in equation (4.22), the output
signal components have to comprise the weighting function wy, (x) for a correct mapping. Out of this reason has
the outlying positive area always less impact on the cancellation than the nearby negative area under g,,3. As a
rule of thumb it can be stated that with respect to AVgg the farther the positive/negative part is apart from the
opposing negative/positive part of g,,3, the lower is the cancellation effect. Fig. 4-31 (b) illustrates exactly this
fact that the output power of the 3™ harmonic exhibits no zero for large P;y due to the presence of the weighting
function w,, (x). Thus, the 3™ harmonic exhibits the expected saturation behavior after starting with a slope of
three for small input powers. Nevertheless, it has to be mentioned that the real saturation behavior is not fully
modelled due to the Taylor series approximation.

(b) (d)

Fig. 4-31: Poyr 3 in dBm over Py and Vg for Vggo = 0 V in (a) w/o and (b) with weighting function w3 (x) of DSM for two ideal
HEMTs

The observant reader might ask why the DSM concept for the idealized g,,-curve might give any linearity
benefit, since the optimum linearity in terms of 3" order cancellation for a simple CS-HEMT has been already
found in class AB at V5o =-0.6 V from Fig. 4-11 (a). Moreover, class A operation gives additionally very low
2" order distortion, leading to an optimum where the 2" and 3™ order derivatives possess a common minimum
(see Fig. 4-11 (b)). The major difference between the single CS-HEMT and the DSM is founded in the cancella-
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tion of the 3" order nonlinearity over larger input power ranges. Especially for non-symmetric g,,3-curves of-
fers the DSM higher linearity, because choosing the bias point at the class AB small-signal sweet-spot of the
Ima-curve of a simple CS-HEMT does not yield full cancellation with increasing input signal swing anymore
due to the asymmetry of g,,3 around the bias point. By replacing the CS-HEMT by n parallelized HEMTs in
DSM configuration, the linear range can be extended dependent on the asymmetry of the g,,3-curve and the
number of stages. The higher the number of stages the larger becomes the linear input/output power range. In
the following we will investigate the potential implementation of the DSM for small and large Vs for GaN
technology.

4.5.2 Evaluation of DSM for GaN

At the very beginning it is important to know the exact I-V-transfer characteristic of the GaN technology al-
so for very large input signals before making a statement about the potential achievable linearity improvement
of the DSM. The plotted g,,,-curve in Fig. 4-32 (a) is extracted from isothermal large-signal measurements for
different Vg and Vpg up to the maximum DC power dissipation curve of 8 W/mm and is from there linearly
extrapolated, whereas Fig. 4-32 (b) depicts one single linearly extrapolated g, ;s,-curve for Vpg = 30 V and its
corresponding derivatives gz iso and g3 iso- Clearly visible is the maximum isothermal intrinsic large-signal
gm of around 330 mS/mm at Vg = -1.8 V, which is due to the de-embedding of the extrinsic lead resistances
R, Rp and R higher than the one from the LS-model, as e.g. shown in Fig. 4-9 (b). Fig. 4-32 (a) illustrates that
as soon as the gate-source diode opens at around Vg = 1 V a more distinct saturation characteristic for values
of Vps < 5V than for larger Vpg values exists. The reason for the difference in saturation with increasing Vpg in
HEMTs can be explained by the formation of a parasitic intrsinic MESFET, where the conduction channel is
formed in the AlGaN layer between the gate and drain node. At the maximum measurable power dissipation
point of the HEMT at a bias-point of roughly Vgs =4 V and Vpg = 10 V, the g,y ;5,-curve approaches an almost
linear dependence for Vg values larger than 1 V in Fig. 4-32 (a). Since g, ;5, has to be close to zero when the
maximum channel current density at a gate bias of Vgg = 4 V is reached, linear extrapolation for Vg values

larger than 1 V for higher Vg values is thus a good approximation, reflecting the real physical transfer charac-
teristic of the GaN HEMT.
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Fig. 4-32: Extrapolated measured isothermal intrinsic g,,-transfer characteristic of an 8 xX125um GaN HEMT (a) vs. Vg and Vpg
(courtesy: IAF) and (b) vs. Vg for Vps = 30 V including g,,,» and g3
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Based on the more symmetric g,, ;5o Characteristic around class A bias for Vpg < 5V than for Vpg =28 V,
as depicted in Fig. 4-32 (b), low Vpg operation would be advantageous in terms of an implementation of the
DSM with large Vs, as was sketched in Fig. 4-29 (b) for the ideal HEMT. Unfortunately, the most important
limitation in applying large Vj¢ in the DSM in GaN technology is based on the maximum DC power dissipation
of the first device. In order to exploit the 3 order cancellation over the maximum input power range, the
HEMT has to be biased far above class A. Besides, Vg operation below 10 V yields reduced gain and limited
output power. Accordingly, choosing large V¢ values in the DSM to improve the linearity is not a viable solu-
tion for GaN technology. The only remaining solution is thus to bias the different DSM-stages with small V3.
Fig. 4-33 (b) shows the superposition of the g,,-curves from two HEMTs for V5 = 0.4 V, where Vgg; and
Vgs,2 are selected in such a way that the 3" order nonlinearity contributed by g,,3 exhibits equal magnitude but
opposite signs, as depicted in (a). Fig. 4-33 (c) and (d) show the corresponding dependency of the 2™ and 3™
order nonlinearity on different offset voltages Vs and on different peak-to-peak input voltage swings AVjy.
From Fig. 4-33 (d) the optimum offset voltage Vs for the 8X125um GaN CS-HEMT in order to attain an al-
most input power independent 3 order linearity is located at roughly Vg = 0.4...0.5 V. The 2™ order nonline-
arity in contrast increases steadily with increasing AV}, but its input power dependency can be only minimized
by choosing Vs as large as possible, as already indicated for the ideal HEMT in Fig. 4-30 (a).
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Fig. 4-33: (a) isothermal g,,,,-curves, (b) sum of two isothermal g,,,-curves with Vyg = 0.4 V and integral of (c) g, and (d) g,,3 over
different input voltage swings AV;y and different offset voltages Vyg for the DSM with two 8x125um HEMTs
at Vps =30 V and Ips = 200 mA/mm
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Overall, it can be concluded that the linearity improvement brought by the DSM is strongly confined by the
GaN25 process. This is on the one hand the result of the sharp turn-on characteristic of these GaN HEMTs, as
the resulting flat part from the summation of the two g,,3-curves in Fig. 4-33 (b) shows. To significantly in-
crease the input dynamic range for 3™ nonlinearity cancellation, several HEMTs need to be connected in paral-
lel, which raises circuit complexity drastically and thus brings up additional layout constraints. On the other
hand, the 2™ order nonlinearity always dominates for small Vg-values and cannot be cancelled out due to its
positive sign, which makes this linearization concept inappropriate for maximizing the SFDR in wideband PAs.
Besides the limited improvement in HD3 and IMD performance over wide input DRs for GaN, one general ad-
vantage of applying the DSM-concept lies in the robustness against temperature variations and process devia-
tions. All HEMTs are physically located close together on one chip and thus the drift over temperature is equal
for each HEMT. Compared to a single CS-HEMT, where it is crucial to keep the bias point exactly at the g,,3-
root in order to maintain cancellation, both DSM HEMTs are biased at g,,3-values with opposing signs, giving

a more stable cancellation with temperature varying bias points.

Table 4-2: Advantages and disadvantages of the DSM

Advantages Disadvantages

e HD2 and IMD?2 are large and dominate nonlinearity

e  Self-biasing leads to linearity degradation for increasing P;y
e Improved HD3 and IMD3 over a

Low Vps limited input power range e High number of parallel HEMTS necessary for large DRs
e = limited BW due to high number of necessary intercon-
nects in the layout
e Improved HD2, HD3 and IMD2, | ® Bias above class A only possible in GaN for low Vg opera-
IMD3 over a large input power tion due to thermal constraints
High V¢ range e  Non-symmetric g,, characteristic of GaN25 process around
®  Only small number of parallel class A bias-point prohibits implementation of DSM with
HEMTS necessary high V¢

e Improved HD3 and IMD3 overa | 4
larger input power range

reduced GBW-product due to

o increased input capacitance based on parallelized
General | e More temperature robust than devices

CS-HEMT biased in deep class

AB at g,,3 sweet-spot o higher number of parallel RF-interconnects
m.

One major drawback of the DSM silently neglected for 3™ order nonlinearity cancellation is founded in the
reduced gain due to the operation in deep class AB at around Ipg = 20 to 50 mA/mm, far below the maximum
9m at Ips = 100 mA/mm. Based on the high GBW -product requirements it is not justifiable to sacrifice so much
gain for such a little improvement in 3™ order linearity. Moreover, a second difficulty emerges with respect to
bandwidth from the parallelization of two HEMTs, which effectively doubles the input capacitance. Thus, the
bandwidth additionally degrades proportional to the number of DSM-stages. Another major issue is self-biasing,
which has been neglected so far. As can be seen from Fig. 4-33 (b) the bias voltages Vs 1 and Vs, and accord-

ingly drain-source currents have to be accurately maintained in order to retain the optimum nonlinearity cancel-
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lation. The increasing input power leads in reality to self-biasing, deteriorating linearity by the change in bias
current. Optimum linearity can only be adhered by means of applying a constant bias current, which in turn lim-
its the maximum available output power of the HEMT. The Table 4-2 summarizes the advantages and disad-
vantages, with the tendency that the disadvantages outweigh the advantages of the DSM in GaN25 technology.

An on-chip hardware implementation was therefore skipped.

Remarks

One important aspect to mention is that the nonlinear capacitances, which have been up to now omitted in
the DSM considerations in terms of simplicity, exhibit a different input power and bias point dependence than
the nonlinear channel current, affecting optimum IMD performance (see Fig. 4-8). This leads to a smoother in-
put power dependency of the 3™ order nonlinearity, giving less distinctive IMD sweet-spots, as also mentioned
in [136]. Another important aspect to consider is the impact of the inductive source degeneration on the exact 3™
order nonlinear cancellation [148, 149]. Every source inductance introduces some feedback from Ipg to the in-
put voltage Vs, which becomes with increasing frequency stronger. A high inductive impedance hence feeds
back the 2™ order nonlinearity of Ipg at 2w, p towards the input, where it adds up with the fundamental fre-
quency wg p of Vis. Finally, this signal is mixed by g,,, towards the output, creating additional spectral compo-
nents at 2w, *+ wp and 2w, + w,. Thus, if the source inductance is sufficiently large there might be significant
contribution to the IMD3 caused by the 2™ order nonlinearity from g,,,,. The optimum bias setting for the 3™
order DSM cancellation might deviate from the optimum bias point settings found by the g,,3-curve and the
OIP3 peaking is significantly reduced. There are different concepts to get rid of the additional /M D3 contribu-
tion from the 2™ order nonlinearity, as e.g. the introduction of an auxiliary path which provides a negative repli-
ca of the IMD3 component [150] or by additive multiple gated transistors in order to relax the 2™ order nonline-
arity of Cgg [148, 151]. Unfortunately, all of these concepts are only effective for narrow-band designs and are

thus not suitable for the application in multi-decade designs regarded in this thesis.

Another kind of DSM exists in bipolar technology and is accordingly named after the current transfer char-
acteristic of bipolar differential pairs as “multi-tanh” principle. The multi-tanh principle has been first presented
by B. Gilbert in 1998 [152] and later implemented by several analogue RFIC designers [153, 154, 155]. The
nomenclature for “multi-tanh” is, as already stated, well-founded in the I-V-transfer-characteristic of bipolar
differential pairs, which can be described by a hyperbolic tangent function. The basic idea of the multi-tanh
principle is the superposition of the I-V-characterisitics of several differential pairs shifted solely in their pinch-
off voltage in order to increase the operational dynamic range and thus linearity. Up to now, application in III-V
semiconductor technology has so far not been reported to the author’s best knowledge. This might be based on
the typically non-symmetric g,, characteristic around any bias point, as just presented for the DSM in section
4.5.2. Nevertheless, it might be worth looking at a modified “multi-tanh” principle for differential GaN PAs for
processes exhibiting a more symmetric g,,-shape. If such “symmetric” processes were available even- as well

as odd-order nonlinearities could be theoretically completely canceled.
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4.5.3 Key Findings

The analysis of the DSM has revealed that the degree of linearity improvement is very dependent on the
Jm-shape of the utilized process. The more symmetric the shape around the bias point, the higher the improve-
ment in linearity and thus of the DR. Unfortunately for the applied 0.25um GaN process, which is trimmed for
class AB operation in terms of efficiency, the DSM proved due to its asymmetric g,,-shape not to be a viable
candidate for improving linearity in wideband PAs. A large number of parallel GaN HEMTs would be required
to widen the linear drive signal range, which in turn poses severe limitations in bandwidth by the necessary in-
terconnects from a layout perspective. Another disadvantage of the DSM is the limitation in output power. In
order to keep the bias-points fixed for optimum 3™ order nonlinearity cancellation, any form of self-biasing
needs to be avoided by e.g. a proper gate-bias control or a fixed drain current, which again limits Pg,;. Moreo-
ver, for low offset-voltages between the parallelized HEMTs, the HEMT needs to be operated in deep class AB
which reduces the maximum available gain of the PA. Out of all these mentioned reasons, the DSM has not
been considered as a suitable linearization method for broadband PAs in GaN and hence was not implemented
within this work.
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4.6 Nonlinear Diode Predistortion

4.6.1 Principle of Diode Predistortion

The basic principle of the diode predistortion concept is founded on the cancellation of the large-signal
Ccs(Vgs) nonlinearity by adding a replica of Cgg(Vgs), which exhibits the exact opposite large-signal depend-
ency. A HEMT in diode configuration features exactly this opposite characteristic of Cg5(Vgs), as long as it
possesses the same size as the amplifying HEMT. Fig.4-34 sketches the basic idea of the predistortion concept
by means of an antiparallel diode. By applying 2 - Vg to the gate of the antiparallel diode, the voltage drop
across the diode will be equal to - Vgg. As soon as the RF input signal becomes larger (smaller) the voltage over
Cos (Vgs) of the amplifying HEMT gets smaller (larger) and the voltage over Csg(Vgs) of the antiparallel diode
becomes larger (smaller). The result is an input power independent effective input capacitance Cerr with ap-
proximately two times the size of the average capacitance value of Cgg(Vgs). Fig. 4-35 (a) depicts the described
Cgs-nonlinearity cancellation for a 8X125um HEMT with an equally sized antiparallel diode. It can be seen that
the summation of both Cgg gives an input voltage independent characteristic. What has been so far neglected is
the Cgs(Vps) dependence, which is negligible compared to the Cq5(Vgs) dependence in GaN HEMTs. Unfortu-
nately, this is not valid for the feedback capacitance Cgp, since Cgp is strongly dependent on Vpg. The Cgp-
value for the antiparallel diode with Vpg = 0 V is thus around three times larger than the Cgp-value for the
HEMT at Vpg = 28 V, as Fig. 4-35 (b) shows. Furthermore, Cgp transforms due to the Miller effect [87] to an

equivalent input capacitance, which increases by the amount of voltage gain Ay, as (4.54) below shows.

Cep,in = Cep(1 — 4y) (4.54)

Vps=28V

Vpos=0V Cop

Veso — I ) = Vs
\ ﬁd V:+Vgs\~ﬂ Cerr
AV=-Vgs
C T T Cs¢ Cos =

DG
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VG,Diode

~2Ves EE
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Fig.4-34: simplified diode predistortion concept for Cgg-nonlinearity cancellation

Assuming a typical g,, of 330 mS/mm for the GaN25 process and a load resistance of R; = 50 () gives a
17.5 times larger Cgp seen at the input, according to the low frequency Miller approximation of Ay, = —g,,R;.
This translates into an effective Cgp ;;, being almost equal to 2 pF/mm and being now larger than Cgg with
around 1.6 pF/mm. Additionally, not only the absolute DC Cgp-value rises but moreover also the nonlinear de-
pendence of Cgp on Vg will increase at the input. Fortunately under large-signal condition, Ay starts to de-
crease with increasing drive signal amplitude, reducing the Miller effect significantly. However, due to the input
power dependence of Cgp ;p, the nonlinearity arising from Cgp cannot be completely cancelled by the anti-
parallel diode as it is the case for the Cgg-nonlinearity. For simplicity reasons, the dependence of the Miller ef-
fect on the signal-swing and the Miller effect itself will be neglected for a better understanding.
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Fig. 4-35 (¢) and (d) show the resulting effective input capacitance Cprs and its corresponding 1* and 2™
order derivatives for a 8x125um HEMT with shorted output and for the same HEMT with an upstream
8X125um antiparallel diode. The overall C,zf of the predistorted HEMT in (d) is as expected doubled compared
to Cor ¢ of the single HEMT, but the higher order derivatives are smaller by a factor of 25. The focus is only put

on the 1" and 2™ order derivative, because they are responsible for generating the most dominant 2™ and 3™ or-
der nonlinearities, which are amplified to the output.
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Fig. 4-36: (a) Equivalent small-signal circuit for diode predisortion plus HEMT and (b) equivalent Miller effect representation
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In Fig. 4-35 (c) and (d) it has been so far implicitly presumed that Cgg and Cgp of the diode and the HEMT
are simply in parallel, which is only true when the output in Fig. 4-36 below is shorted and thus no Miller effect
is present. It is therewith meaningful to take a closer look at the actual frequency dependence of the effective
input capacitance Cozf, as described by the equivalent small-signal model depicted in Fig. 4-36. The effective
input capacitance of the antiparallel diode and the HEMT can be calculated by

Cefr(w) = Ml{YIw_N(w)} (4.55)

which gives according to Fig. 4-36 (a) and (b) in combination with equation (4.54)

R
Cepr(w) = 2Cgs + Cop <2 + Im 4 >, (4.56)

4/ 1+ ((l)CDsRA)Z

R, in (4.56) stands for the total output resistance, which is equal to R; || Rps. The graph in Fig. 4-37 shows the
frequency dependence of Crr(w) for different Cpg and Rps. For the limits of Cpg = 0 F, Rpg = 0 Q  and
Cps = © F, Rpg = 0 Q the maximum deviation of C.¢s over frequency cannot be larger than |Ay| - Cgp. This
can be also simply seen by either shorting the output in Fig. 4-36 (a), so that Cff is equal to 2(Cgs + Cgp) =
3.42 pF (green dotted curve in Fig. 4-37) or by removing Cps and Rps, so that C,¢r becomes equal to 2C¢g +
Cep(2 + g R;) = 5.235 pF (purple solid curve in Fig. 4-37).
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Fig. 4-37: Calculated C,f of the 8X125um predistorted HEMT for different Rpgs and Cpg values

For the typical values of a 8X125um HEMT (Rpg = 200 Q and Cpg = 260 fF), a strong dependence of
Cefy for an output load of R; = 50 () becomes visible in Fig. 4-37. Responsible for this is the decreasing Miller
effect with increasing frequency, which leads to a decaying contribution of the Cgp-nonlinearity compared to
the Cgg-nonlinearity. Nevertheless, both nonlinearities increase with increasing frequency in general due to the
increasing displament current through the capacitors, as already described in section 4.2.2.
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4.6.2 DC - 6.5 GHz Highly Linear Low Noise TWA Design

For verification purposes of the antiparallel diode predistortion concept, which was theoretically presented
in the preceding chapter 4.6.1, a DC - 6.5 GHz TWA was designed in the IAF GaN25 process. Goal of the de-
sign was to examine the effectiveness of the Cgg-nonlinearity compensation and to assess to which degree the
overall linearity of a multi-decade distributed amplifier can be improved. Furthermore in chapter 5.2, the noise
performance especially toward low frequencies without making use of capacitively coupled gates is investigated
by means of the here presented linear low-noise TWA (LZNTWA) design. Therein, possible noise improvement
measures will be discussed, which are not within the scope of this section.
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Fig. 4-38: (a) Photograph and (b) corresponding schematic of the DC-6.5 GHz highly linear low-noise TWA MMIC (“Latukan”)

Fig. 4-38 (a) shows the chip photograph of the final MMIC and (b) its corresponding schematic. The
[2NTWA topology was chosen to be uniform with drain-dumping load to provide good output matching down
to DC. The optimum number of stages resulted in N = 5 with each HEMT equally sized to 4X70pum, amounting
to a total gate width of TGW = 1.4 mm. Parallel to each gate node of the five amplifying stages are HEMTs
placed in diode configuration, which are of equal size but exhibit the opposite Cgg vs. Vg characteristic. As al-
ready presented in chapter 4.6.1, due to Vpg = 0 V for the parallel diodes Cgp cannot be fully compensated. As
Fig. 4-35 illustrates, Cgp of the diode is around two-times larger than the biased HEMT Cgp at Vpg = 28 V.
Thus to find the optimum Vg voltage for the parallel diodes in terms of linearity, some tuning is necessary de-
pendent on the targeted bias point. Out of this reason, an external diode tuning voltge (Vp7) can be applied via
the pin 3 in Fig. 4-38 (b) to control and tune the linearity of the LZNTWA. This generates on the one hand an
important degree of freedom for the Vg biasing, which can now be adjusted without deteriorating linearity and
on the other hand allows for the compensation of process variations, which affect the large-signal dependency of
the intrinsic capacitances (such as e.g. threshold drift). By adding the parallel diodes at the input only, the effec-
tive input capacitance of each stage is doubled and the cut-off frequency of the gate-line halved. This reduces
the maximum achievable BW by a factor of two opposed to applying no predistortion. If no parallel diodes are
used, the active gate periphery could be doubled, maintaining the same BW and simply operating the TWA far-
ther in back-off condition. This might end up in a similar linearity performance as with the diode predistortion
concept. Such a reference design was due to the limited time of this work not implemented, but could be de-
signed for a more precise reference in a future work. The downside of an increased active device periphery
comes at the cost of increased power consumption and even worse a higher NF due to the higher quiescent cur-
rent. The latter parameter is besides linearity the most crucial design parameter for such a LNA-TWA design.
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The output capacitance in contrast and thus the cut-off frequency of the drain-line is not affected by the parallel
diode linearization concept, which generates twice the mismatch between input and output capacitance of the
amplifying HEMTs. In order to equalize the phase delays on the gate- and drain-line, either a very large induct-
ance in the drain-line is necessary or some additional capacitance at the output of each stage. The former ap-
proach has the drawback of a reduced SRF of the drain-line coils, which would increase the sensitivity of the
drain-line design. The latter approach in contrast simplifies the design procedure significantly, because the coils
in the drain-line can be designed equal for each stage, which reduces the effort of time consuming EM-
simulations and enables the fine-tuning of the phase delays via adjustment of the MIM-capacitors instead of the
coils. An important aspect to mention in terms of stability of the design is the RF-decoupling of the diode gates.
Therefore, a large on-chip capacitor is placed directly at the gates of the diodes to provide a decent RF-ground.
This might seem at first sight counter-intuitive, because the MIM-capacitor connects all of the diode gates to-
gether. But, as long as the RF-ground is “good” enough over the whole frequency range, the decoupling is sup-
pressed to a great extent and the benefit in layout is the use of the capacitor top-metal for feeding the Vpr con-
trol voltage to all of the diode gates.

To realize operation down to DC, the L2ZNTWA has been assembled in a custom-made package and mount-
ed onto a PCB for testing, including on-board gate and drain bias-tees. To obtain optimum thermal and electrical
performance the chip was soldered with 25um thin AuSn-preforms onto a Cu heat-spreader and integrated via
flip-chip assembly into the test PCB, as Fig. 4-39 below shows. The former allows maximum heat transfer
through the Cu-heatsink in the vertical direction and the latter minimum electrical loss due to the minimized
signal path length in horizontal direction. In Fig. 4-39 additional SMD capacitors for the gate- and drain-line
terminations are visible, which serve to extend the operational frequency down to 10 MHz.

Fig. 4-39: (a) photograph of the packaged DC-6.5 GHz L2NTWA (“Latukan”) including SMD capacitors for low frequency extensions
on gate- and drain-line and (b) flip-chip assembly in RO4350 test board including on-board bias-tees

Fig. 4-40 shows the comparison between the simulated and measured S-parameters of the packaged
[2NTWA. Clearly visible is the good correlation between simulation and measurement, whereas the measured
results even outperform the simulation results. Over the BW of more than 2.5 decades from 10 MHz up to
6.5 GHz, the L2NTWA exhibits a small-signal gain of larger than 15 dB with an I/0-RL of better than 10 dB at
the nominal bias point of Vpg = 28 V and Ipg = 200 mA/mm. The influence of the drain-termination off-chip
SMD capacitor can be seen especially in the S,, below 1 GHz.
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Fig. 4-40: Simulated & measured S-parameters of L’NTWA (“Latukan™) from 10 MHz - 7.5 GHz in package
at Vps =28 V and Ipg = 200 mA/mm
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Fig. 4-41: Measured (a) P1dB and (b) Py, of DC-6.5 GHz L°NTWA (“Latukan™) in package for different Vpg and Ipg at Vpr = 2.5 - Vg

The large-signal 1-tone measurements shown in Fig. 4-41 reveal an outstanding P; ;5 of larger 29 dBm and
a corresponding Pgq of larger 33.5 dBm of the LZNTWA over the full band, giving an average output power
density of larger than 1.8 W/mm. By trading Vpg for Ipg, under safe operation in the maximum DC power re-
gion of roughly 7 W/mm in terms of reliability, the optimum bias point can be determined to Vps = 24 V and
Ips = 300 mA/mm, giving even a P;45 > 30 dBm and a Pg,; > 34 dBm. A further reduction in Vpg leads again
to a decay in P;4p and Pg,, at a quiescent current of Ing = 300 mA/mm.

Before moving on to the linearity measurements of the L2NTWA, the effective Cgg-nonlinearity of one-
single stage will be reviewed in more detail. Fig. 4-42 shows the 1%, 2™ and 3™ order coefficients of Cgg(Vgs)
for the combination of a 4X70um common-source HEMT with a parallel 4X70um HEMT in antiparallel diode
configuration at a drain supply voltage of Vpg = 28 V. The curves from the large-signal model show that in (a)
Cgs,2 can be approximated by an odd function around the operational bias pont of Vgg =-1.4 V for Vpr =-3.5 V.
This results in an input power independent cancellation of the 2™ order nonlinearity, since the integral of Cgs,2
over Vgg becomes very small. On the contrary, the 3™ order nonlinearity shows an input dependent characteris-
tic, where only above a certain input level the integral of Cgg 3 over Vs becomes smaller again. Fig. 4-42 (b)
depicts the flattest Cgs 4 vs. Vs dependence around the operational bias point Vgg for Vpr = -4.9 V, constituting

the smallest obtainable magnitudes for Cgs, and Cgg 3. The input power independent 2" order cancellation is
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not maintained anymore, based on the odd symmetry of Cgg, around the bias point. Now, the advantage lies in
the simultaneous minimization of Cgg, and Cgg 3, leading to optimal SFDR performance. From these linearity
considerations at least two minima can thus be expected for the 2™ and 3™ order nonlinearities. Unfortunately,
the location for the highest linearity cannot be predicted exactly from these simplified assumptions, since on the
one hand nonlinearities arising from the channel are not considered here and on the other hand each stage sees
varying 2" and 3™ order harmonic load impedances over frequency instead of constant ones, as the load-line
analysis from section 3.2.3 revealed.
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Fig. 4-42: Cgs11, Cgsz and Cgs3 of a 4X70um as diode plus a 4X70um common-source HEMT vs. Vg for
(@) Vpr =-3.5Vand (b) Vpr =-49 V(@ Vps =28 V)

The linearity measurements, depicted in Fig. 4-43, underline the flat P; ;5 characteristic over frequency. By
sweeping the diode control voltage Vpr, the dependency of the HD and OIP3 on the amount of Cgg-nonlinearity
cancellation is identified. From Fig. 4-43 (a) and (b) it becomes obvious that even-order distortions are traded-
off for odd-order distortions and vice versa. The sweet-spots for the HD2 are located around Vpr = 2.2 - Vgg
with a maximum HD2 of -37 dBc and around Vpr = 2.6 - Vgg with a maximum HD?2 of -38 dBc at Pyyr = 25
dBm. In contrast, the HD3 exhibits its best characteristic exactly in between these two values at Vpp = 2.4 - Vig
with a maximum of -39 dBc at Pyyr = 25 dBm. For values of Vpr < 2.0 - Vg and Vpr > 2.8 - V5 the HD3 starts
to improve again. As a consequence, the highest SFDR for an output power of 25 dBm results for Vpr-values at
which HD2 and HD3 are together minimized, which leads to values around Vpr = 2.8 - Vgg. As expected from
general theory, which was derived in section 4.1.2, a similar dependence for the OIP3 as for the HD3 can be
seen in Fig. 4-44 (c) due to the same dependency of HD3 and OIP3 on 3™ order nonlinearities. Exactly at Vpy =
2.4 - Vs, where the sweet-spot of HD3 is located, a sharp local maximum in OIP3 can be observed. Since this
local maximum is very sensistive to variations in Vpr, it is beneficial to set Vpr either to values below 2.0 or
above 2.8. The corresponding OIP3 for these two values is plotted again in Fig. 4-44 for visibility reasons. For
Vpr = 2.0 - Vs a slightly more linear performance can be identified, but for both values an OIP3 of larger than
41 dBm up to 6.5 GHz is achieved. This is in accordance with Fig. 4-43 (c).
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Fig. 4-43: Measured (a) HD2, (b) HD3 at Poyr = 25 dBm and (c) OIP3 at Af = 10 MHz vs. f and vs. Vpp/Vgs of LANTWA (“Latukan”)
from 1-6.5 GHz in package (Vps = 28 V and Ipg = 250 mA/mm)
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Fig. 4-44: Measured OIP3 with Af = 10 MHz vs. f for Vpr/Vgs = 2.0 & 2.8 of the LINTWA (“Latukan”) from 1-6.5 GHz in package
(Vps =28 V and Ipg =250 mA/mm)

As aresult it can be shortly summarized, that the compensation of the Cgg-nonlinearity has only little effect
at low frequencies due to the small displacement current through Cgg, as was examined in chapter 4.2.2, but ef-
fectively improves linearity of the L2NTWA towards higher frequencies. Therefore the improvement in HD2
and HD3, which is in general only important up to 1/2 and 1/3 of the maximum frequency of operation, is rec-

ognizable but much lower than the improvement in OIP3 at high frequencies.
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4.6.3 Key Findings

For the first time a diode predistortion concept has been applied in a multi-decade distributed amplifier de-
sign, operating from DC up to 6.5 GHz (LZNTWA). By means of the complementary dependency of the space-
charge capacitance Cgg on Vg in the antiparallel diode, the nonlinearity of Cgg can be compensated to a great
extent over a large dynamic range. Measurements of the [2NTWA revealed that the harmonic distortion can be
tuned very well b,y the externally accessible diode control voltage V. At its optimum control voltage, a SFDR
at Poyr = 25 dBm of greater than -38 dBc was measured. In terms of two-tone intermodulation performance,
which is an important FoM especially for VSGs, an OIP3 of larger than 42 dBm could be achieved over the
whole band up to 6.5 GHz. Despite its very promising high linearity, the diode predistortion concept suffers
from one single limitation, namely the halved BW based on the doubled input capacitance. This is the main pa-
rameter, which has to be sacrificed but which most of the time can be traded-off in TWA designs due to their
inherent high BW nature. Doubling of the active device periphery from TGW = 1.4 mm to 2.8 mm would end-
up in the same BW limitation and would maybe give a similar linearity based on the higher back-off operation
(at least at lower frequencies), but also doubles the power consumption and increases the channel noise in the
HEMTs. With respect to all the mentioned aspects, the implementation of the diode predistortion concept in
TWAs is a viable option for achieving high linearity, low-noise, low power consumption and still reasonable

wide BW's at the same time.
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4.7 Truly and Pseudo-Differential Linearization

Differential topologies are not widely applied in the “MMIC-world”, because front-end parts of transceivers
usually process single-ended signals. In SGs it could be advantageous to feed the differential signaling coming
from the analog/digital synthesizer through to the output port in order to maintain signal integrity and also to be
less prone to external noise and electromagnetic interference (EMI). Certainly, implementing differential cir-
cuits would boost the overall power consumption of the SG, but this is usually not a real matter of concern in
stationary measurement equipment, which is plugged into a power socket. As a matter of fact, the integration of
multi-decade broadband amplifiers with its spurious signal content lying inside the useable bandwidth poses a
severe challenge for the overall SG’s linearity performance, because higher order harmonics fall into the useable
bandwidth and hence cannot be filtered out easily. From the SG’s system point of view it is thus a meaningful
approach to avoid generation of spurious harmonics at first place rather than implementing intricate adaptive
filters on system level, which introduce additional attenuation at the output. In order to eliminate the most dom-
inant 2™ order distortion and additionally all even order harmonics, differential topologies are well suited,
which are well-known and extensively used in almost all analog CMOS-designs. The question which needs to
be answered is, if all the typical characteristics of differential circuits in GaN technology can be fully exploited
and if such GaN technology is really suited for the implementation of fully differential power amplifiers, which
feature the expected improvement in linearity performance. This question will be answered in the following
analysis after a short review of the theoretical principle of even-order harmonic cancellation in differential am-

plifiers.
AVour= U/—j;f—\u = (\U
V. V.
R ! B
(@) (b)
Fig. 4-45: Schematic of (a) pseudo-differential (PD) and (b) truly-differential (TD) amplifier
4.71 Even-Order Harmonic Cancellation

In principal there are two distinct differential concepts. The first concept is called pseudo-differential (PD)
(see Fig. 4-45 (a)) and the second one truly-differential (TD) (see Fig. 4-45 (b)). For the PD-pair no shared
ground node exists but instead each transistor is grounded independently. Accordingly, the current through the
two transistors is also independent of each other. This is not the case for the TD-pair, where both transistors
share the same current and thus a virtual ground node due to the opposing input signals is created. If the input
signal is perfectly 180° out of phase at the input, no difference in performance for both concepts is to be ex-
pected and the even-order cancellation is ideally perfect. The following mathematical derivation will show the
inherent even-order harmonic cancellation in differential pairs.
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If the nonlinearities of the HEMTs are are weak enough to be approximated by a Taylor-series expansion up

to n™-order, the output signals can be expressed by the sum of their harmonic spectrum to
n
Vours- = ) aVe, 4.57)

k=1

where a;, represents the coefficients from the Taylor-series expansion, V, ,_ the two single-ended input voltag-
es, Vour,+/— the single-ended output voltages and n the maximum considered order of nonlinearity. Computa-

tion of the differential output signal accordingly gives
AVoyr = Vour,+ — Vour,-- (4.58)

When V, is equal to —V_, the differential output signals for the odd- and even-order harmonics result in

n/2-1 n/2—1
AVoyr = Z ag-1 ViK1 - Z Q-1 (V)1 = 2-V," for odd n
k=1 k=1
(4.59)
n/2 n/2
AVoyr = Z az V2 — Z Ay (V)% =0 for even n
k=1 k=1

As has been stated, equation (4.59) shows that all even-order harmonics are cancelled out and only the odd-
order signal components remain at the output. So far, there is no difference in even-order harmonic cancellation
between the PD- and TD-pair as long as the input signals exhibit a phase difference of exactly 180° and are of
equal amplitude.

4.7.2 Susceptibility to Phase & Amplitude Imbalances and Process Variations

In reality, a differential input signal with exactly 180° phase difference and of equal voltage amplitudes
cannot be provided perfectly over large bandwidths. Usually some kind of either passive or active circuitry,
which performs a single-ended to differential signal conversion is operated upstream to the differential circuitry.
For such circuits it is not uncommon that a phase imbalance (A¢) of up to 10° together with a a few tens of dB
of amplitude imbalance (Aa) is present in their output signal. On top, process variations within one cell lead to
mismatches between the two transistors (mr) in the differential pair and thus to an asymmetrical operation. An
impact of these three types of imbalances on linearity is hence always present in reality, which makes it im-

portant to scrutinize the impact of each of these effects on linearity separately within the next sub-sections for
the PD-pair and the TD-pair.
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Phase Imbalance

From Fig. 4-45 it can be immediately seen that the PD-pair in (a) has a seperate physical connection to
ground for each transistor and does not share a common virtual ground node, as it is the case in the TD-pair in
(b). Based on this fact that the CMRR, which is defined here as S;5.1/S4241, 1S equal to one for the PD-pair (see
Fig. 4-45 (a)), all CM-components will be present at each of the two output ports of the PD-pair. Since all even-
order harmonics exhibit a positive phase at each of the two outputs, all even-order harmonics can be also con-
sidered as a CM excitation, as already shown in (4.59) in the preceding section. Therefore, by simply taking the
difference of the two output signals, all even-order harmonics will hence exactly cancel out for A¢ = 0°. As
soon as A¢ deviates from zero, the differential output signal of the PD-pair will contain some sort of even-order
spectral componnoents a t its output. Assuming that the differential pair comprises two nonlinear transistors
possessing nonlinearities up to the 3™ order and that it is driven by the two input signals of the form
V., = A-sin(wt + Ap) and V. = —A - sin(wt), the differential output voltage becomes equal to

AVour(Ad, wt) = kA - [sin(wt + Ag) + sin(wt)] + k,A? - [sin?(wt + Ap) — sin?(wt)]
(4.60)
+k3A3 - [sind(wt + Ag) + sin3(wt)],

where k; expresses the voltage gain (g,, ,R}) of the n"-order nonlinear component. Separation of (4.58) into its
nonlinear terms and making use of equivalent trigonometric functions leads to the following voltage sectrum in
(4.61) of the differential output voltage.

H, (8¢, wt) = <2k1A + ;k3A3) * COS (%) - sin ((ut + %)

H,(Ag, wt) = k,A? - sin (%) - sin(Qwt + Ap) 4.61)

k 3A 3A
H3(Ag, wt) = —?3A3 * cos <T¢) - sin (Sa)t + T¢)

Once again, equation (4.61) shows that for A¢p = 0° the second harmonic H, cancels completely out. The
third harmonic H; in contrast vanishes only for an input phase imbalance of A¢ = /3 and the fundamental tone
H, becomes fully suppressed for A¢p = 7 (see also Fig. 4-48 (a)). Additionally, the 3" order nonlinearity con-
tributes to the fundamental tone, which is comparably small as long as the PD-pair is operated at high back-off
(AK1).

For the TD-pair the situation is unfortunately a bit more complex and cannot be expressed by simple trigo-
nometric functions in such a clearly laid out manner. Due to the common TCS, each transistor cannot be regard-
ed independently from each other but rather its output signal is dependent on the operation of its counterpart. In
a first step perfect circuit symmetry and A¢p = 0° is assumed. For this case all even-order nonlinearities of the
transistor lead due to their always positive phase to in-phase even-order harmonics at the two drain terminals.
Since these even-order in-phase currents would appear at the virtual ground node of the TCS in form of a CM-
distortion, the ideal TCS starts to adjust to the exact negative voltage replica in order to keep the imprinted tail-
current constant.
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Fig. 4-46: Simulated output spectral components at A¢ = 0° and corresponding dependence on A¢ of (a) Vgs, (b) AVpyr and (c) Vg of

an ideal TD-pair comprising 2™ order nonlinear transistors with coefficients gy = 0.1 S, gmz = 0.01 S/V (gmz = 0 S/V?) and an ideal

TCS.

This voltage is fed back via the source node of the transistors to the input, which therewith completely cancels

out the corresponding even-order nonlinearity of the transistor at its output. Due to this forced “even-order feed-
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back” arising from the TCS, no even-order harmonics are present at the single-ended drain terminals and hence
in the differential output signal, as Fig. 4-46 (b) illustrates.

At first sight, it seems to be surprising that a 3 harmonic (H3) component is present in the differential out-
put signal even when the transistor exhbitis no 3" order nonlinearity (g,,3 = 0 S/V2). The reason for this is
found to be rooted in the mixing of the second harmonic voltage component in (c), which is present at the TCS
node and the fundamental input voltage by the 2" order nonlinearity of the transistor. This leads to a 3 har-
monic component in the differential output signal, as depicted in Fig. 4-46 (b). If the transistor additionally pos-
sesses a 3" order nonlinearity (g3 # 0 S/V?) the resulting magnitude of H; depends on the sign and absolute
magnitude of the 3™ order coefficient, as Fig. 4-47 illustrates. For a positive 3" order coefficient, the portion of
H; contributed by the 3™ order nonlinearity might get cancelled partly by the portion coming from the “even-
order feedback” mixing term, whereas a negative 3™ order coefficient always increases Hs. The former is only
true as long as the resulting magnitude of the sum of the 3™ order coefficient and the “even-order feedback”
mixing term is not larger than the “even-order feedback™ mixing term itself. In principle the TD-pair can be thus
operated in a H; sweet-spot by means of adjusting the bias-point to the proper g,,3-value, increasing the SFDR
of the TD-pair significantly. (Note: all other nonlinear sources, such as the capacitors in the transistor which

might counteract the H3 cancellation are neglected herein).

20 . . . . . . .
Of C oo ___ 1
7 dBm T~
-20
nL; I ——
= — = — — —
© 40 -37dBm
£ Lo
Im BOF T T T T e
80 [-— - Py = -10dBm 67 dBm
100 Py = 0 dBm
— — — Py = +10dBm
-120 .
-4 3 2 1 0 1 2 3 4
93 in mS/V2

Fig. 4-47: Simulated 3" harmonic (H3) vs. g3 at Py =-10, 0...10 dBm and A¢ = 0 of an ideal TD-pair with ideal TCS
(gm1 = 0.1S, gmp =0.01 S/V)

As soon as A¢ becomes larger than zero, the odd-order harmonics start to appear at the TCS node, such that
the voltage-swing of H; and Hj at the TCS increases with increasing A¢, as Vs in Fig. 4-46 (c) reveals. The
maximum of Hy is reached at A¢p = /3 due to the three times faster phase rotation whereas H; exhibits its
maximum at A¢ = m, which corresponds at the input to a full CM-excitation. The latter has the effect that the
fundamental of Vg in (a) decreases due to the increasing feedback of Vs in (c) and so does H; of AVyyr in (b).
H, of AV,yr increases only marginally with increasing A¢ due to the fact that the increasing Hz of Vg mixes
down with the fundamental tone H; at Vg to H, in AVyyr, possessing its maximum at A¢p = /2. As the result
of being a mixing product, H; of AV, decays steadly with increasing A¢ due to the decreasing H, and H;

components in V.

A comparison between the linearity of the PD-pair and TD-pair is shown in Fig. 4-48, incorporating now al-
so the presence of the 3™ order nonlinearity g,,3 (k3). For the PD-pair in (a), a small phase imbalance at the in-
put results already in a fast increase of H, due to the independent phase rotation of H, at the two output termi-
nals. Same accounts for H; except now with a three-times higher phase rotation, giving a sweet-spot at A¢ =

1 /3. For the TD-pair in contrast, as can be deduced from Fig. 4-48 (b), the second harmonic H, of the TD-pair
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is not as sensitive to phase imbalances as for the PD-pair. In a similar fashion as the fundamental tone H; be-
comes supressed toward A¢p = m in the TD-pair, also H; is more and more attenuated for increasing phase im-

balances, exhibiting no Hz sweet-spot as the PD-pair due to the common feedback via the constant TCS.
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Fig. 4-48: Simulated/Computed spectral output components (Hy, H,, H3) in dBm vs. A¢ of an ideal (a) PD-pair and (b) TD-pair with
ideal TCS for P;y = 0 dBm (g1 = 0.1 S, gz =0.01 S/V, g3 = 0.001 S/V?)

To end up with a realistic statement about which of the two topologies is the more robust in terms of lineari-
ty and thus more suited for an implementation in GaN technology, the linearity dependent on the phase imbal-
ance is assessed by means of the GaN25 IAF models. The simulated linearity data in Fig. 4-49 shows for an
unmatched PD-pair with two 6X50um HEMTsS (blue dot-dashed curve) that the HD2 is e.g. at A¢p = 10° more
than 20 dB degraded compared to the TD-pair with ideal TCS (red solid curve), which is in good agreement
with the preceding theoretical analysis. If for the TD-pair also a real TCS-HEMT of size 6X50um with a finite
output impedance is assumed, the HD2 still improves by 10 dB, which lies between the performance of a PD-
pair and TD-pair with ideal TCS. The odd-order nonlinearity, represented in form of the HD3 in Fig. 4-49 (b), is
only slightly dependent on the phase imbalance A¢, as already expected from the analysis. Nevertheless, a
slightly higher suppression of the third harmonic in the TD-pair opposed to the PD-pair can be seen, which is
deemed to be the result of the H3 cancellation by the “even-order feedback” mixing term and the 3™ order non-
linearity of the HEMT.
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Amplitude Imbalance

Similar to the case of phase imbalances, amplitude imbalances of magnitude Aa between the two input sig-
nals lead also to a difference in output linearity. The two sinusoidal input signals incorporating the amplitude
mismatch can expressed by V, = (A + a/2) - sin(wt) and V_ = —(A — Aa/2) - sin(wt), giving a differential
output voltage for the PD-pair equal to

3
AVpyr(Aa, wt) = 2k, A - sin(wt) + 2kyAad - sin?(wt) + ks (2A3 + 5AazA) sind(e).  (4.62)

Again, by making use of trigonometric relationships, the fundamental (H;), 2" harmonic (H,) and 3" har-

monic (Hz) components of the differential output voltage result in
3 9 .
Hi(Aa, wt) = [ZklA + ks <§A3 + §Aa2A)] - sin(wt)
H,(Aa, wt) = —k,AaA - cos(Qwt) (4.63)

1. 3 _
Hs(Aa, wt) = —kg (§A3 + §Aa2A) - sin(3wt).

50 50
0 - or
g R s e S
m L
Qg -100 Qg -100 H
= H1 c !
ToA150F |y T80 F |- —-H,
T 2 T H
2000 oo H, 200F |- s
250 D
-
-300 ‘ ‘ ‘ ‘ ‘ 300 ‘ ‘ ‘ ‘
0 0.5 1 1.5 2 25 3 0 05 1 15 2 25 3
AaindB AaindB

() (b)

Fig. 4-50: Simulated/Computed spectral output components (H;, H,, H3) in dBm vs. Aa in dB of an ideal (a) PD-pair and (b) TD-pair
with ideal TCS for Py = 0dBm (g1 = 0.1 S, gz =0.01 S/V, gz = 0.001 S/V?)

Equation (4.63) shows, that the differential output swing of the fundamental tone H; is only to a minor ex-
tent dependent on amplitude mismatches at the input, whereby the dependence is only caused by the 3™ order
nonlinearity and which can be neglected for Aa < 1. The second harmonic H, in contrast increases linearly
with Aa starting at zero, whereas the third harmonic Hj increases with 3/8 - Aa? under constant input drive. As
long as the condition Aa « 1 is satisfied, Hs is only dependent on the input voltage amplitude A and the in-
crease of H3 with Aa is only marginally. Since the linearity dependence of the TD-pair on amplitude imbalances
exhibits a very similar characteristic in terms of negative feedback and nonlinear mixing processes, as already
described for the case of phase imbalances in the preceding subsection (Fig. 4-46), the just gained knowledge of

167



CHAPTER 4 - LINEARIZATION CONCEPTS

the harmonic dependencies can be transferred to the case of amplitude imbalances. As depicted in Fig. 4-50, the
2" harmonic (H,) of the TD-pair in (b) is only slightly dependent on Aa and as such not as sensitive to ampli-
tude imbalances as it is the case for the PD-pair in (a). The odd-order harmonics H; and H; in contrast do not
show any relevant dependence on Aa within the 3dB range. Nevertheless, H3 at the output of the TD-pair is
again dependent on the sign and magnitude of the nonlinear 3 order coefficient (g,,3), as it is the case for

phase imbalances (see Fig. 4-47).

In order to make a realistic assessment about the resulting linearity for GaN, the linearity simulations with
the GaN25 IAF models in Fig. 4-51 reveal that for an unmatched PD-pair with two 6X50um HEMTs (blue dot-
dashed curve) the HD2 is e.g. at Aa = 1 dB more than 25 dB degraded compared to the TD-pair with ideal TCS
(red solid curve). Replacement of the ideal TCS by a real TCS-HEMT of size 6X50um yields still an
impvoement in HD?2 of larger than 15 dB, which again lies in the middle of the HD2 of the PD-pair and TD-pair
with ideal TCS. The odd-order nonlinearity, represented in form of the HD3 in Fig. 4-51 (b), is almost inde-

pendent on the amplitude imbalance Aa, as already derived in the foregoing theoretical analysis.
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Fig. 4-51: Simulated (a) HD2 vs. Aa and (b) HD3 vs. 4a at P,,;= 20 dBm for f = 6 GHz of an unmatched 6X50pm PD-pair, 6X50um
TD-pair with 6X50um TCS and a 6X50um TD-pair with ideal current source

Process Variations

Besides the superior performance in terms of input signal imbalances of the TD-pair compared to the PD-
pair, actual processing tolerances need to be also taken into account. Both HEMTs in the differential stage are in
reality slightly mismatched due to process variations. This translates for the PD-pair into a similar linearity de-
pendence as already computed for the amplitude imbalances. Linear scaling of the nonlinear voltage gain coeffi-
cients k, of the two independent output voltages by a gain-mismatch factor (1 + my/2) yields a differential

output voltage up to 3™ order nonlinearity of
AVOUT(mT, (A)t) = 2k1A * Sln(wt) - mTszZ " SiTLZ ((Ut) + 2k3A3 . Sln3((l)t) (464)

By making once again use of trigonometric relationships, the fundamental (H,), 2" harmonic (H,) and 3"

harmonic (H3) components of the differential output voltage result in
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3
Hi(mp, wt) = |2k, A +Ek3A3] - sin(wt)

m
H,(mr, wt) = TTkZAZ - cos(Rwt) (4.65)
1 3 .
Hiy(mp, wt) = _Ek3A - sin(3wt).

As equation (4.64) reveals, the odd-order harmonics H; and Hj are not affected by any mismatch between
the two transistors, whereas the even-order harmonic H, increases proportional to my /2. For the TD-pair in
contrast, the feedback to the input by the TCS gives again rise to a 3" harmonic (Hs) at the output due to the
mixing process, even if no 3™ order nonlinearity in the transistors is present. Also regarding the dependence of
H; and H; on my, the TD-pair exhibits a “shifted” virtual ground node due to the device mismatch, which leads
to unequal currents in the two branches and similar to the case of phase imbalances to the presence of odd-order
harmonic voltages at the TCS node. Since again the latter are fed back to the input, H; and H3 at the output de-
crease only minimally with increasing mismatch. H, of the TD-pair in Fig. 4-52 (b) degrades in contrast much
faster than in the PD-pair in (a), as the difference of 6 dB at a mismatch of my = 5 % indicates. The reason for
the faster degradation of H, has its origin in the internally introduced mismatch between the two transistors,
which does not longer appear at both inputs as a CM-distortion of equal amplitude. It can be thus concluded that

the most critical factor for the TD-pair is the even-order linearity degradation introduced by device mismatch.
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Fig. 4-52: Simulated/Computed spectral output components (H;, H,, H3) in dBm vs. mr in % of an ideal (a) PD-pair and (b) TD-pair
with ideal TCS (g1 = 0.1 S, gz = 0.01 S/V, g3 = 0.001 S/V?)

One last important aspect with respect to process variations is the differential output signal response of the
PD- and TD-pair to input CM-distortions (V;; cpr), Which is also known as CM- to DM-conversion. Assuming

that g, 71 is not exactly equal to g, , translates for the differential output current of the TD-pair into

ImT2 — gm,Tl
1+ (gmr1 + Imr2)Zcs

Aloyr = Vinem (4.66)

with Z¢g being the complex impedance of the TCS-HEMT and V;,, ¢y the common-mode input voltage ampli-

tude. Equation (4.66) reveals that in case of device asymmetry a CM-distortion at the input leads to a DM-
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distortion at the output. Since for the PD-pair Zs is always equal to zero, any component mismatch in the two
differential paths leads one-to-one to an input CM to output DM conversion, such that e.g. CM-noise or CM-
voltage vairations at the input lead to a distorted differential output signal. For the TD-pair in contrast Z g is
always larger than zero, which manifests even for the non-ideal case with Z g being finite in a significant sup-
pression of the CM-to-DM distorters. This is an important and advantageous feature of the TD-pair compared to
the PD-pair, making the differential output signal less dependent on CM-distortions present at the input from
preceding circuitry.

4.7.3 The Series Feedback Dilemma in TD-amplifiers

In order to design a differential FBPA down to DC, series as well as parallel feedback needs to be imple-
mented, as it is the case for the single-ended FBPA. Parallel feedback poses no problem with respect to the ex-
ternal applied bias conditions. Series feedback in contrast shifts the gate bias voltage up due to the voltage drop
across the series feedback resistor, which leads to an increased DC headroom for the TD-FBPA. Splitting of the
tail current source into two current sources, as depicted in Fig. 4-53, would help to circumvent the DC voltage

drop over Rg and hence help to minimize power dissipation.

L
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Fig. 4-53: TD-pair with series feedback and (a) common current source and (b) split current source

Based on the parasitic capacitances of the current source HEMTs T3, and T;; towards ground a parallel RC-
low-pass at the source nodes of the differential pair HEMTs T, and T, is introduced in differential mode, which
bypasses the series feedback resistor Rg and thus slightly degrades linearity, as shown in Fig. 4-54 (b). In terms
of CMRR, this topology might be better suited than the single current source solution for lower frequencies, be-
cause the resistor 2Rg has no influence in common-mode and therefore does not increase the RC-time constant
of the source impedance in common-mode, as it is the case for the single current source solution in Fig. 4-54 (a).
However, for low frequencies the pure capacitive series feedback might lead to an instable behavior in CM, be-
cause its imaginary-part is turned into a negative real-part at the input (see also “Loss Compensation of Gate-
Line” in section 3.4.6). When the parasitic capacitance Cp s becomes shorted towards higher frequencies the
advantage of a low series resistance turns into a disadvantage in terms of the CMRR, since the series Rg pro-
vides negative feedback and thus lowers the common-mode gain.

As a conclusion it can be stated that there are two compelling reasons why the presented double-current
source solution has not been implemented in a first concept evaluation. First, a difference in threshold-voltages
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of the current source HEMTs T3, and T3, due to device impairment leads to the undesired condition of unequal
current distribution in T; and T,. This makes the TD-pair asymmetric with respect to the virtual ground node
and accordingly gives rise to even-order nonlinearities, as presented in the preceding section 4.7.2. Second, the
parasitic capacitive loading leads to a reduced CM-suppression at high frequencies and to a reduced stability at
low frequencies, as will be shown later in section 6.1.1.

I
differential-mode:
Rs Rs Cpcs/2

Virtual GND Virtual GND

I
common-mode:
Rs

Crcs/2
L

(a) (b)

Crcs/2

Fig. 4-54: Equivalent half-section of single- and double-current source solution of TD-pair for differential- and common-mode from (a)
Fig. 4-53 (a) and (b) Fig. 4-53 (b)

4.7.4 DC-6 GHz Truly-Differential PA Design

In order to assess and evaluate the expected theoretical linearity improvement of TD-FBPAs in GaN tech-
nology, a DC-6 GHz Truly-differential PA has been designed in the 0.25um AlGaN/GaN technology from
Fraunhofer IAF. The simplified schematic and its corresponding layout are depicted in Fig. 4-55 below. As can
be seen, the circuit comprises parallel as well as series feedback and is additionally matched at its input and out-
put via reactive matching networks (IMN/OMN). Two 8X125um HEMTs without field-plates are taken for the
differential pair to achieve 6 GHz of bandwidth and a tail current source HEMT with W;= 8X125um to main-
tain sufficient current control at low Vpg s or Vg, respectively. In order to suppress the rising CM-gain toward
high frequencies, a series inductor (L.s) is placed in series with the TCS-HEMT to compensate its output capac-
itance. The stabilizing effect for different inductor values on the DM-stability performance is sketched in Fig.
4-56 below. From (a) it becomes clearly visible that L.g has no effect on the differential mode (DM) S,4, but
helps to improve the high frequency CMRR and thus stability, as depicted in (c) and (d). Additional bond pads
in the parallel feedback path enable the connection of an external SMD capacitor to extent the operational
bandwidth down to a few kHz if desired.
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Fig. 4-55: Photograph of DC-6 GHz truly-differential FBPA (a) “Trafalgar V2” and (b) corresponding simplified general schematic
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Fig. 4-56: (a) S,1, (b) CMRR, (c) 1’ and (d) u for different inductive compensation values of the parasitic capacitance towards ground of
the TCS-HEMT
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Small-Signal Performance

Fig. 4-57 depicts the simulated and measured differential (Spp) and common-mode (Sc¢) S-parameters. The
simulated S-parameters match good with the measured data and show a S;,4; of larger than 10 dB and a S;54,
of smaller than -12 dB up to 6 GHz. Only Spp; in Fig. 4-57 (a) deviates from the simulated values, which leads
to a bandwidth reduction of Sp,pq by roughly 1 GHz. The reason for the reduced bandwidth is mainly deemed
to be rooted in the increased parasitic gate- and source-inductance (Lg , Lg) of the resulting asymmetry in the
physical layout compared to the symmetric model. Since the model assumes a fully symmetric source termina-
tion, the modified asymmetric layout connection of the series feedback resistor Rgg in Fig. 4-55 (a) exhibits a
larger series source inductance based on the higher number of air bridges connecting the source fingers farther

away from Ry;.

fin GHz fin GHz
(@) (b)

Fig. 4-57: Simulated (markers) & on-wafer measured (lines) (a) Spp vs. f and (b) S¢¢ vs. f of DC-6 GHz TD-FBPA (“Trafalgar V2”) for
VDD =38 V, VGG =6V and IDS =100 mA/mm

g“\\\\\\\\T\\T\\T\\\\\\\\\\\\\\\

DAMGMHGBMIMy

Fig. 4-58: Layout of (a) symmetric gate/drain-bus connection (SBS) and (b) asymmetric gate/drain-bus connection (ABS) of an
asymmetric source-terminated 8 X125um, as applied in the DC-6 GHz TD-FBPA (“Trafalgar V2”)

Due to the single current source HEMT only one series feedback resistor can be connected at one side of the
HEMTS, which results in an increased source inductance from the 1* to the 8" finger, as shown by the green
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lines in Fig. 4-58. Splitting of the current-source HEMT into two individual current-sources would circumvent
the limitation of one single asymmetric source feedback resistor and accordingly decrease Lg, but comes with
several other drawbacks as was already addressed in the previous chapter 4.7.3. In order to compensate for the
variation in inductance and propagation delay over the gate-fingers it is meaningful to connect the gate/drain-
bus in an asymmetric manner, as sketched in Fig. 4-58 (b). When the gate-bus inductance L, based on the rela-
tionship Lg~Ig, is small (short solid red arrow), the source inductance Lg is large (long solid green arrow) and
vice versa. In this way the gain of each finger can be held almost constant.
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Fig. 4-59: Schematic of (a) symmetric gate/drain-bus connection and (b) asymmetric gate/drain-bus connection of the asymmetric
source-terminated 8 X125um from Fig. 4-58

In order to proof the just made assertion, a distributed HEMT model presented in Fig. 4-59 of the symmetric
and asymmetric gate-/drain-bus structure (SBS & ABS) from Fig. 4-58 was adopted. Thererin the 8X125um
HEMT is composed of 8 single intrinsic HEMTs (Tg ; _g), where each transistor finger itself is modelled by the
same intrinsic small-signal model, as already presented in section 2.2.1. The microstrip interconnections con-
necting physically all of the fingers at the gate- and drain-side in the layout, as depicted in Fig. 4-58, are mod-
elled by short MSL-sections. Moreover the source air-bridges are also approximated by simple short MSL-
sections, whereby for all MSLs no intercoupling is so far considered. Table 4-3 and Table 4-4 summarize the
model parameters applied for the distributed small-signal model fitted to the IAF-model and the distributed
MSL elements taken from the layout.
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Table 4-3: Intrinsic HEMT parameters for T 1 _g of 8X125um distributed GaN HEMT model from Fig. 4-59
(IDS =100 mA/mm, VDS =30 V)

RGS,1—8 CGS,1—8 RGD,1—8 CGD,1—8 RDS,1—8 CDS,1—8 9mo,1-8 T
/Q / fF /Q / {F /Q / {F / mS / ps
9.6 194 96 13.2 1800 28.2 31 35

(Ips = 100 mA/mm and Vpg =30 V)

Table 4-4: MSL-parameters of distributed 8x125um GaN HEMT model from Fig. 4-59

lG/Mm

Wg / um

lD/llm

wp / pm

ls/l,lm

Ws / um

50

30

100

40

75

20

As Fig. 4-60 (a) and (b) illustrate, the error between the IAF-model and the approximated distributed model
is negligibly small, allowing for a good evaluation of the optimal gate-/drain-bus structure by means of the
small-signal distributed HEMT model. Fig. 4-60 (a) shows that the k-point of the asymmetrically source-
terminated HEMT shifts down in frequency by roughly 2 GHz compared to the symmetric source-terminated
HEMT. This is based on the increased source inductance, as already mentioned. More interesting is the ques-
tion, which of the two possible gate-/drain-bus connections is better suited for a DC-6 GHz TD-FBPA design,
the symmetric bus structure (SBS) or the asymmetric bus structure (ABS). Considering only the targeted fre-
quency range, there is no vital difference between the SBS and ABS, based on the almost equal MSG/MAG
characteristic up to 6 GHz. Above 6 GHz the ABS shows some minor improvement with predominant MSG /
MAG performance in the X- to Ku-band. The stability factor k in Fig. 4-60 (a) additionally reveals that the ABS
is more stable in that frequency range than the SBS without any additional stability measures. The reason for the
better stability of the ABS can be explained by the higher input feeding inductance, providing in average a
slightly better compensation of the effective input capacitance and thus better matching. This can be verified by
taking a closer look at the input machting S;; in Fig. 4-60 (b).
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Fig. 4-60: Simulated (a) stability factor k vs. f and (b) S1; vs. f of SBS and ABS for an asymmetric source-terminated 8 x125um HEMT
in comparison to a 8X125um HEMT with SBS and symmetric source-termination
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Fig. 4-61: Simulated MSG/MAG vs. f of SBS and ABS for an asymmetric source-terminated 8 X 125um HEMT in comparison to a
8x125um HEMT with SBS and symmetric source-termination

So without sacrificing gain performance the ABS exhibits better high frequency stability, which was the de-
cisive criterion for the implementation in the DC-6 GHz TD-FBPA design, presented in this chapter (see Fig.
4-55). Assuming that at very high frequencies the HEMT operates more like a distributed (traveling-wave
HEMT) rather than a lumped structure, it is additionally beneficial to equalize the propagation delay on the gate-
and drain-bus in order to maximize the gain. Unfortunately is the input capacitance Cjy of the HEMT roughly
five times larger than the output capacitance C,,;, leading to a much slower phase velocity on the gate-bus than
on the drain-bus, according to

Uph = 1/\/(LG/D, “Cinjout’) (4.67)

Out of this reason can the difference in propagation delay only be scaled to a minor extent, since the gate-
bus inductance cannot be made arbitrarily small in order equalize the phase velocity on gate- and drain-line. In
order to show the impact of unequal phase delays on the gate- and drain-bus between the center and outermost
gate-fingers, the power loss of a SBS-HEMT with gate center feed (as depicted in Fig. 4-58 (a)) but symmetric
source-termination is set into relation to the same SBS-HEMT, which exhibits equal phasing at each gate-finger
and thus no delays. The resulting power loss (PL) can then be computed under assumption of a sinusoidal CW

drive-signal dependent on the number of gate-fingers (NGF) to

NGF/2
PL =20- l0g10

NGF (4.68)
max{ o Sin(wt +m - Ago)}

Ag in (4.20) incorporates the phase delay between each gate-finger arising on the gate- and drain-bus. It is
important to notify that the phase delay is linearly dependent on the gate-to-gate pitch (GG-pitch). Thus the
smaller the GG-pitch, the lower the effect of a higher NGF. The graphs in Fig. 4-62 indicate that if the GG-pitch
(or phase delay) is minimized, the power loss can be very easily minimized as well. This is only true if thermal

176



CHAPTER 4 - LINEARIZATION CONCEPTS

effects would be non-existant. In reality in contrast, an undershoot of a certain GG-pitch would lead to an enor-
mous increase in channel temperature due to thermal coupling of the gate-fingers, which would in turn degrade
output power to a greater extent than the reduced losses based on the distributed gate-/drain-bus effects. There-
fore, an optimum for NGF and the GG-pitch exists, which maximizes the power gain-bandwidth product. Fig.
4-62 reveals that for delay lengths larger than 1/20 between each gate-finger, significant power losses of greater
0.5 dB for NGF > 8 occur. This translates for a W; = 1 mm device into a GG-pitch of larger than 50 um at
20 GHz (1/20) above which distributed effects start to dominate the power loss. Based on these considerations
and the presented gate- and drain-bus feeding structure, the 8x125um HEMT with a 50um GG-pitch is deemed

to come very close to the electrical and thermal optimum within this 0.25um GaN process and has therefore
been used for the design of the TD-FBPA.
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Fig. 4-62: Power loss (PL) vs. number of gate-fingers (NGF) for different phase delays (Ap = A/x - 360°) between each gate-finger in a
SBS-HEMT with symmetric source-termination

Visible in Fig. 4-63 (b) is the increase of S¢,¢1 over frequency due to the output capacitance of the tail cur-
rent source HEMT, leading also to a decay in CMRR towards the upper band. The interesting point is the de-
pendency of the CMRR on the applied bias. Due to the fact that the output capacitance and resistance of the
GaN HEMTs are strongly dependent on Vpg, especially close to their knee-voltage, a strong dependence of the
CMRR on the applied gate-bias voltage Vi is to be expected, which is underlined by the on-wafer measured S-
parameter in Fig. 4-63 (b). When Vj is increased the CMRR in (c) increases as well at low frequencies but de-
creases at the band edge for constant applied Vps pp = 26 V. Since Vpg pp is kept constant, no major change in

the differential S-parameters Sp,,pn can be noticed in (a).
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Fig. 4-63: On-wafer measurement of (a) Spp vs. f, (b) S¢e vs. f and (c) CMRR vs. f of DC-6 GHz TD-FBPA (“Trafalgar V2”) for
different Vg with Vpgpp =26 V

Linearity Performance

In order to assess the linearity performance of the TD-FBPA large-signal one-tone as well as two-tone
measurements were conducted. By means of additional baluns at the input and output of the die, a large-signal
single-ended measurement setup was used, comprising a PNA-X NWA for sensing the input and output signals
and an additional driver PA to obtain 1 W of drive power. The frequency dependent attenuation introduced by
the baluns was de-embedded by preceding back-to-back measurements. The existing phase imbalance of the
balunes was determined to +5° over the bandwidth from 1-26.5 GHz by reference measurements, which was
also accounted for in the simulation for a more realistic comparsion between simulation and measurement. The
most critical part for proper linearity assessment of the TD-FBPA is the driving amplifier itself, which produces
significant spurs. It is therefore of utmost importance to guarantee a sufficiently large dynamic range of at least
80 dBc at the input to obtain accurate HD measurement results of the linear TD-FBPA. If the dynamic range is
smaller than the one of the DUT, the measured HD at the output is misleadingly dominated by the one of the
driver amplifier. Out of this reason six narrow bandpass filters matched with their center frequency to each cor-
responding input frequency were used in the measurement setup to synthesize a purely sinusoidal drive signal

and thus to guarantee a sufficiently large DR of the measurement setup.
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Fig. 4-64: On-wafer measurement of P1dB vs. f of DC-6 GHz TD-FBPA (“Trafalgar V2”)
at Vpp =38V, Vg =6V and Ipg = 200 mA/mm
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Fig. 4-64 shows that the on-wafer measured P1dB of the TD-FBPA at Vpp = 38 V, Vg = 6 V and
Ips =200 mA/mm is in good correlation with the simulation. Solely above mid-band, the P1dB seems to be
overestimated by the model due to the slightly worse matching toward 6 GHz, which deteriorates and hence de-
creases the bandwidth, as already presented by the S-parameters in Fig. 4-57 (a). The very good even-order
harmonic suppression of the TD-FBPA can be observed from Fig. 4-65 (a), where the usually dominant second-
order harmonic is around 15-20 dB lower than the third-order harmonic. A HD2 of still lower than -55 dBc at
30 dBm of output power at mid-band was measured. The difference in HD2 of roughly 10 dB between simulat-
ed and measured data is deemed to result from the non-ideal symmetry of the two differential branches, caused
by intra-cell process spread. Besides the even-order linearity deterioration due to phase imbalances, as shown in
section 4.7.2, symmetry plays the second crucial part in even-order harmonic suppression. The higher the sym-
metry of the differential circuit, the better the even-order linearity performance. Odd-order nonlinearity in the
TD-FBPA in contrast is not affected by circuit symmetry and is solely dependent on the linearity of the amplify-
ing HEMTs and the amount of feedback linearization. Surprisingly, the HD3 results even show that the TD-
FBPA outperforms the single-ended FBPA also slightly in its odd-order harmonics, which can be traced back to
the overall larger TGW of 2 mm compared to the 1.75 mm of the CS-FBPA from chapter 3.3.4.
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Fig. 4-65: On-wafer measurement of (a) HD2 and (b) HD3 vs. f at Poyt = 20, 25 & 30 dBm of the DC-6 GHz TD-FBPA
(“Trafalgar V2”) with Vpp =38 V, Vg = 6 V and Ipg = 200 mA/mm

Fig. 4-66 presents the on-wafer measured third order intermodulation performance in presence of a two-tone
signal with a spacing of Af = 5 MHz at the input of the TD-FBPA. The TD-FBPA achieves an OIP3 of larger
than 51 dBm at 1 GHz and 46 dBm at 6 GHz and shows the typical decaying trend over frequency, which stems
from the inductive parallel feedback (see also chapter 3.3.4). Again, the measurement fits well to the simulation,
whereby the deviation of around 3 dB at 1 GHz results from the limited dynamic range (DR) of the measure-
ment setup. To further reduce the amount of intermodulation present at the input of the measurement system and
hence to obtain more accurate OIP3 results, either each driver amplifer needs additional harmonic filtering be-
fore summation of the two signals in the power combiner or the isolation between the two signal sources needs
to be increased by insertion of additional attenuators or isolators. Since for the conducted measurement no low
loss isolators were available, a maximum of 6 dB of attenuation in each path could be inserted in front of the
power combiner in order to minimize mixing of the two input signals. The limiting parameters in the measure-
ment were the maximum drive signal of the PNA-X, its introduced nonlinearity and the noise floor. It is im-
portant to recall that even if the drive signal would be an ideal sinusoid, the signal-to-noise ratio still determines
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the maximum achievable DR, so that the drive signal cannot be arbitrarily decreased to reduce the driver PA

nonlinearities to a minimum amount.

The measured OIP3 result clearly shows that the designed TD-FBPA exhibits, besides its outstanding even-
order harmonic suppression, also very good intermodulation performance and is therefore a good candidate for
the application in vector signal generators for emulating 3GPP communication standards such as e.g. LTE,
UMTS/HSPA, GSM/EDGE, WCDMA/TD-SCDMA, WLAN or WiMAX.

551 — — —O0IP3 (sim.) |
~ o —— OIP3 (meas.)

OIP3 in dBm

40

fin GHz

Fig. 4-66: On-wafer measurement of average OIP3 vs. f with Af =5 MHz of the DC-6 GHz TD-FBPA (“Trafalgar V2”) at Vpp, =38 V,

Ve = 6 V and Ipg = 200 mA/mm. (Remark: simulation result accounts for 5° phase input imbalance)

Differential Noise Performance

Several methods for differential noise measurements have been published in the last decades of which most
of them are based on single-ended two-port noise measurements by using baluns and a proper deembedding
procedure [156, 157, 158]. Belostotski’s method in contrast provides the nice feature of measuring the differen-
tial NF without the necessity of extra baluns and thus can be done with standard noise measurement equipment
[159]. Due to its simplicity, the on-wafer differential NF measurements of the TD-FBPA were therefore con-

’

ducted according to “Belostotski’s”-method. This method is an effective and fast measurement approach, which
relies on multiple single-ended noise measurements. Since the whole method is based on single-ended meas-
urements, correlated noise arising from the TCS-HEMT is treated as uncorrelated. As long as the CMRR is
large, only a negligible error will be introduced, because any noise generated by the TCS-HEMT will appear in
common-mode and hence will not be transferred to the output. If the common-mode signals are not sufficiently
suppressed due to a low CMRR, the correlated noise of the TCS-HEMT becomes a significant error component
in this method, because Belostotski’s method treats correlated noise always as uncorrelated. The basic concept
of this method is to measure the noise figure at the two output ports and its corresponding single-ended direct-
and cross-transducer gains from the input to the output ports (S31,S41,S32,542). Based on the symmetry of the
topology it results that NF,, = NF3; and NF3, = NF,; as well as G4, = G31 and G3, = G41. Based on these

assumptions the differential NF computed in [159] further simplifies to

Nas
NFdiff =10- lOg10 1+ W , (469)
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where N, in (4.69) stands for the input referred equivalent noise powers at port 1 and port 2. Due to the sym-

metry, Ny is equal to Nyg = 0.5 - (Ngs1 + Nys,) and can be hence computed by

G31F3; + G3,F.
KTAf - (Ggq — Gay) - [w

— Gz — (G + G34)] (4.70)

as 2 2
G31 - G32

Equation (4.70) gives the most simplified way to determine the input referred noise power of a fully sym-

metrical differential amplifier. Based on the fact that the system of equations is overdetermined for a fully

symmetrical design, additional measurement data from ports 1 and 2 to the output port 4 can be used to reduce

possible existing measurement errors by averaging. Assuming a perfectly calibrated measurement setup, equa-
tion (4.70) solely describes the input referred noise power from which the differential NF of the TD-FBPA can

be calculated by this single equation. Furthermore, the measurement of the transducer gain between the two

output ports (Gy3, G34), which would be necessary for an exact determination of the differential NF from (4.69)

and (4.70), can be omitted without introducing significant error. Because G4 (or G,3) is in general very small

compared to the direct transducer gains G, (or G,,) its noise contribution toward the output is negligible. This

also simplifies the measurement procedure, because the noise figure analyzer (NFA) or network analyzer

(NVA) does not need to inject a measurement signal at the output ports to measure G4 and Gu3, This reduces

the expenditure of time for reassembling the measurement setup.
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Fig. 4-67: On-wafer measured (a) NF31 & NF3,, (b) G31 & G3; and (¢) NFg;rf compared to simulated NFg;rr w & w/o TCS bias noise
of the DC-6 GHz TD-FBPA (“Trafalgar V2”) at Vpp =38 V, Vg = 6 V and Ipg = 200 mA/mm.

181



CHAPTER 4 - LINEARIZATION CONCEPTS

Fig. 4-67 depicts the on-wafer single-ended NFs and transducer gain measurements from port 3 to port 1
and from port 3 to port 2 of the TD-FBPA, which can be computed by means of [159]. From Fig. 4-67 (c) it can
be seen that NFy;¢r of the TD-FBPA increases unexpectedly toward low frequencies. This is not an artefact of
the “Belostotski”’-method but rather the result of the TCS-HEMT gate-biasing scheme. As can be seen from Fig.
4-55 (a), the gate-bias to the TCS-HEMT is fed via some additional series gate resistors, which help to reduce
the sensitivity of the TCS-HEMT with respect to distortions arising from external circuitry. Unfortunately, these
resistors exhibit thermal noise, which is amplified by the g,, of the TCS-HEMT and thus generates a large
amount of correlated noise in the amplifier. Though the CMRR is largest at low frequencies, it is not large
enough to fully suppress all noise injected by the gate-bias resistors, especially at low frequencies. The compari-
son of the measured and simulated data in Fig. 4-67 (c) reveals that by introducing a large blocking capacitor at
the gate-node of the TCS-HEMT the low frequency noise can be filtered out. For operation down to a few MHz
it is thus a viable solution to make use of an external SMD capacitor close to the gate of the TCS-HEMT, when
a large on-chip capacitor cannot be placed due to the spatial layout limitations.

4.7.5 Key Findings

To the author’s best knowledge the well-known differential concept for even-order harmonic cancellation
has been applied in GaN technology for the first time. Prior to the design of a DC-6 GHz truly-differential de-
monstrator PA, an analytical and simulation based study of the susceptibility to phase, amplitude and process
imbalances of a pseudo-differential (PD) and a truly-differential (TD) pair was conducted. From this analysis it
can be concluded that the susceptibility of the even-order harmonics to input phase and amplitude imbalances is
much lower for the TD-pair than for the PD-pair. The superior performance in HD2 of the TD-pair compared to
the PD-pair is mainly owed to the fact that the HEMTs in the differential pair share a common tail current Igg,
which is forced and fixed by the tail current source (TCS). Although, the magnitude of H3 in AV, for the PD-
pair can be significantly lower opposed to the TD-pair, when A¢ is close to 7/3. For the TD-pair, the magnitude
and sign of g,,3 (k3) plays a major role for the final value of H; at the output, because the contribution from the
2" order mixing-term to Hs, based on the feedback of the 2" harmonic from the TCS drain node to the input,
affects the overall output Hs. For a positive 3™ order nonlinear coefficient g,,3 (k3), H3 can be partly cancelled
out as long as the 2™ order feedback mixing term exhibits a similar magnitude as g,,3. For the case of input am-
plitude imbalances the dependence of H;, H, and H; on Aa is quite similar to the case of phase imbalances. For
amplitude imbalances even up to 3 dB no impact on the odd-order harmonics in the PD- as well as TD-pair are
noticeable. For the even-order harmonics (H,) in contrast, a direct linear degradation of the PD-pair with Aa and
input amplitude A can be observed, whereas the TD-pair shows only a very weak dependence on Aa with almost
perfect suppression of the even-order harmonics. More critical is the susceptibility of the TD-pair to transistor
mismatches my, which result from slight process variations even within one cell on a wafer. A small difference
in transconductance between the two transistors leads to unequal nonlinearities in each of the two transistor
paths. The same accounts for the PD-pair, but with the difference that the odd-order nonlinearities in the TD-
pair are coupled to the input via the feedback over the TCS, which does not apply for the separately grounded
PD-pair. The reason for the fast degradation of H, with increasing mr is based on the feedback of H; at the
TCS to the input, which contributes via 2" order mixing with the fundamental input tone directly to H, at the
output. The latter effect leads thus to a much faster degradation of H, at the output with increasing my for the
TD-pair.
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In order to verify if the theoretically derived advantages of a TD-topology in GaN hold true in reality, a DC-
6 GHz TD-FBPA was designed in the GaN25 technology from IAF. In terms of linearity, the HD2 of the TD-
FBPA improves by more than 25 dB compared to the single-ended FBPA design from 3.3.4. At only 6 dB back-
off (P,yt= 30 dBm) the HD?2 is still larger than -55 dBc. The third harmonic represents the dominant distorter in
the TD-FBPA design opposed to the usual dominant second harmonic in GaN single-ended designs. This leads
to an increased SFDR of over 10 dB of the TD-FBPA design compared to the single-ended FBPA design. Two-
tone measurements reveal also a very good intermodulation performance with an OIP3 > 51 dBm at 1 GHz and
an OIP3 > 46 dBm at 6 GHz, making the TD-FBPA a very suitable candidate for the application in T&M in-
struments, such as e.g. VSGs. The comparison of the small-signal simulation and measurement results shows
that the asymmetric source-connection of the HEMTs in the TD-pair is reasonably well predicted by the modi-
fied distributed small-signal models. Only Sy, differs based on the different gate-bus/source inductance (L, Lg).
The NF of the presented TD-FBPA exceeds the one of the single-ended FBPA by ~1.5 dB at the center frequen-
cy due to additional noise coming from the TCS-HEMT and its gate-bias resistors. Towards DC, the NF in the
TD-FBPA rises significantly due to the noise coming from the bias resistors in the gate path of the TCS-HEMT.
Due to the limited CMRR in GaN, common-mode noise generated in the TCS-HEMT can be a major contributor
at the output. Placing a large capacitor at the gate-node toward ground of the TCS-HEMT helps to filter any
noise coming from the bias circuitry. Differential noise measurements by means of baluns are deemed to be ad-
vantageous compared to the Belostotski method due to the relative low CMRR in GaN TD-pairs. Any correlated
noise arising from the TCS-HEMT is considered as uncorrelated in the Belostotski method and thus the NF is
very likely to be overestimated. The higher the CMRR the lower the introduced NF measurement error by the
Belostotski method.

The following Table 4-5 summarizes once again advantages and disadvantages of a PD- and TD-pair with
respect to the critical design parameters output power, linearity and noise.

Table 4-5: Comparison of important PD- and TD-pair parameters

PD-pair TD-pair

Self-biasing * Yes e No

.« P d dent e P,y independent due to fixed TCS-current
. . ependen . . .
Linearity v €ep . e Linearity is less prone to amplitude & phase
e Less prone to process mismatches imbal

imbalances

e  Slightly larger than in a PD-pair (dependent

Noise * Roughly 3 dB higher NF opposed on CMRR for TCS noise suppression)
to single-ended CS-HEMT e Suppression of input CM-noise to output DM-
noise
Output Power | ¢  Not limited by bias current e  Maximum is limited by constant Iss of TCS
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4.8 Conclusion

Among the five analyzed linearization concepts in the preceding chapters 4.3 to 4.7 are three, which show
from the simulation and measurement results a real linearity improvement for the design of highly linear multi-
decade wideband PAs. These three are the well-known parallel- and series feedback linearization, the nonlinear
diode predistortion and the differential pair concept.

The first and oldest concept of parallel- and series feedback linearization turns out to be still one of the most
promising concepts, which enable decent small-signal matching, low-noise performance and wideband opera-
tion with still high output power, as the measurement results of the DC-6 GHz FBPA in 3.3.4 already revealed.
Furthermore, its compactness and simple topology makes the FBPA very efficient in terms of die size and thus
attractive from a cost perspective. A detailed analytic investigation within chapter 4.3 has once again shown that
with incrasing feedback the linearity improves effectively. Interestingly, it transpired that a HD3 and IM3
sweet-spot in FBPAs occurs, which is dependent on the amount of loop-gain and the sign of the 3™ order non-
linear coefficient. As long as g,,3 is negative, no sweet-spot is present, but for a positive sign full cancellation
of the 3" order nonlinearity can be achieved. Translated to the utilized GaN25 technology this means that class
AB to A operation never yields such a sweet-spot. Deep class AB operation in contrast yields a positive g3,
which leads to a very low 3" harmonic and also intermodulation products. However, this comes unfortunately at
the cost of an increased 2" harmonic due to the very large g,,, around the g,,3-zero, which thus increases the
SFDR again.

The second promising concept is based on diode predistortion and has been applied for the first time in a
distributed topology in order to integrate the additional complementary nonlinear capacitance of the predistor-
tion diodes into the artificial gate-line. This limits the operational BW opposed to parallelized PA topologies
only to a minor extent and is thus well suited for PA designs over multiple decades. The nonlinearity introduced
by the transistors input capacitance takes more and more effect with increasing frequency due to the increasing
displacement current. When addind an anti-parallel diode, a capacitance with opposite dependence on the input
drive signal leads to a compensation of the HEMT s nonlinear input capacitance, such that the output nonline-
arity of the DPA/TWA toward high frequencies can be partly cancelled out. Although, due to the different oper-
ating points for the diode and the HEMT, the nonlinearity arising from Cgp of the HEMT is due to the Miller
effect Ay -times larger than the complementary nonlinearity of the anti-parallel diode. A full nonlinearity cancel-
lation by means of a simple anti-parallel diode is thus not feasible. Nevertheless, the measurement results of a
DC-6.5 GHz TWA applying the diode predistortion concept reveal a very good linearity performance, especially
toward higher frequencies. With a TGW of only 1.3 mm the LZNTWA achieves an OIP3 of larger than 42 dBm
over the whole band. Single-tone HD measurements also underline the high linearity of the design with an HD

of smaller than -38 dBc at an output power of 20 dBm.

The third linearization concept makes use of a differential pair as amplifying stage in order to suppress all
even-order harmonics at the output and hence increases the SFDR. An in-depth analytical and simulation based
investigation of the general susceptibility to phase and amplitude imbalances as well as process variations of a
pseudo-differential pair (PD) compared to a truly-differential pair (TD) was conducted in 4.7.2. The analysis
showed that the TD-pair is less prone to input phase and amplitude imbalances but exhibits worse linearity per-
formance in terms of process related mismatch. Since the latter takes only noticeable effect for mismatches larg-
er than 1%, it is not deemed to be a critical factor for two closely spaced transistors on one single die. Based on
the preceding analysis, a DC-6 GHz FBPA based on a TD-concept was designed for the first time in GaN tech-

nology. The measurements showed an improvement of more than 25 dB down to -60 dBc in HD?2 at an output
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power of P,,; = 25 dBm and more than 10 dB improvement down to -55 dBc in SFDR. Above all, two-tone
intermodulation measurements revealed additionally a very high OIP3 of larger than 46 dBm at 6 GHz and even

51 dBm at 1 GHz, underlying the outstanding linearity performance of the TD-FBPA in GaN technology.

Besides the just mentioned three implemented linearization concepts, the concept of derivative superposi-
tion (DSM) as well as the staggering drain-line principle for TWAs were also investigated from a theoretical
point of view for a possible implementation in GaN. Based on the theoretical analysis with respect to the target-
ed specifications, the decision was made to skip the verification of these two concepts by hardware implementa-
tions. From the analysis of the derivative superposition method (DSM) it turned out that the g,,-shape of the
utilized GaN25 process is not well suited for an efficient linearization. Due to the very sharp turn-on behavior
together with the gain maximum located at deep class AB, the GaN25 technology is originally optimized for
achieving high efficiencies rather than high linearities. This process characteristic counteracts the DSM for
maintainting g,,3-cancellation over a large input dynamic range. To boost the dynamic range up to a useful lev-
el, a high number of parallel stages with only slightly shifted gate-offset voltages would be necessary in order to
significantly raise the dynamic range of the 3" order nonlinearity cancellation. Moreover, in favor of an in-
creased SFDR a compromise between 2™ and 3™ order nonlinearity cancellation has to be made, since the 2™
order nonlinearity exhibits its maximum when the 3™ order nonlinearity is minimized. Based on these theoreti-
cal findings, the conclusion is that for achieving good intermodulation performance and large SFDRs at the
same time, the DSM as standalone linearization concept is not suitable for the linearization of wideband PAs
over multiple decades. Although, due to the improved 3™ order linearity performance, one might think for a fu-
ture implementation of a differential-DSM, which additionally alleviates the dominating even-order nonlineari-
ties present in the single-ended DSM.

For a general understanding of the TWA linearity characteristics, the single-tone and two-tone linearity re-
sponse a uniform DPA has been analytically computed, dependent on the number of stages and on the electrical
gate- and drain-line lengths. To the author’s best knowledge, for the first time the general HD dependence on N
in a UDPA has been analytically identified to be proportional to HDm~(1/N)™"1. So, by increasing the num-
ber of stages N, the amount of harmonic distortion can be reduced. In principle, the larger the order of the non-
linearity the higher is the suppression. If on top a certain amount of phase delay between the gate- and drain-line
is introduced, higher order harmonics can be suppressed at the output. To fully eliminate the m™-order harmonic
component at the output, a phase delay of m - 90°/N per section is required. The introduction of the phase delay
is also called “staggering” of the drain-line, which has been already reported in [144, 145] as a successful meas-
ure to improve intermodulation performance. Out of this reason, the improvement of the C/IM3-ratio with in-
creasing N and phase delay (“staggering”) on the drain-line was also once again theoretically reviewed and veri-
fied. However, since a phase delay of around 180°/N would be necessary to effectively suppress the dominating
2" harmonic for an increase of the SFDR of the UDPA, the gain and/or BW would strongly be degraded. The
staggering drain-line principle is therefore to the author’s opinion not the best approach under the given linearity
specifications and as such was not implemented on chip-level.
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CHAPTER 5

NOISE REDUCTION SCHEMES

Within this section noise improvement schemes for FBPAs and TWAs will be discussed, based on the ac-
quired theoretical understanding from chapter 3.4. As already presented in chapter 3.3.2, the noise performance
in a FBPA is mainly determined by the selection of the optimum bias-point for the HEMT and by the amount of
applied resistive feedback in order to stay as close as possible to the optimum noise matching trajectory in the
Smith-Chart. Apart from these general noise trade-offs in FBPAs, a feedforward noise cancellation (FFNC)
concept will be reviewed in chapter 5.1 and its applicability for a further noise reduction in GaN FBPAs investi-
gated.

As has been discussed in detail in chapter 3.4.3, especially the increase in NF toward DC is an undesired
characteristic in conventional TWAs. The cause for this rise in noise was shown to be generated by the reverse
transfer function from the gate-termination resistor R to the output port RFyyr (see (3.102)), which amplifies
the thermal noise power kpT present in the resistive load Rsr to the output. In theory, NF values below 3 dB in
TWAs with perfectly matched gate- and drain-lines cannot be realized by matched resistors. The simplest im-
provement thus would be to introduce mismatch between the characteristic gate-line impedance Z, and the gate
termination Rgp to minimize noise matching. Unfortunately, this deteriorates at the same time S;4 of the TWA
and is hence only up to a certain point a viable method for the low frequency NF improvement. Out of this rea-
son, chapter 5.2 will present two approaches, which are capable of reducing the low frequency NF in TWAs by

active cold load (ACL) terminations in the gate-line.

5.1 Feedforward Noise Cancellation in FBPAs

Taking a look back at the noise analysis of the FBPA presented in section 3.3.2 and the resistive input
matching chapter in 3.2.1 shows that the feedback structure is a suitable candidate for retaining low noise per-
formance at low frequencies together with a wide input impedance match. Nevertheless, F,,;, increases with
increasing amount of feedback on the one hand, because of the decreasing gain and on the other hand due to the
introduction of lossy components in the series- and parallel-feedback paths. It might be thus desirable to build a

187



CHAPTER 5 - NOISE REDUCTION SCHEMES

circuit, where the input matching is independent of the noise performance. This can be achieved by making use
of a feedforward noise cancellation (FFNC) concept, which is described in F. Bruccoleri’s et al. excellent paper
on thermal noise cancellation in LNAs [160]. After shortly reviewing the general idea of the FENC-concept, one
promising topology will be more closely examined for a possible implementation in FBPAs in GaN-technology.

5.1.1 General FFNC Principle

In the following, the theory behind the FFNC-principle will be theoretically reviewed by means of simpli-
fied considerations in order to fully grasp its limitations, before discussing its application in FBPAs in sec-
tion 5.1.2. By taking a closer look onto Fig. 5-1 the general principle of the FFNC can be explained very briefly.
Toward low frequencies the propagation delay between input and output is negligible and hence noise (i, 4)
present at the output of the FB-stage (T;) is on the one hand transferred via the parallel feedback resistance Ry,
with 0° phase shift to the input and on the other hand amplified via the HEMT T; with a phase shift of 180°.
Both signals are summed up at the output terminal by means of the source follower T, such that the noise from
T; is partially cancelled at the output. It adumbrates that the amount of cancellation is on the one hand depend-
ent on the amount of feedback over T; and on the other hand on the g,,’s of T, and T5. The general trade-offs

will be examined more closely analytically at low frequencies.

0°
Vn,in

Rs

Fig. 5-1: Small-signal circuit of single-ended feedforward noise cancellation concept with common-source parallel feedback stage at the

input (noise phase indicated by red arrows)

The input and output noise voltage v, ;, and v, 4y, for Fig. 5-1, under the assumption of channel noise on-

ly, can be expressed as

Vn,in = —lna " Rs (5.1

Vnout = —ina Re (sz (pr + RS) + gm3RL)' (5.2)

where i, 4 describes the thermal channel noise current of HEMT T;. By means of v, o+ and vy, i, the noise

voltage transfer function can be hence calculated to
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_ RL(ng(RS + pr) - gm3RS)

(5.3)
Rs(1+ gmzR1)

Av,n

In order to cancel out the noise contribution from T; and thus obtain A4, ,,= 0, the numerator in (5.3) has to

become equal to zero, which is fulfilled for the condition of

Ima _ 1 Ko (5.4)
9m2 RS

As can be seen from (5.4), the noise cancellation of T;’s channel noise is only dependent on the g,,-ratio of
the HEMTs T, and T3 in the output adder-stage, the source resistance Rg and the feedback resistor pr. So by
adjusting the device size of T, and T3, the input impedance of the feeback stage can be chosen freely as desired
and perfectly matched to the input, whereas the noise of the matching device can be cancelled. The exact same
principle for the noise cancellation also counts for the linearity, because any nonlinear signal component under-
goes the same signal transfer as the channel noise and is hence cancelled at the output (see also [160]). For the
input matched condition of R;;, = Rs, gm1 needs to be chosen equal to 1/Rg, giving e.g. a gm,q of 20 mS for
50 Q.

Left out so far are the signal considerations. The general signal voltage gain A,, from the input to the output
of the FFNC-stage can be determined in a similar way from Fig. 5-1 as the noise transfer function and results in

A, =—
v 1+ gmaR;

Equation (5.5) demonstrates that the signals traveling along the T;, T,- and T5-path add in-phase at the out-
put. T3 reveals to be the major contributor boosting the voltage gain, whereas T, as source follower has only

negligible impact on the overall gain, especially for very large R;.

5.1.2 FFNC in FBPAs

For a possible improvement of the noise performance in FBPAs, the trade-offs of the FFNC-concept will be
reviewed with respect to output power in the following. All of the investigations undertaken in 5.1.1 are only
true for low frequencies, since all reactive elements of the HEMTs have been neglected up to now, which is suf-
ficient to gain a very general understanding of the FFNC-principle at the beginning. As soon as the input fre-
quency increases, T3 starts to capacitively load the input. In order to minimize the loading and keep the input
matching over a large frequency range constant, T3 needs to be sized small compared to T;. With respect to the
noise cancellation condition from (5.4) in contrast, T3 needs to be sized (1 + Rep/ Rs)—times larger than T,
which in turn leads to either a high amount of feedback over T; or a very small device size for T,. The former
leads to a reduction in gain whereas the latter limits the maximum power handling capability of the PA and thus
limits the maximum output power delivered to the load. Contrarily, if T, and T3 become very large, their noise
contribution starts to dominate over the noise from the feedback stage at the output and the FFNC-concept be-
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comes useless. Moreover, the output impedance, which is mainly determined by the source follower, increases
with increasing device size due to the low output impedance of T,, which is proportional to 1/g,,. Transferred
to GaN-technology this means that a g,,,, for a 50 Q output load has to be equal to 20 mS, which leads under the
assumption of 330 mS/mm for the 0.25um GaN technology to a device size of W 7, = 60 um (e.g. 2X30um).
Furthermore, such a small device restricts the maximum device size of the (1 + Rgp/ Rs)-times larger power
device T3 to values for Wy 753 of around 0.2 mm to 0.5 mm. Unfortunately delivers a 0.5 mm GaN device only a
maximum output power of roughly 1 W, assuming an approximate power density of 2 W/mm in broadband PA
designs. Therefore, implementation of the proposed FFNC-concept in 0.25um GaN technology suffers from
limited output power under a 50 () environment and would thus not comply with the given specifications in Ta-
ble 1-1. It needs to be mentioned that all of these matching and output power considerations become more strin-
gent, when the frequency of operation increases and the input and output capacitances start to play a major role.
Out of the limited time and the basic limitations in output power of the FFNC-concept, analytical frequency-
dependent expressions were not derived and are not within the scope of this work.

Completely neglegted in the power considerations so far is the voltage-swing limitation of the output-stage,
formed by T, and T3. The maximum rail-to-rail voltage is limited to Vpp instead of the maximum swing of
2 - Vpp, as in ideal class A PAs biased with an RF-choke. This in turn reduces the output power by 6 dB in order
to maintain operation of T, in saturation. One remedy against the reduced signal swing would be to bias the
drain of the source follower at 2 - Vp,, which would come at the cost of increased power dissipation. All of
these aspects, which need to be followed to make the FENC-concept work, contradict with the goal of maximiz-
ing output power in a FBPA design and are hence only suited for LNA designs.

5.1.3 Key Findings

After a short review of the general feedforward noise-cancellation concept (FFNC), which was first pro-
posed by Bruccoleri et al. in [160] for CMOS LNAs, the applicability of the FFNC-concept to FBPAs in GaN
technology has been assessed. Based on the much smaller required device sizes of the output combining stage
(T,, T3) to perfectly cancel the channel noise of the feedback matching device at the output, the maximum out-
put power is strictly limited. By chosing larger device sizes for T,, T; noise cancellation cannot be maintained
and the noise contribution of the output stage starts to outweigh the noise contribution from the feedback match-
ing device at the input. Moreover, a large output stage leads to significant bandwidth and thus matching prob-
lems at the input, since the input capacitance of T3 becomes a major contributor to the overall input capacitance
of the whole PA. Based on these simple considerations, the concept of FFNC is not deemed to be a proper can-
didate and is thus not further taken into account for the implementation of GaN wideband PAs.
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5.2 Active Gate-Line Termination in TWAs

As was presented in chapter 3.4.3, the minimum low frequency NF in a TWA without capacitively coupled
gates is limited by the gate-termination resistor Rsr. It is thus worth to investigate if a substitution of Rgr by
any active circuitry, which exhibits a matched input impedance to the gate-line but introduces less noise, leads
to an improvement in the low frequency NF. These kinds of circuits are often referenced as active cold loads
(ACL) in the common literature, since they provide a load impedance which is “colder” than a corresponding
resistor at a certain temperature. The first active cold load (ACL) was presented by Frater and Williams in 1981
[91]. Therein, a common-source GaAs-FET with series inductive feedback (Lg) was used to synthesize a resis-
tive load which exhibits lower input noise than an equivalent ohmic resistor. By making use of the impedance
transformation of Lg to the input, a frequency independent feedback resistor can be seen. In this way the differ-
ence in impedance necessary for a complex conjugate match and noise match can be minimized. Thus the input
becomes matched to the source resistance but provides minimum noise at the same time. Since this ACL ap-
proach is due to Lg only suited for narrow-band designs, three different solutions for the implementation of a
broadband ACL are reviewed in the following and their theoretical trade-offs compared.

For the noise analysis, the PRC-model of Van der Ziel/Pucel is considered for modeling the channel noise
(in,¢) and induced-gate noise (i q) of the HEMT. All other resistors incorporate thermal noise of the form
4kTyAf R, only. It is important to recall that only noise available at the input of the ACL is of interest and not
the equivalent input referred noise of the ACL. Latter misleadingly takes the output noise transferred to the in-
put into account, which is the general approach taken to separate a noisy circuit into its equivalent input noise
sources and the noiseless circuit itself (as e.g. for the computation of the NF of a circuit). In terms of the ACL
only the termination impedance and its corresponding available input noise power influence the upstream cir-
cuitry. Latter can be computed by the total resulting noise voltage at the input (v, 1,¢) and the related input im-

pedance (Z;y ,) of the circuit, as described below in (5.6).

T 2
|2n,t0t| . (56)
4-Re{Zn .}

Ptotr =

For a detailed derivation of the available noise power at the input and its noise transfer functions see also [161].

5.2.1 Common-Gate ACL

One of the best and simplest concepts to realize a constant resistance over large frequencies is based on a
single common-gate (CG) stage. Fig. 5-2 depicts a simple CG-HEMT terminated at its drain with the resistive
load R; . According to Fig. 5-2 (b) the input impedance of the CG-HEMT can be computed to

7 _ R, + Rps + jwCss(Rgs + Rg) (R, + Rps)
=NeI ™1 + gmRps + jwCes(Rgs + Rg + Ry, + Rps)’

(5.7)

Under the in general valid assumption that Rps > Rgs + Rg + Ry, for an ACL with a Re{Z,N‘Cg} =50 Q
and furthermore with f; = g,,/2nCgs > f, equation (5.7) can be approximated by
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ZIN,cg =~ gi (5.8)
m
@ gm'Ves @
] ~ v, L ]
|'> |_>Ccs ) Ves —V\VN—
Zn, cg R ZIN’C‘q Ros RL
l Re¢+Rgs
@ =
(a) (b)

Fig. 5-2: (a) ACL in common-gate configuration and (b) its corresponding simplified equivalent small-signal circuit
Equation (5.8) shows that the input impedance of a CG-HEMT is only proportional to the reciprocal of g,,

and is thus mainly resistive for moderate frequencies (f « f7). By proper selection of the device size and hence

Jm the load resistance can be synthesized as desired.

i | @

Rps Ry

l VnR,

@—;—

Fig. 5-3: Noisy small-signal equivalent circuit of ACL in CG-configuration (CG)

The total input noise voltage according to Fig. 5-3 at the input of the CG-HEMT can be computed to

2 2
R, + Rps
(Vntor”) = Wnr, )+ [ —— = 1| (Wnrs?)

ZIN,cg

2

|gmRpsRc — (R, + Rps)(1 + jwCesRes)|™ .,
' (Ln,g )

+Rps(ing”) +
ps (ina") | 1+ jwCgs(Rgs + Rg)

ImRpsRg — (R, + Rps)(1 +ijGSRGS)>*} f . 2. 2
+2-Reqc R - (i g Nina )
{_ bs < 1+ jwCgs(Rgs + Rg) g fend

(5.9)
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where Z;y ¢4 is the input impedance from (5.7) and (L'n_gz), (in,dz) and ¢ Pucel’s noise parameters from (2.10)-

(2.12). Finale insertion of (5.7) and (2.10)-(2.12) into (5.9) and further into (5.6) gives

1 Zineg | R, +Rps _|°
Pocy = knTolf - : ‘-R+——1 ‘R
n,cg B10 f Re{ZIN,cg} RL+RDS L ZIN,Cg G
RpsRc — (R, + Rps)(1 + joCesRes)|? (wCqs)?
+ngD52P+|gm psRa (.L ps) (1 +jwlasRes)|” (wlas)” (5.10)
1+ jwCs(Rgs + Rg) Im
ImRpsRc — (R, + Rps)(1 +ijGSRGS)>*} ]
+2wCgs - Relc- R : VRP|.
o {_ DS( 1+ jwCgs(Rgs + Rg)

5.2.2 Common-Source ACL with Series Inductive Feedback

Another ACL concept is based on series inductive feedback and was first applied by Frater and Williams in
1981 [91]. The basic idea behind the additional series inductances Lgr in the source path and Lsy in the gate
path is founded in the improved matching performance to a source resistance Rg. On the one hand, Lgg trans-
forms into a frequency independent and noiseless real-part at the input whereas L enables the compensation of
the capacitive imaginary-part from Cgg. In this way optimum noise matching and gain matching can be achieved
at the same time, as was shown in 1974 by A. Anastassiou et al. [84, 85] and is still today one of the most ap-

plied concepts in narrow-band LNAs.

|||-<

() (b)

Fig. 5-4: (a) ACL in common-source configuration with series inductive feedback and (b) its corresponding simplified equivalent small-

signal circuit

The corresponding input impedance of the CS-HEMT with series inductive feedback can be obtained from

Fig. 5-4 (b) and equals
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Lsp . 1
Zincsf = Rg + Rgs + ng_GS +J (w(LSF + Lgp) — wCGs) (5.11)

L .
(WLsp)* = gm _CSF (R, + jwLgp)
GS
RL + RDS +j(1JL5F

+

At moderate frequencies and for the case of Rps > R;+jwLgr, (5.15) can be simplified to

Lgp . 1
Zinesf = Rg + Rgs + ng_GS +j (w(LSF + Lgr) — wCGS)' (5.12)

By taking a closer look onto (5.12) it can be inferred that the real-part of Z;y .55 is frequency independent
and can be tuned on the one hand by the device size (Rg, Rgs, gm, Cgs) and on the other hand by the series in-
ductance Lgp. The imaginary-part in contrast is strongly frequency dependent and exhibits a capacitive behavior
in the low frequency range (w(Lgr + Lgr) < 1/wCgs) and an inductive behavior in the high frequency range
(w(Lsr + Lgp) > 1/ wCgs).

Mn,ml

Fig. 5-5: Noisy small-signal equivalent circuit of ACL in CS-configuration with series inductive feedback (CS-SIF)

The total input noise voltage spectral density at the input of the CS-HEMT with series inductive feedback

can be computed from Fig. 5-5 to

4 (wLsp)?
(R, + Rps)? + (wLgp)?

(2n,tot2> = (Bn,RGZ> [(En,RLZ) + (in,dz) ) RDSZ]

Lsr Rps 1)
+ |R + G -
Gs  Im GsRps + R, + jwLsy  jw(Cgs

jwLspRps ( Lsp Rps 1 )* \/ﬁ
+2R . Rec + L +
¢ {5 Rps + Ry + jowLsy \ 0 T 9™ Cos Rps + R, + jwLsy  jwCes {n.g"Nina")

where (L'n_gz), (L.n,d2> and c are again Pucel’s noise parameters from (2.10)-(2.12). Finale insertion of (5.13) and
(2.10)-(2.12) into (5.6) gives

(ing?) (5.13)
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Proesp = kToAf - [Rg + (wLsp)” [R. + gmRpsP]
n,csf 0 Re{Z[N'CSf} G (RL +RDS)2 + (wLSF)Z L mADS
Lsp Rps 1 |2 (wCgs)?
+ |Res + g — + . R
| Gs " gm CesRps + R, +jwLsp  jwCgs Im .19
JwLspRps ( Lsp Rps 1 )*
+2Re{c- Rgs + gm —= + VPR|.
e{g Rps + Ry + joLsy \ 08 " 9™ Cog Ros + Ry + jooLsy + jwCas

5.2.3 Common-Source ACL with Parallel Resistive Feedback

Instead of applying inductive series feedback, parallel resistive feedback shows the advantage of decent
matching over much larger bandwidths especially down to DC (as shown in 3.2.1), where the series inductive
compensation doesnot have any effect. Due to the parallel resistive feeback, the input capacitance Cgg is masked
at low frequencies and thus the input impedance mainly resistive. The input noise characteristic of this topology
is unfortunately slightly higher than for the series inductive feedback, since the feedback resistor Ry, contrib-
utes additional thermal noise. Nevertheless, it will be shown in this section that the available input noise is still
significantly lower than in a resistor, which provides the same load resistance as the ACL.

Ry

0,
= ]—
|_> Cas )VGS
Zinefp ImVas RDS§ RL
Res
®r

- -

(@ (b)

Fig. 5-6: (a) ACL in common-source configuration with parallel resistive feedback and (b) its corresponding simplified equivalent small-

signal circuit

From Fig. 5-6 (b) the corresponding input impedance of the CS-HEMT with parallel resistive feedback can
be computed to

Ra + pr +ijGS(RGS + RG)(RA + pr)
14 gmRq + jwCgs(Rgs + R + Ra + R )

Zinefp = (5.15)

where Ry = Rps||R;. Further separation of (5.15) into its real- and imaginary-part yields
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(Ra+ Rep)[1 + gmRa + (WCgs)*(Rgs + Ro)(Rgs + Rg + Ra + Ry )] (5.16)

Re{Zincrp} = 2
(1 + ngA)Z + (wCGS(RGS + RG + RA + pr))

wCs(Rq + Rep)[gmRa(Res + Re) — (Ra + Rpp)| (5.17)

I{Ziycrp} = 2
(1 + ngA)Z + (wCGS(RGS + RG + RA + pr))

From (5.17) it becomes apparent that the imaginary-part is equal to zero at DC and increases with frequen-
cy. Since in general the numerator term g,,R4(Rgs + Rg) is smaller than (RA + pr), the input impedance

shows a capacitive behavior, which exhibits its maximum at
(5.18)

1+ gmRy
fres = .
2m(Rgs + Rg + Ra + Ryp)

Above this frequency the imaginary-part tends back to zero again with increasing frequency. Equation

(5.16) reveals that the real-part is also frequency dependent and strives at DC to

Ry + Ryp
RelZver}l;o = T4y R, (5.19)
and for very high frequencies to
(5.20)

_ (Ra+ Rep)(Rgs + Rg)
Rgs +Rg + Ry +Rpp’

Re{ZIN,Cfp}lfzoo
which can be very well approximated by Rgs + Rg based on the fact that usually Ry + Rr, > Rgs + Rg. The

optimum input match at low frequencies is therefore strongly dependent on the ratio between Rf, and R, and

can be thus very well adapted to any desired resistance value over a much larger range than e.g. in the CG-ACL.

pr EH,R/”
_ - ©)
Cas ) Vs
> ImVes RDS§ ina () Ry,

Vn,tot Vn,R;

Ing (W
7
l VnR,

Ras

G} M—
Fig. 5-7: Noisy small-signal equivalent circuit of ACL in CS-configuration with parallel resistive feedback (CS-PRF)

According to Fig. 5-7, the total input noise voltage sprectral density of the CS-HEMT with parallel resistive

feedback can be calculated to
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2

Ry
(EH,RG 2 )

4 ? 2 Ry+R
ZiNcf AT Ry
(Vntot®) = R4+—CRip [(R_L) (Vnr,?) + (En,prz) +[—2E-1

ZIN,cfp

2

|ngARG — (RA + pr)(l + jwCssRgs) (L.n’gz) (5.21)

R.2(1 2.
+ Ry *(ing?) | 1+ jwCes(Rgs + Rg)

gmRaRs = (Ry + Rep) (1 + ijGSRGS)>* \/ﬁ
+2-Rejc R : B Wi )
{_ 4 < 1+ jwCgs(Rgs + Rg) ng /\nd

where (i, gz), (in,dz) and ¢ are again Pucel’s noise parameters from (2.10)-(2.12). Finale insertion of (5.13) and
(2.10)-(2.12) into (5.6) gives

2

1 | Zivcrp *[R,? Ry + Ryp
Presp = kpToAf - : 4 S _Tr_4q| g
mefp o Re{ZIN,cfp} |RA + pr RL ZIN,Cfp G
. 2
to REP+ ImRaRG — (R4 + Rep) (1 + jwCgsRes) _ (wCgs)? R (5.22)
Gmia 1+ jwCgs(Rgs + Rg) Im .

RyuRg — (R4 + Rep ) (1 + jwCesRes)\
ImbaRg (.A fp)( Jwlgs GS)) JPR
1+ jwCgs(Rgs + Rg)

+2wCgs - Re {g ‘R, <

for the available noise power at the input of the CS-PRF ACL.

524 Comparison of ACL Concepts

Fig. 5-8 depicts the real- and imaginary-parts of the input impedance for the three ACL concepts presented
in the preceding sections 5.2.1 to 5.2.3. In order to retain a meaningful comparison between the three concepts,
the device size, bias point and thus the dissipated power are maintained for each topology. Merely the feedback
values (Rgp, Lgp, Lsp) and load impedances (R;,) were adjusted to end up in a good 50 Q match from DC to
20 GHz. Out of this reason, the CG-HEMT proved to be the limiting factor in device size, because the
Re{Z,N,Cg} is proportional to 1/g,,, which gives for a 2x35um GaN HEMT biased at Vpg = 10 V and
Ips = 50 mA/mm with a g,, of 19.8 mS a real-part close to 50 (). As can be seen from Fig. 5-8 (a), the CS-
HEMT with series inductive feedback (CS-SIF) provides an almost frequency independent real-part as derived
in (5.11) and (5.12), whereas the CG-HEMT (CG) and the CS-HEMT with parallel resistive feedback (CS-PRF)
exhibit a noticeable decay over frequency. The imaginary-part in Fig. 5-8 (b) in constrast shows a contrary be-
havior, where the CG and CS-PRF demonstrate the lowest input reactance, followed by the CS-HEMT with
PRF. The CS-SIF shows to be purely capacitive at DC and becomes only fully compensated at 20 GHz based on
the series inductances in the gate and source path. The exact superposition of the CG and CS-PRF real- and im-
aginary-parts is founded in the simplification of C;p = Cps = 0 F, which makes both of them only dependent on

frequency via Cgg.
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Fig. 5-8: (a) Re{Z;y} and (b) Im{Z;y} of a 2x35um GaN HEMT in CG-, CS-SIF and CS-PRF configuration.
(Note: CS-SIF and CS-PRF curves are congruent in (a) and (b))
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Fig. 5-9: Py 4y of a 2X35um GaN HEMT in CG-, CS-SIF and CS-PRF configuration with Vg = 10 V and Ij)g = 50 mA/mm

The available noise power at the input of the three ACLs according to the equations derived in (5.10), (5.14)
and (5.22) is plotted in Fig. 5-9 above. The PRC-parameters for the noise model were computed at DC accord-
ing to the conversion formulas derived in (2.26)-(2.28) from Pospieszalski’s equivalent gate and drain noise
temperatures (T, Tp), which were taken from the IAF small-signal model. The frequency dependence of the
PRC-parameters arising from the mathematical conversion between Pospieszalski’s and Pucel’s model are ne-
glected here for simplicity (see section 2.2.3). Accordingly, P, R and ¢ of a 2X35um GaN HEMT at Vps = 10 V
and Ipg = 50 mA/mm can be determined to the values given in Table 6-1 below. The low values for R and ¢

result from the low frequency dependence of the small 2X35um device in the regarded low frequency range.

Table 5-1: Recalculated PRC-parameters of a 2X50um GaN HEMT

P R c
0.44 | 0.022 | -j0.23

The resulting available input noise power B, 4,, of the ACLs with a 2X35um GaN HEMT in CG-, CS-SIF-
and CS-PRF-configuration is plotted in Fig. 5-9. The brown dotted line gives the reference of a 50 () resistor at
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Ty = 290 K of approximately -174 dBm/Hz. Best noise performance for a 2X35um device provides the CS-SIF
topology, followed by the CG topology. Only the CS-PRF topology exhibits a noise behavior inferior to the one
of a 50 Q resistor. The reason for this is rooted in the low gain of the small 2X35um device. By taking a closer
look at P, o¢p at DC, (5.22) reduces to

. ks ToAf R,*
mIPlr=0 " (1 + gR)(Ryp + Ra) [Re

t Rpp + ImRa*(gmRc + P)|. (5.23)

Equation (5.23) illustrates that under the presumption of a constant input impedance Z;y .rp and load re-
sistance R;, that the device size (g, Rps) and the feedback resistance Ry, mainly determine the absolute noise
power present at the input. Since the device size W;; is proportional to g, and to 1/Rpg, the term g,,R4 stays
almost constant, whereas R,% drops faster than Rfp, needs to be increased in order to keep Z;y ¢sp constant. Ac-
cording to the latter relationship the noise contribution originating from Ry, increases not as fast as R 2 decays
with device size, so the overall available input noise decreases. It is furthermore helpful to choose R; > Rpg in
order to obtain R4y = Rpg and thus make R, reciprocal proportional to W. In summary, for the same input im-
pedance a larger device size helps to reduce the available input noise power at DC, as Fig. 5-10 (a) illustrates.
For the 8X100um device, Py cfp is smaller than -182 dBm/Hz (T, ¢, = 45 K) in the frequency range below 2
GHz and further reduces the available input noise power by around 5 dB opposed to the 2X50um device.

8x100pm: Rpr =425Q
BO o — — — 4x100pm: pr=380§2

B e

N ST~ ~ - 26um: R =1700

-176}

in dBm

-178

n,av

P

- - -50Q
8x100um: Rpf=4250

— — —4x100pm: R =380 © 10}
— — - 2x50um: Rp':170£2

-180

-182F

10 15 20 0 5 10 15 20
fin GHz fin GHz

(@) (b)

Fig. 5-10: P 45 of 2 2X50pm, 4X100pum and 8 X 100um GaN HEMT CS-PRF configuration for Vg = 10 V and Iyg = 50 mA/mm

Unfortunately, choosing a larger device comes at the cost of a much stronger frequency dependence, as Fig.
5-10 shows. Dependent on the type of application, this might not necessarily be a “show-stopper”, as will be
shown for the application of ACLs in TWAs in the next two sections 5.2.5 and 5.2.6.
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5.2.5 ACL Termination as Last Stage in TWAs

To end up in a definite statement about the usefulness of the ACL concept in TWAs, the just gained infor-
mation about input matching and noise suppression dependent on the amount of feedback can now be trans-
ferred to the TWA structure. As Fig. 5-11 sketches, replacement of the last stage in a TWA by the ACL with a
parallel resistive feedback over a common-source HEMT (CS-PRF) allows to terminate the gate-line properly in
its characteristic impedance. This concept has been also patented in the course of this work by K. W. Kobayashi
in 2012 [162].

Vn,out, ACL
MsL |—o— g Rp
. | AVAVAY,
In,out,ACL L..J
% G |———_tp____ D
~S s B
| i H H
L R | | i 4
= I AN,
RS § IVGS g m VGS | @’V Ind :-.flﬂr.«"ln,nut ;RL
I I Y .
| |
i | ] i

(@) (b)

Fig. 5-11: Schematic of (a) low-frequency noise cancellation concept with an ACL in CS-PRF configuration as last stage in a TWA and
(b) simplified equivalent output noise representation of CS-PRF stage

Silently neglected is the slight difference in the design of the last MSL-section in the gate-line in (a). By
properly adjusting the characteristic impedance and length of the last gate-MSL section the amount of reflec-
tions from the CS-PRF-stage can be further minimized, which will not be addressed any further within this sec-
tion. For the following theoretical analysis of the noise contribution of the ACL to the overall TWA noise, the
low frequency approximation B;l; = Splp < 1 is made, which is a valid assumption for assessing the low fre-
quency noise improvement by using an ACL as last stage.

The equivalent output noise representation of the CS-PRF-stage for low frequencies is depicted in Fig. 5-11
(b). It is important to bear in mind that the noise current of R, is located between the input and ouput and there-
fore is fully correlated. Accordingly, the overall short-circuited output noise current can be therefrom deter-
mined to

4kBTAf< < 1 ) RsRsp )2
inout = |——( 1+ gm — — | =—L2—) + 4ksTAf g P. (5.24)
mou \] Rpp " Rip) Rs + Rpp "

Insertion of the CS-PRF-stage as the last stage in a TWA, as depicted in Fig. 5-11 (a), changes the general

impedance environment of the ACL. The load impedance Z} 4¢;, seen by the ACL is now equal to

Zo . Zpi
Zrac =~ Il N_T (5.25)
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where Zp, ; describes the impedance seen into each drain terminal of the preceding N-1 stages. Zp ; can be calcu-
lated by

1 Rep
Zn;=—1|1 —) 5.26
pi= (147 (526)

Insertion of (5.26) into (5.25) yields
7 1

LACL = —

2 +gm(N 1) (5.27)
o 145

Equation (5.27) shows, that the load impedance seen by the ACL is surprisingly also dependent on its own
value of the parallel feedback resistor. For R¢, — oo (), the output load resistance Z; 4¢;, strives toward Zy/2, as
it is the general case in a conventional UDPA. Since for low frequencies the parallel feedback applies over all N
stages of the UPDA, the output noise current iy oyt ac, in Fig. 5-11 (b) needs to incorporate, opposed to the
noise current of the single ACL stage from (5.24), now the N-times higher g, of the whole UPDA, as (5.28)
below shows.

2
+ 4k TAf g P. (5.28)

. 4kgTAf < 1 ) ZoRgp
inoutact = [~ |1\ N9m —5— |75 —
mou \/ Ryp " Rip) Zo + Ryep

The corresponding output noise power, which is added by the CS-PRF-stage and delivered to the output
load Z, of the TWA can be furthermore calculated to

2
. Z1,4cL2p,4cL
P oacr = linoutact W /Re{Zo}. (5.29)
LACL D,ACL
Zp ac1, in (5.29) is according to Fig. 5-11 (a) equal to
Zo + Rpp

ZpacL =7 5.30
DACL =771 ImZo ( )

which gives for P, 4¢, in (5.29) the following dependency on the characteristic gate- and drain-line impedance

Z, and on the parallel feedback resistor Ry,.

1 1\ ZoRpy |*
R [+ (wg - pr)Zo T pr‘ P (531)
Py acL = 4kpTAf - 2
2 1+ NgnZ
RE{ZO} - Z_ + —Rf T 7
0 14 0
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The forward power gain transfer function from the input to the output under the same low frequency as-
sumption can be computed to

Gpy = (5.32)

’

R
142 (1 + NgpZo) + L2
2 7

leading with the aid of the just derived equations (5.31) and (5.32) to the following noise factor of the ACL

(F4¢1) under the consideration of input and output mismatch.

Pn,ACL

Frpeo=14+ ——————.
ACL + GP,f " kBTAf

(5.33)

If in a last step also the channel noise (i, 4) of the preceding N-1 stages is taken into account, the following

additional noise power is added to the output

(N-1)| ZpZ, ’

P, n_q1 = 4kpTA P
mNt sTAf gm Re{Zo} |Zp; + Zy;

(5.34)
4kpTAf g, P - (N — 1)

R z
Re{Z,} - ‘1 +2 (1 + ZL;’) + gmZoN

where Zp ; is the same impedance as in (5.26) and Zj, ; is the load impedance seen by each of the preceding N-1

stages, which is equal to

Zo . Zp,i
Zy; = 7” N _12 [1Zp,acL

Zy+ Ry, (5.35)

- - _
1+2<1+%)+gmzo(1v—1)
0

Finally, the overall low frequency noise factor of the TWA with ACL as last stage (Fry4) can be hence cal-

culated to

Poacr + Pun-1
Frya =1+ A~ niN-1
Twa Gp - kgTAf

(5.36)

Fig. 5-12 (a) illustrates the corresponding dependence of the power gain Gr on Ry, and N with the CS-PRF
ACL as last stage in a UDPA, as defined in (5.32). For increasing Rg,, values and with a rising number of stages,
Gr converges to its maximum gain value for Rg, = oo (). The graphs in Fig. 5-12 (b) and (c) show the resulting

NF dependence on Rg, and N according to (5.33) and (5.36). The noise contribution of the ACL only is plotted
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in (b), assuming that only the channel (P = 1) and R, contribute to the output noise and the rest of the HEMTs
in the UDPA are noiseless, whereas in (c) the channel noise contribution of the preceding N-1 stages is addi-
tionally taken into account (see also chapter 3.4.3). From both figures (b) and (c), it can be derived that with
increasing number of stages N and for larger values of Rp, the noise contribution of the ACL at the output is
more and more suppressed due to the increasing Gp r. More important, the absolute value of the NF of the ACL
alone is roughly 1-2 dB below the ideal NF value of 3 dB, which arises from a resistive matched gate-line ter-

mination R, assuming all other noise sources are neglected as presented in section 3.4.3.

(b) ©

Fig. 5-12: (a) forward power gain Gp ¢ vs. R¢, of TWA with CS-PRF ACL as last stage, (b) NF contribution solely from ACL (NFy¢;,)
vs. Ry, and (¢) NF of whole TWA (NFry 4) vs. Rfy, incorporating also channel noise from the N-1 preceding stages.
Gm=0.1S,P=1)

Since the ACL needs to provide an input impedance close to Z in order to terminate the gate-line properly,
Rgp, cannot be selected arbitrarily. The plot of the Re{Z inTw A} in Fig. 5-13 (a) shows the corresponding input
resistance of the TWA from (5.30) below versus Ry, and for different N.

Zy
> + pr

Zy

1+gmN7

ZinTwa = (5.37)
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The value of Rg,, for maintaining a perfect input match (Zy = Zi, 7w = 50 €2) needs to be in the range from
275 Q to 775 Q for N = 2...6 stages, when the transconductance per stage equals g,,, = 0.1 S. Moreover, the
higher the number of stages, the larger needs to be Ry, as becomes also apparent from the plot of S;; in Fig.
5-13 (c). For the output matching, the situation is even more critical, because the total output impedance decays

with increasing parallel feedback over the last stage, as equation (5.38) and the graphs in Fig. 5-13 (b) below
indicate.

Zo + Rpp

ZoutTwa =
’ R 5.38
2+ g NZy + L2 (5.38)

Zy
Accordingly, a significant aggravation of the ORL is the result, as the S,, curves in Fig. 5-13 (c) demon-

strate. To realize an ORL of larger than 10 dB, the input matching has to be sacrificed to a great extent. Note

that even a finite output resistance Rpg of the HEMTs parallel to the output is not yet considered, which further
deteriorates Sy,.

100

75

Re{ZinyTWA} in Q
3

25

-20 1

-40

S,,indB
S,, indB

-60 H

-80 H

Fig. 5-13: (a) Re{Zin,TWA} vs. Rsp, and (c) corresponding S, (b) Re{ZDut’TWA} vs. Rf;, and (d) corresponding S, for different N.

After the analytical examination of the general low frequency noise and matching characteristics of a TWA
with CS-PRF ACL, an ADS reference design was taken to retain also a frequency dependent comparison be-
tween the conventional resistive gate-terminatioin concept and the ACL concept with a CS-PRF-stage as last

TWA section. Fig. 5-14 shows the ADS small-signal simulation results of an ideal 6-stage UDPA design with
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4x50um HEMTs, where no capacitive gate-coupling was applied in order to provide a decent gate-termination
impedance at DC by the CS-PRF-stage. Insertion of series gate coupling capacitors for all other stages in order
to enhance the BW is due to the increasing gate bias-noise toward low frequencies not practical (see 3.4.3) and
needs to be therefore always omitted to retain low noise performance.

indB

NF & NF .
S-Param. in dB

fin GHz

() ()

Fig. 5-14: Comparison of (a) NF & NF,,;;, and (b) corresponding S-parameter of an ideal 6-stage UDPA reference design from DC-15
GHz without capacitively coupled gates (TGW = 6x4x50um = 1.2 mm) with resistive gate-termination Ry on the one hand and with
CS-PRF ACL-stage (Rgp = 330 Q) on the other hand.

The NF simulation results in (a) reveal that insertion of the CS-PRF-stage enables to reduce the low fre-
quency NF by roughly 2.5 dB compared to a resistive gate-termination R;r. At the same time, the same perfect
input match of S;4, visible in (b), at low frequencies can be maintained. With increasing frequency though S;;
becomes slightly worse due to the non-perfect gate-termination based on C;y of the CS-PRF ACL-stage. This
explains also the fractionally lower NF of the CS-PRF-TWA toward higher frequencies in (a). By replacing the
last gate-line MSL-section in front of the ACL by an impedance transformer, C;y can be compensated and the
input matching maintained (not shown here).

An inherent disadvantage of the ACL-principle with CS-PRF in TWAs is the low output impedance of the
feedback stage, as already mentioned and computed in (5.38), which results from the low feedback resistor val-
ue necessary to terminate the gate-line of the TWA in its characteristic line impedance of usually 50 Q. There-
with, S,; degrades on the one hand due to the increased feedback and on the other hand S,, deteriorates espe-
cially toward low frequencies, as can be seen from Fig. 5-14 (b) by the drop from -15 dB to -5dB in ORL. The
latter makes this concept inappropriate for the targeted application in T&M instruments, where a good ORL
down to DC is crucial. Moreover, a lower gain-ripple can be provided when the feedback resistor is spread over
all N-stages in the TWA and decreasingly tapered from the input to the output, which allows for a smoother dis-
tributed transition of the gate-termination toward the input. Unfortunately, to enable operation down to the
MHz-regime, off-chip SMD capacitors become necessary in each of the N feedback paths in order to separate
the DC gate- and drain supply voltages. Limited by the maximum allowable physical spacing between each sec-
tion on chip, this approach is thus especially for very wide BW's, ranging from almost DC up to several GHz,
not a practical solution.
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5.2.6 BNAT in DC-6.5 GHz Highly Linear Low Noise TWA

P. Ikalainen implemented the first ACL based on the CS-HEMT with parallel resistive feedback concept
from section 5.2.3 in a GaAs TWA in order to reduce the amount of noise coming from the gate-line termination
at low frequencies [163]. Later in 2008, A. Kopa and A. Apsel [164] replenished the feedback-based topology
from P. Ikalainen in their CMOS TWA by an additional RLC-filter to increase the bandwidth performance by
an extended impedance matching for higher frequencies. The additional upstream RLC filter enables the use of
the CS-PRF ACL over larger bandwidths, based on the improved compensation of the decaying input imped-
ance, which was shown in Fig. 5-10 (b). The exact impedance compensated topology is presented in Fig. 5-15
(a) below. For low frequencies, where the ACL based on the CS-PRF-concept exhibits its “coldest” perfor-
mance, bypasses Ly, the RC-filter and the input noise is determined by the ACL. As soon as the frequency in-

creases, impedes Ly, the signal transfer to the ACL and redirects it into the RC-filter. Thus, Z;y gyar Strives to
Ry 5 for very high frequencies and therefore the available input noise power Py, gy a7 toward kg TAf, assuming

a perfect match.

(a) (W]

Fig. 5-15: (a) schematic of BNAT with resistive parallel feedback and upstream RLC-filter and (b) BNAT test chip with a 4X50um GaN
HEMT (chip size: 1.15 x 0.9 mm?)

For verification purposes of the general BNAT concept a separate test-chip for the frequency range from 2-
20 GHz was fabricated comprising a 4X50um GaN HEMT with parallel resistive feedbacks, which is depicted
in Fig. 5-15 (b). The measured S-parameter of a wafer map and the measured available input power P, gyar of
one representative die are depicted in Fig. 5-16 below. It can be seen that the input matches well over a broad
frequency range and the available input noise power is close to the simulated values, clearly showing and im-
provement by around 5 dB at 2 GHz opposed to a matched resistor (-174 dBm/Hz). The slight deviation in
P, pnar between simulation and measurement is owed to the worse 50 () matching and the slightly higher g, of
the HEMT compared to the model. Therefore, the lower noise in the measurement stems from mismatch on the
one hand and on the higher gain on the other hand. One cause for the shift in frequency and deviation in match-
ing is based on the utilization of GaN epi-resistors for Rs;, and R;, in order to obtain a small and compact die.
Compared to their linear counterparts, the NiCr-resistors, epi-resistors exhibit with 500 (/0O unfortunately a
much higher variance in their sheet-resistance due to process variations and a much higher temperature depend-
ence than the linear 50 /0 TFR resistors. This becomes especially noticeable in the lower frequency range of
the BNAT, where the input impedance is principially determined by Rs), and Ry, (see (5.15) for w < 1). Despite
all experienced difficulties in the design and measurement, the functionality of the ACL concept has been veri-
fied in GaN technology for the first time.
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Fig. 5-16: Measured (a) mapped S-parameter and (b) averaged B, 4, of one single BNAT test chip with 4X50um GaN HEMT
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Fig. 5-17: Simulated HD and Gp at (a,c) P;y =-10 dBm and (b,d) P;y = +10 dBm of LZNTWA BNAT alone with a §X100um HEMT for
Rs, =750 Q, Ry =100 Q and Rgp, =250 Q, R, =50 Q

After the proof of concept, the BNAT was applied as active gate-termination in the DC-6.5 GHz [2NTWA
design presented in chapter 4.6.2 in order to examine the degree of NF improvement opposed to a resistive gate-
termination. As shown by the analysis in section 5.2.3, a larger HEMT device reduces the BW but at the same
time improves the noise suppression at low frequencies. Since only the low frequency NF is affected by the re-
verse transfer function in a TWA, the BNAT only needs to provide less noise than a matched resistive load at

low frequencies. Out of this reason a 8X100um device was taken for the realization of the feedback stage. One
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big drawback, which has not been mentioned yet, is the nonlinearity introduced by the BNAT under large-signal
operation. As soon as the input signal power drives the BNAT into the nonlinear regime all output nonlinearities
generated in the ACL are fed back via the feedback resistor to the input, where they are amplified by the reverse
TWA gain to the output. Furthermore, it would be beneficial in terms of noise to even further increase the val-
ues of Rg, and R, since only the ratio of Rgp, to Ry is of importance for the low frequency matching. Chosing a
large value for R; leads unfortunately to a premature saturation of the BNAT due to clipping, introducing even
more nonlinearities to the TWA, as Fig. 5-17 shows. Under small signal operation in (a), the BNAT does not
introduce significant nonlinearity and hence the HD at the input of the BNAT is far below -50 dBc. The differ-
ence in HD between pr =750 Q, R, = 100 Q and pr =250 Q, R;, = 50 Q is clearly visible, but the overall
nonlinearity is still sufficiently small not to impact the linearity of the L2INTWA significantly. Under large-
signal drive in contrast, as shown in (b), the HD takes maximum values of -20 dBc for pr =750 Q and R}, =
100 Q due to the large-gain of the 8X100um FB-stage in the BNAT, as depicted in (d). Although the feedback is
much lower than for the case of Rg, =250 Q and R, = 50 Q and it might be therefore misleadingly assumed that
also less nonlinear signal components are transferred from the output of the BNAT, the linearity at the input of
the BNAT improves with increasing feedback due to the lower gain, which in turn leads at the same time in a
higher back-off operation of the FB-stage. So by minimization of R, and R;, the overall impact of the BNAT
on the I2ZNTWA'’s linearity can be reduced. This is only true up to a certain point, where the FB-stage does not
provide sufficient gain so that the BNAT does not perform as an ACL anymore.

100 [ [ Mag(Z,,): Ry, =750 , R, =100 100 Mag(Z,,): Ry, =750 ©, R, =100
25l Re(Z,y): R, = 750 ©, R, =100 - Re(Z,y): R, =750 2, R =100
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Fig. 5-18: Simulated Z;y at (a) Py = -10 dBm and (b) P;y = +10 dBm and (c) P, 4 at the input of LANTWA BNAT alone with a
8x100pm HEMT for R¢, =750 Q, R, = 100 Q and Rgp, =250 Q, R, =50 Q
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As can be seen from Fig. 5-18 (a) and (b), the resulting input impedance Z;y of the BNAT is also strongly
affected by the applied input power. For the case Rs, = 750 Q, R, = 100 () the effective low frequency input
impedance rises from roughly 57 Q to 65 Q for a 20 dB higher P;y. For the case R¢, =250 Q, R;, = 50 Q in con-
trast exhibits Z;y the opposite dependency and decreases with increasing Pyy by roughly 4 Q to 29 Q. This can
be explained by means of the gain characteristics depicted in Fig. 5-17 (c) and (d). For R¢, = 750 Q and R, =
100 €, Gp shows at low frequencies a compressive behavior with increasing Py, whereas for Rgp = 250 Q and
R; =50 Q an expansive behavior can be observed. This results one to one in an increasing or decreasing input
impedance characteristic, as (5.15) reveals for an effective smaller or larger g,, in the denominator. In small-
signal mode the difference in Z;y leads to a difference in the noise power delivered to the characteristic gate-
line impedance of Z; = 50 Q, as Fig. 5-18 (c) illustrates. When the matching between BNAT and Z, is degrad-
ed, as it is for the case with Rep = 250 Q, Ry, =50 Q, less noise is delivered to the gate-line compared to a per-
fect match. Although the setting with Rg, = 750 Q and R, = 100 Q shows from (a) to exhibit a better match to
Zy, less noise power is available to the gate-line due to the higher noise suppression, which is dependent on the

amount of gain in the FB-stage and on the absolute magnitude of Ry, and Ry, as equation (5.39) reveals.

(5.39)

P n,BNAT =

kgToAf <1

ImR.*P
1+ gmR;

(RL + pr)

Equation (5.39) is derived from (5.23) under the further simplifying assumptions of Rg = 0 Q and R} <
Rps. It should be noticed that for w <« 1 the upstream RLC-filter does not shape the input noise power and thus

Py, gnar becomes equal to Py, ¢ ¢, wherefrom (5.39) is computed.
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Fig. 5-19: Measured (a) NF and associated gain G, and (b) S-parameter measurement for the DC-6.5 GHz L>NTWA “Latukan” with and
w/o BNAT

So far it has be shown that a certain trade-off between linearity and optimum noise performance in terms of
R¢p and Ry in the BNAT exists. Since the primary focus was set on the verification of the BNAT principle in
GaN technology, the resistor values in the design of the LZNTWA were chosen equal to Rg, = 750 (0 and

R; =100 Q, giving a higher noise suppression at low frequencies, as presented in Fig. 5-18 (c). The final meas-
ured small-signal performance of the LT2ZNTWA with BNAT compared to the case with resistive gate-termination
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is plotted in Fig. 5-19. The small-signal and noise measurements were conducted in the same custom made
package as the linearity measurements, which were already presented in chapter 4.6.2. It can be seen in Fig.
5-19 that the overall small-signal performance is only slightly affected by the gate-line termination with a
BNAT. Clearly observable from the comparison of the resistive load Ry with the BNAT is the difference in S;;
in Fig. 5-19 (b), which results from the slightly degraded input matching introduced by the non-ideal BNAT.
This higher input mismatch comes along with a higher gain-ripple for the L2ZNTWA with BNAT opposed to the
resistive termination. Nevertheless, S, is pretty much similar at low frequencies, which enables to make a
meaningful statement about the amount of NF improvement gained by the BNAT. Fig. 5-19 (a) shows that the
noise below 1.5 GHz is significantly reduced by the BNAT, resulting in a NF improvement of around 1.9 dB at
10 MHz opposed to the resistive gate-termination with R;r. Hence, the shown measurements prove that the
concept of low-frequency noise reduction by means of terminating the gate-line with an ACL/BNAT is a viable
option for realizing low-noise TWA designs operating down to DC.

5.2.7 Key Findings

Three possibilities for the implementation of an ACL were studied and theoretically examined in 5.2.1 -
5.2.4 to find the optimum topology for the targeted application in a DA. Among the three concepts, which are a
common-source HEMT with parallel resistive feedback (CS-PRF), a common-source HEMT with series induc-
tive feedback (CS-SIF) and a simple common-gate HEMT, the CS-PRF topology proved to be the best under
the given requirements of low frequency noise improvement in a DA under a 50 Q environment. The best solu-
tion in terms of bandwidth is the CS-SIF topology, since it exhibits an almost constant real-part of Z;y over a
very large frequency range, but unfortunately its reactive part shows a purely capacitive behavior at low fre-
quencies. The CG-HEMT shows a similar suited Z;y dependence as the CS-PRF topology, but since its real-part
is proportional to 1/g,,, W, of the CG-HEMT has to be very small to be matched to 50 €. This leads unfortu-
nately to insufficient noise suppression at low frequencies, which is always proportional to g,,. Out of these
mentioned reasons, the CS-PRF topology was identified as the proper candidate for the implementation of the
DA’s gate-termination, whereby the decaying real-part of Z;y toward high frequencies was compensated by an
upstream RLC-filter, as already presented in [164].

Instead of replacing the resistive gate-line termination in a TWA design by an ACL, the concept of low fre-
quency noise reduction by using the CS-PRF ACL as last active stage has also been analytically verified.
Thereby, NF equations for the low frequency case were derived, which can be used either directly for the design
flow of a low-noise TWA or just for gaining a better understanding of the trade-off between noise and matching,
which is dependent on the number of stages N, the transconductance g,, of the HEMTs and the value of the
feedback resistor Rs,. Due to the degraded low frequency ORL, which is the result of the additional parallel
feedback resistor, a chip implementation of this concept was not carried out with regard to the targeted matching
requirements. However, the active cold load (ACL) concept in form of a “blue-noise” active load termination
(BNAT) has been implemented for the first time in GaN technology as a substitute for the resistive gate-line
termination. The noise performance compared to a simple resistive gate-termination was verified by small-
signal and noise measurements over a broad frequency range from 10 MHz up to 6.5 GHz. Dependent on the
external SMD circuitry after assembly and packaging of the presented DA, the lowest frequency of operation
could be extended even down to DC if desired, giving a net total frequency range of more than 9 decades. By
connectiong the BNAT to the end of the gate-line, the NF of the DA was improved at 10 MHz by 1.9 dB from
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5.5 dB (without BNAT) down to 3.6 dB (with BNAT). This represents a significant low-frequency noise im-
provement and shows the capability of GaN DAs to be even used as low-noise small-signal amplifiers. The
overall chip area was increased by the BNAT by roughly 25% (DA 12.5 mm?, BNAT 2.5 mm?).

Due to the nonlinear behavior of the BNAT under large-signal operation, the overall linearity of the DA is
impacted by the the low-noise gate termination, especially at low frequencies. Since the generated harmonics of
the BNAT become due to the relatively low isolation provided by the feedback with increasing P;, more and
more noticeable on the gate-line of the DA. From there, these nonlinearities are further amplified by the DA
toward the output, which is tantamount to an upstream distorter to the DA. Thus, to maintain a certain linearity
of the TWA, noise performance needs to be sacrificed by lowering the values of the feedback resistor Rz, and
the load resistor R; in the BNAT. More detailed linearity investiagtions of the whole TWA including BNAT
could not be conducted due to the limited time frame of this work. However it can be concluded, if a low NF
and a low HD need to be guaranteed at the same time, it is necessary to distinguish between a small-signal and
large-signal operation mode in the DA. One possible solution under CW-operation might be either to introduce
a pre-defined P;y threshold, which is already known from the instrument settings or to implement an on-chip
power detector circuit which bypasses the BNAT by a simple resistive termination under large-signal operation.
Both solutions need additional on-chip switches for differentiation between small-signal and large-signal modes,
which would further increase the total chip area.
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5.3 Conclusion

In the preceding chapters 5.1 and 5.2 possible noise reduction concepts were presented and analyzed for
their applicability to broadband PAs. Section 5.1 concentrated on the wideband thermal noise improvement for
FBPAs by means of porting the feed-forward noise cancellation (FFNC) technique to GaN technology, which is
originally intended for building LNAs in CMOS technology, as described by F. Bruccoleri in [160]. The basic
idea of this concept is the cancellation of the feedback PA output noise, which is fed back in-phase via the paral-
lel feedback path to the input, by a separate parallel inverting amplifier stage. In this way, by addition of the
noisy output signal of the FBPA on the one and and the noisy input signal by the inverting amplifier stage on the
other hand, the two out-of-phase signals cancel out in the output adder stage, when the gain of the inverting am-
plifier is set correctly. Unfortunately, this imposes a maximum device size constraint on the output adder-stage
HEMTs, since the gain of the inverting amplifier has to be reduced to meet exactly the gain of the parallel-
feedback stage. This leads to a much smaller device size for the output stage than for the FBPA, which drastical-
ly affect the maximum obltainable output power of the whole PA. Out this reason, this concept is only applica-

ble to amplifier designs with low output power levels and is hence not suited for GaN PAs.

The one and only remaining “regulation screw” to achieve low-noise performance in a broadband FBPA de-
sign is hence to sacrifice small-signal matching, gain performance and output power, by matching the input to
Sopt* for obtaining optimum low noise performance. As already presented in 3.3.2, it furthermore helps to keep

the value of the series feedback resistor as small as possible.

For the TWA topology the trade-off between noise, small-signal matching, gain and output power is quite
similar for each single stage to the case of the FBPA. The only major difference is the increasing low frequency
noise contribution coming from the gate-bias resistors and the gate-line termination resistor. In order to achieve
a flat noise performance down to DC, it is thus crucial to omit any series gate-coupling capacitors for bandwidth
enhancement in the gate-line. Due to the increasing impedance with decreasing frequency of these capacitors,
the total available noise power of the gate-bias resistors will be amplified to the output. Omission of the gate-
coupling capacitors results in a large impedance mismatch between the gate-bias resistors of usually a few hun-
dred Ohms and the characteristic gate-line impedance of usually 50 (), leading to a negligible noise contribution
of the bias resistors toward low frequencies. Without applying capacitive gate-coupling, the second largest noise
contributor is now the gate-line termination resistor Rg;r. Since the reverse gain-transfer function from Rgr to
the output increases with decreasing frequency, the introduction of mismatch between R;r and Z, ; would help
to reduce the amount of injected noise into the gate-line. However, the input matching of the TWA would be at
the same time heavily affected by this introduced mismatch. Instead of making use of mismatch, it is more rea-
sonable to lower the amount of noise coming from R; but maintaining perfect matching to the gate-line. This
can be achieved by replacing R;r by a so called active cold load (ACL) circuit, which exhibits a much lower
available input noise power density (noise temperature) than the -174 dBm/Hz (297 K) of Rs;7 at room tempera-

ture, but still exhibits R;7 as input impedance for a perfect match to the gate-line.

Three different ACL topologies, namely a CG-HEMT, a CS-HEMT with series inductive feedback (CS-
SIF) and a CS-HEMT applying parallel resistive feedback (CS-PRF), were therefore first of all analytically as-
sessed for their suitability as a TWA gate-termination. The analysis of the CG-HEMT revealed that the noise
improvement is not sufficient, because the device size has to be chosen according to its input impedance very
small in order to satisfy the low frequency matching condition of 1/g,, c¢ = Rgr. The CS-SIF ACL showed the

best broadband matching performance due to the impedance transformation of the source inductance into a fre-
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quency independent real-part at the input. Together with a larger device size and thus gain, the available input
noise power can be significantly reduced. In terms of wideband matching possesses the CS-PRF ACL the
strongest frequency dependence compared to the other two mentioned topologies and thus seems to be not a
viable option at first sight. Since the input noise power of the ACL in a TWA only needs to be minimized where
the reverse gain increases, the ACL does not necessarily need to cover the full BW of the TWA but rather only a
small low frequncy fraction of it. Therefore, a much larger HEMT can be taken for the CS-PRF ACL, which
then exhibits a reduced BW but now a much lower available input noise power due to the increased gain. This
gives a certain degree of freedom for the low frequency noise shaping by selecting a proper device size and par-
allel feedback resistor value for the targeted bandwidth. Furthermore, in order to avoid degraded input matching
of the TWA with increasing frequency, an upstream parallel RLC-filter in front ot the CS-PRF ACL can be used
to maintain impedance matching to Z, ; over the entire TWA frequency range. The combination of the RLC-
filter and the CS-PRF ACL is also called blue-noise active termination (BNAT), where the low-frequency noise
shaping is in analogy to the spectrum of blue light.

It is important to mention that in general two different positions for the ACL within a TWA exist. The first
is the already discussed position as R;r substitute, which gives the advantage of an almost independent design
of the ACL, detached from the TWA topology. For some low cost designs it is even imaginable to place only
the RLC-filter on-chip to save die area but to attach the ACL off-chip, maybe even in a different technology.
Moreover, the amplifiying device periphery of the TWA is unchanged. Opposingly, the second position would
be as substitute of the last amplifying stage in the TWA, as in the meantime patented by K. Kobayashi in 2012
[162], which has now impact on the overall transfer function of the TWA. Due to the parallel feedback resistor
in the last stage, the gate-line is properly terminated but the ORL is strongly degraded, especially toward low
frequencies. Also the overall gain and BW are slightly worse dependent on the amount of applied feedback in
the last stage. Out of the last two mentioned reasons, the CS-PRF ACL together with a RLC-filter was imple-
mented as replacement of Rgr in the DC-6.5 GHz L2NTWA from section 4.6.2. Beforehand, a standalone
BNAT test-chip was designed and measured for a general prove of concept. The measurements of the [2NTWA,
which incorporates a 8X100um device in the BNAT, showed a NF improvement of 1.9 dB from 5.5 dB down to
3.6 dB at 100 MHz, which proves to be an outstanding low frequency noise performance for a 2W PA. At mid-

band a minimum NF of even 1.9 dB was measured.
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CHAPTER 6

STABILITY INVESTIGATION OF DIFFERENTIAL

AMPLIFIERS

Differential amplifiers are well suited for applications, where the dominant 2™ order nonlinearity needs to
be eliminated in order to increase the SFDR of the output signal, as the analysis and design of a TD-FBPA in
chapter 4.7 revealed. Besides the necessary requirement for differential stability, all differential circuits need to
behave also stable under common-mode excitation. Out of this reason, the following chapters will investigate
the differential as well as common-mode stability of pseudo-differential- (PD) and truly-differential (TD)-pairs.

6.1 Theoretical Stability Investigation of an Unmatched TD-pair

Fig. 6-1 depicts the small-signal equivalent circuit of a PD- and TD-amplifier in common-mode operation,
in which the real loading of the source node by the current source can be represented by the current source out-
put conductance Ycs. There are two possible small-signal equivalent circuit representations of the TD-pair in
common-mode. One representation considers the two HEMTs of the TD-pair as one big parallel device in the
common-mode environment with Zg ., = 25 (). The other takes due to symmetry only one half of the TD-pair
in the single-ended impedance environment with Z, = 50 { into account, where the Y-parameters correspond to
only half of the actual physical device size in common-mode. Whereas in common-mode the PD-pair behaves
exactly identical as in differential-mode and thus the common-mode rejection ratio (CMRR) is zero, which can
be seen by Fig. 6-1 (a), the TD-pair sees the impedance 1/Y¢g of the current source towards ground and thus
exhibits a high CMRR. (Note: The CMRR is in the following defined by Sg241/Sc2¢1)
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Fig. 6-1: (a) Pseudo-differential (PD) and (b) Truly-differential (TD) small signal equivalent circuit under common-mode excitation

For the common-mode Y-parameters (Y,.) of the TD-pair in Fig. 6-1 (b), the following equations (6.1) to
(6.5) hold.

Yes(Yps + Yes/2)
Ye1c1 = Yop + D (6.1)
n,cm
Y6sYps
Yeic2 = — <YGD + D_ (6.2)
n,cm
_ Yes(Yps +J - gmYes/2 - Im{1/Ygs})
Yeoer = —(Yep + D (6.3)
n,cm
Yps(Ygs + Yes/2)
Yeoc2 = Yop + D (6.4)
n,cm
with
Dpem = (Yas + Yos + Yes/2) = - gmYes - Im{1/Ygs}. (6.5)
For an ideal current source (Yos = 0 S) the Y .-parameters become equal to
Y6sYps
Y, = (Y + - )
etet 7 (Yos + Yos) —j - gmYas - Im{1/Ygs} (6.6)

= Yoz = ~Yeoe1 = Yeoco-

From equation (6.6) above two general characteristics of a TD-pair in common-mode operation can be de-
rived. First, the differential amplifier is reciprocal (Y;1.2 = Y;5.1) and second input and output admittances are
equal (Y101 = Yeac2), leading to full symmetry. Hence, it can be stated in terms of S-parameters that S.1.q =
Scocz and Sgq02 = Sepcq- Therefore, for Yog = 0 S it is sufficient to regard only two of the four S..-parameters,

which can be expressed in terms of the already calculated Y,.-parameters according to [72] to
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S _ (1 - ZO*YCICI/CZCZ)(]' + ZOYCZCZ/Clcl) + |Z0|2Y6162/C261YC2C1/C162 (6.7)
1cl/c2c2 — '
cet/eze A+ ZoYerc1/c2e2) X+ ZoYeocz/c1c1) — ZOZYCICZ/CZCIYCZCl/CICZ
-2 YClCZ/CZClRe{ZO}
Sc1c2/c2(:1 = (6.8)

A+ ZoYerc1/c2e2) X+ ZoYeoc2/c1e1) — ZOZYcch/CZCIYCZCl/cchI
In the following stability analysis a TD-Pair comprising two 8xX125um HEMTS is assumed, which is loaded
by Rcs and Ccs at the source terminals, representing the parasitic loading by a real current source, as shown in

Fig. 6-2. The corresponding HEMT parameters are listed in Table 6-1.

Table 6-1: Transistor parameters of 8x125um HEMT at

Vs =30 V and Ipg = 100 mA/mm i Rep  Ceo i
‘_T VWA — |
Parameter | Value Cos
Cos | L6pF Gro-¢14%C3 Cos = S Ros
Res 280 Vi | Rgs V2
Con 100 fF
Rep 120 Cesl2= §2-RCS
Cps | 260 fF ! I !
Rps 2350 -
Imo | 240 mS
T 3.5ps Fig. 6-2: Small-signal equivalent circuit of Fig. 6-1 (b)

Furthermore, all small-signal stability investigations for the TD-pair depicted in Fig. 6-2 are undertaken by

means of the stability measures y and p' [165], which are defined by

je 1—[Sc1c1l? (6.9)
|Sc‘2c2 - Sclcl* ' dEt(Scc)l + |Sclc‘2 ' S(:chl

for the load and correspondingly for the source by

Il, _ 1- |Sc2c2|2 (6.10)
|Sclcl - SCZCZ* ' det(scc)l + |Sclc‘2 ' Sc2c1|

By means of (6.9) and (6.10), an exact statement about unconditional or conditional stability under com-
mon-mode operation can be now made. To fulfill the necessary and sufficient condition in terms of uncondi-
tional stability, u and ' have to be both larger than one. As long as u or ' are between zero and one, the TD-
pair is only conditionally stable. If u and u' are smaller than zero, S.,.;, and S.,., have to be larger than one,

which gives rise to instabilities at the input or output port.
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6.1.1 Stability Dependence on the Current-Source Capacitance

If the small-signal parameters of the 8X125um HEMT from Table 6-1 are considered and the common-
mode S-parameters are calculated by means of equations (6.7) and (6.8) the following dependencies become
evident by taking a closer look onto Fig. 6-3. For the sake of completeness the differential S-parameters are
added in the plots in order to derive from S;,4¢ and S, the dependency of the CMRR on C.g for Rog = o0 ().
The corresponding differential Y-parameter equations are explicitly not shown in this section, because they are
equal to a double-sized single-ended CS-HEMT, which exhibits only half of the transconductance (g;,,/2).
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Fig. 6-3: (a) common-mode (CM) and truly-differential-mode (TD-mode) S-parameters and (b) the corresponding CMRR for different
capacitive loading at the virtual ground node of the TD-pair comprising two 8X125um HEMTs
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From the plots in Fig. 6-3 the following three conclusions can be drawn:

1. The common-mode gain S.,.; shifts down to lower frequencies and increases with increasing
Ccs and hence lowers the CMRR.

2. Scac1 = Scicz and above all Sg1.1 = S¢oc2 become already positive for an ideal current source
(CCS =0 F, RCS = o .Q)

3. The maximum magnitude of S;q.1, Scac2 and Sgy.q goes up with increasing Cqg

Point number one is more or less obvious by comparing Fig. 6-1 (a) and (b), because with increasing Ccs the
TD-pair topology converges more and more to the one of a PD-pair. Number two on the contrary is the more
surprising statement, since it reveals that the TD-pair is not inherently stable under common-mode operation.
Point number three moreover indicates that the higher the parasitic capacitance to ground of the tail current-
source gets, the more instable becomes the TD-pair at low frequencies.

5 10 15 20 25 30 35 40 5 10 15 20 25 30 35 40
fin GHz fin GHz

() (b)

Fig. 6-4: Simulated stability measures p and u’ for different capacitive loading Cg at the virtual ground node of the TD-pair for two
8x125um HEMTs

0.0)

Cyg = OF, (inside) < = OF, (inside)
_——— CCS =100 fF, (inside) —_— = CCs =100 fF, (inside)
—_————— CCS =200 fF, (inside) —_——— CCS = 200 fF, (inside)
(@) (b)

Fig. 6-5: Simulated (a) source stability and (b) load stability circles for different Ccs at the virtual ground node of the 8 x125um TD-pair
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In order to find a way to properly evaluate the source and load stability under 50 (1 for different capacitive
loading at the virtual ground node and to minimize computational effort, it is straightforward to plot the stability
measures (4 or i’ versus Cgp and Cg for constant Cpg = 260 fF only at low frequencies and graphically deduce
the necessary values of Cgp and C.g for obtaining conditional stability under 50 Q. All values giving y or u'
greater than zero in Fig. 6-6 yield stable behavior in 50 Q environment. The tendency shows that with increasing
Ccs a larger Cgp is required to guarantee stability. At the ideal limit condition Cog = 0 F of the 8X125um
HEMT with Cpg = 260 fF, the center of the smith-chart is only touched/enclosed for values of Cqp = 188 fF, as
can be read out from Fig. 6-5 and Fig. 6-6.

N
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LTI

RRTITH

MTTHTHTHN
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RN
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Cgp in PF Ceg inpF CgpinpF CgginpF
(@) (b)

Fig. 6-6: (a) u” and (b) u vs. Cgp and Ccg for the 8X125um TD-pair with Cpg = 260 fF

6.1.2 Stability Dependence on the Current-Source Resistance

F{CS =0.01 Q, (outside) , _— Rcs =0.01 Q, (outside)

—_— = F{CS =100 ©, (inside)

_____ Hcs =1k, (inside)

T Hcs =1 MQ, (inside)

—_— = RCS =100 Q, (inside)

_____ F{CS =1KkQ, (inside)

T Rcs =1 M, (inside)

0.0 0.0

() (b)

Fig. 6-7: (a) source and (b) load stability circles for different resistive loading Rs at the virtual ground node of the 8x125um TD-pair
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In a similar fashion to the foregoing section, where the dependence of Cgp on Cpg with R-g = oo () was de-
rived, now the dependence of Cgp on R for the condition of Crg = 0 F is examined. The stability circles are
depicted in Fig. 6-7 for various R.g values for Cgp = 188 fF, which was derived from Fig. 6-6 for C.¢ = O F.
For all R values stability under 50 (1 is preserved. The stability circles for R;g = 0.01 Q) are equal to the sta-
bility circles of the PD-pair in common-mode and differential mode. With decreasing R.s the TD-pair becomes
more and more stable for lower input and output impedances.

6.1.3 Stability Dependence on Intrinsic HEMT Parameters

In order to obtain a more detailed insight into the common-mode stability behavior and its dependency on
important HEMT parameters, it is useful to include all possible source and load impedances, which might cause
instabilities. Therefore, the source and load stability circles are computed for the ideal case of C,g = 0 F and
Rcs = o () and plotted in Fig. 6-8 for a variation of the feedback capacitance Cgp, drain-source capacitance
Cps, gate-source capacitance Cgg and transconductance g,,¢ for a 8x125um HEMT. Since the source node ca-
pacitance C.g towards ground is set to zero it is sufficient to consider only the stability circles for either source
or load, because of the two-port reciprocity for C.s = O F, as equation (6.6) revealed. Moreover, to properly as-
sess the stability of the TD-pair in common-mode and to reduce computational overhead based on the large pa-
rameter space, it is meaningful to regard the stability circles only at the frequency, where u or ' exhibit their
minimum, which can be found from Fig. 6-4 being at low frequencies. The four plots above in Fig. 6-8 show the
dependency of the stability circles on Cgp, Cps, Cgs and gn,o at 0.1 GHz. An increase of Cgp above 150 fF
(2 50 % increase of nominal value 100 fF) makes the TD-pair already stable under 50 ) environment, as Fig.
6-8 (a) depicts. A similar behavior can be found from Fig. 6-8 (d) for increasing g,,o, where above 600 mS
(£ 200 % increase of nominal value 300 mS) stability is obtained. The stability region for g,,0 = 0 S moves
outside the stability circle in the smith-chart in Fig. 6-8 (c) due to the fact that no gain impedes any occurrence
of instabilities. Opposing to Cgp and g9, an increase in Cpg beyond 150 fF (£ 42 % decrease of nominal value
260 fF) leads to an instabilities under 50 Q as well as an increase of Cgg beyond 550 fF (£ 66 % decrease of
nominal value 1.6 pF). On the one hand, the dependency of the CM-stability close to DC shows that it is de-
pendent on g,,,o and Cgs and thus on the transit frequency fr, which can be approximated by

Imo
_ 6.11)
Ir 21 - (Cgs + Cgp)

IR

On the other hand, the relation between the parameters Cgp and Cpg mainly determines the stability of the
TD-pair in common-mode as well. This is only true for the TD-pair in differential mode, but in common-mode
the high impedance of 1/Y.s towards ground at the virtual ground node effects the common-mode stability of
the TD-pair and makes it very sensitive to the relation between Cgp and Cpg. A mathematical dependency for
Cep on Cpg or vice versa can be defined, which guarantees that the TD-pair is stable under Z as long as the ra-
tio g,/ Cgs is kept constant. From the stability measures ¢ and ¢’ in equations (6.9) and (6.10) it can be derived
that as long as |S;q1c1| and |Sgyc2| stay below one in combination with S.,.; and S.q., being negligibly small
close to DC, u and y' stay above zero. This merely means that the TD-pair is only conditionally stable, but it is
already stable for Z, since the stability circles always encompass the center of the smith-chart. From this condi-
tion the following approximation in (6.12) for the stability limit can be set.
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Fig. 6-8: Source/load stability circles for (a) different Cgp, (b) different Cpg, (c) different Cgg and (d) different g,,,q of the 8X125um
TD-pair with the HEMT parameters of Table 6-1 and C;5=0 F at 0.1 GHz

ISc1c1] = [Scacal =1 (6.12)

As soon as |Sqq01| or |Sez02| exceed one, the circuit becomes instable, which means for Y, or Y., that

Ye1c1 = Yooz < 0. (6.13)
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Replacement of Ygg, Ygp and Ypg by Ygs = jwCgs, Yop = jwCgp and Ypg = jwCps in equations (6.1) or
(6.4) and rearranging the terms for the condition derived in equation (6.13), the following dependency of Cgp on

Cps or vice versa can be deduced (see Appendix F.1 for derivation).

Cop’ gmRe{Z,}

or CDS <
Cas

(6.14)

Inclusion of the resistive elements Rgg, Rgp and Rpg of the HEMT in the analysis only mitigates the worst
case condition for the stability relationship between Cgp and Cpg and unnecessarily complicates computation.
Thus, it is meaningful to omit the resistive elements in the analysis. From (6.14) it additionally emerges that the

strict relationship between Cgp and Cpg becomes more relaxed the larger Z,, or g,, gets.

The plot in Fig. 6-9 shows the boundary condition of equation (6.14) for the dependency of Cqp on Cpg for
different g,, with the 8X125um HEMT parameters given in Table 6-1. The area enclosed by the abscissa and
the curve highlights the region, where any combination of Cgp and Cpg leads to instable circuit performance for

Zy =50 Q. Vice versa, values located above the curves deliver stable common-mode performance.
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Fig. 6-9: Cgp vs. Cps stability dependence for different g,,, of a 8xX125um TD-pair in common-mode operation
for Ccg=0F and Zy =50 Q
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6.2 Stability Investigation of a DC — 6 GHz Truly-Differential FBPA

Transferring the above obtained knowledge to a differential feedback based design leads to the important
design consideration, that small-signal CM-matching is a crucial design criterion to obtain stability of the whole
amplifier and should hence be scrutinized in detail. Therefore, the first TD-FBPA design from chapter 4.7.4 is
used to further investigate the stability of a matched TD-pair with parallel resistive feedback. Since the analysis
from 6.1.3 revealed that the common-mode stability is dependent on the Cpg/Cgp-ratio, combined with the
knowledge that Cgp is strongly dependent on Vpg in GaN, leads to the conclusion that the stability of the ampli-
fier can be controlled by adjusting Vpg. Fig. 6-10 (c) sketches the dependency of Cgp and Cpg on Vpg for a
8X125um common-source HEMT. A variation in Vpg from 30 V to 15 V approximately doubles Cgp but has
only a minor effect on Cpg. Thus, by reducing Vpg the necessary common-mode stability requirement derived in
(6.14) can be fulfilled. Fig. 6-10 (a) shows the chip photograph of the first design version “Trafalgar V1~ of the
DC - 6 GHz TD-FBPA from chapter 4.7.4.

() ()

Cqp @ I = 200 mA/MM Cpg @ lpg = 200 mA/mm |

0.4 T

(©

Fig. 6-10: Die photograph of the TD-FBPA GaN MMIC (a) “Trafalgar V17 (2.40 x 2.65 mm®) and (b) “Trafalgar V2” (3.15 X 2.4 mm>).
(c) Dependence of Cgp and Cpg vs. Vpg for a 8X125um common-source HEMT.

Besides the differential topology, which enables to eliminate even-order nonlinearities, series- as well as

parallel-feedback was applied to obtain flat gain and good input and output matching performance towards low
frequencies. Additional peaking inductors were included in the parallel feedback paths in order to reduce the
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amount of feedback at the upper band edge. There are two striking differences besides the difference in the I/O-
MNs between the two chip versions in (a) and (b). First, an additional inductor/coil at the virtual ground node in
series to the TCS-HEMT is placed in the “Trafalgar V2” design, which serves to compensate for the output ca-
pacitance of the TCS-HEMT at 6 GHz. Second, the gate-source field-plates in the amplifying HEMTs of the
“Trafalgar V2 design were omitted, which helps to significantly decrease Cpg and Cgg by almost 50 % whereas
Ccp stays almost constant. In this way the fr is almost doubled and the necessary boundary condition for condi-
tional CM-stability from (6.14) becomes more relaxed.

|_*_S|| Sz *— S, 7'*'7522|
T T T T T T T T

SDD indB
SCC indB

fin GHz fin GHz
(2) (b)

Fig. 6-11: (a) Differential (Spp) and (b) common-mode (S¢¢) S-parameter of the simulated (-.) and measured on-wafer (*) DC - 6 GHz
TD-FBPA “Trafalgar V1" for Vpp =22 V and Ipg = 200 mA/mm (Vps; =7 V, Vps, = 15 V)

Omission of the inductive compensation led to significant CM-gain above the upper band edge at 7 GHz in
the first chip version “Trafalgar V17, as the simulation and measurement results in Fig. 6-11 (a) reveal for the
reduced bias-point of Vpp = 22 V. Any further increase in Vpp above 22 V and thus Vpg, above 15 V for the
amplifying HEMTs, results in an oscillation of the whole TD-FBPA. This behavior is in close relation to the
findings on the necessary Cps/Cgp-ratio to obtain CM-stability from section 6.1.3. It needs to be considered that
the introduction of parallel feedback relaxes the requirement given in (6.14) but does not necessarily make the
TD-FBPA unconditionally stable, which more or less depends on the amount of applied feedback. Since the de-
sign proved to be unconditionally stable up to Vpp = 40 V under differential excitation, the increase in CM-gain
with frequency due to the output capacitance of the TCS-HEMT is deemed to be the major cause for oscillation
of the whole TD-FBPA at the upper band edge. The most effective countermeasure to suppress the increase in
CM-gain toward 7 GHz proved to be the incorporation of a TCS-inductor (Lps comp), Which helps to resonate
out the capacitance of the TCS-HEMT towards ground at the band edge. In a similar fashion plays the device
size of the TCS-HEMT therefore also an important role in terms of CM-stability, because Cpgrcs of the TCS-

HEMT should be kept as small as possible to keep the resonance frequency wrcs = 1/./ Cps,resLlps,comp out of
band. As presented in chapter 6.1.1, an increase in Cpgr¢s leads to a higher instability at low frequencies and
lowers the useable BW, where the CMRR is still sufficiently high to suppress the CM-gain within the band. Out
of this reason, the device size of the TCS-HEMT should be minimized, such that on the one hand the targeted
drain current for the TD-pair HEMTs can be provided and properly controlled by the TCS-HEMT and on the
other hand its maximum DC power density of around 7 W/mm is not exceeded. Based on the fact that the TCS-
HEMT operates close to its knee-voltage and is thus able to provide a higher drain current, which can reach up
to 600 mA/mm without thermally destroying the device, the device size for the TCS-HEMT does not have to be
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twice the size of the TD-pair HEMT but rather can be of equal device size, as the redesign in Fig. 6-10 (b) de-
picts. This helps to minimize the parasitic capacitance Cpgrcs toward ground of the TCS-HEMT and thus im-
proves CM-stability and the CMRR of the design. Another approach to reduce Cpgrcs is the use of cascodes,
where the effective output capacitance is slightly lower than in a CS-HEMT. Unfortunately, the reduction in
capacitance is not very large, which does not justify the necessary increased supply voltage and the increased

dissipated power of a cascode-TCS, so that cascodes were not used for the final implementation of the TCS in
the TD-FBPA design.
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6.3 Conclusion

The theoretical stability analysis of a PD- and TD-pair within this chapter revealed that especially TD-pairs
are prone to common-mode (CM) oscillations. With increasing output conductance (gps r¢s) and output capaci-
tance (Cpgrcs) of the tail-current-source (TCS) HEMT, the CM-stability condition of the TD-pair becomes
more relaxed and approximates more and more the characteristic of the PD-pair, which is in general equal under
differential and common-mode excitation. For very small values of gpsrcs and Cpgrcs, the intrinsic HEMT
parameter ratios between Cgs, Cgp, Cps and g, in the differential stage start to play a decisive role for the CM-
stability. Therefore, the following theoretical low frequency dependency between the intrinsic HEMT parame-

ters and the environment impedance Z, was derived, which marks the boundary condition for achieving condi-

tional CM-stability (u and u' > 0).
Cgs (6.15)
Cep = |Cps  ——+ :
o / " Re{Zo}gm

From (6.15) it emerges that the condition becomes more relaxed with a higher f7 of the utilized process, as-
suming that the fr is mainly dominated by g,,, and Cgg. Under a 50 Q environment, a TD-pair implemented in
the GaN25 technology exhibits stability measures (¢ and u') which are smaller than zero. Thus, the TD-pair is
always instable for Z; = 50 (). The main reason for the instability was found to be the small fraction of feed-
back capacitance (Cgp) compared to the input (Cgg) and output (Cpg) capacitance present in GaN technology.
By increasing Cgp by roughly 50 % in a 8X125um device, CM-stability in a TD-pair with Z; = 50 Q can be
already obtained. Another effective stabilization measure instead of increasing Cgp is to apply parallel feedback.
This approach was already chosen in the design of the DC-6 GHz TD-FBPA in chapter 4.7.4, which automati-
cally stabilizes the TD-pair in CM at low frequencies. Nevertheless, due to the finite Cpg r¢cs of the TCS-HEMT
in a real design, the CM-gain increases and accordingly the CMRR decreases over the frequency band. Depend-
ent on the TCS-HEMT’s device size this might even lead to CM-oscillations at the upper band edge based on
the present high CM-gain. One effective remedy is to minimize the TCS-HEMT’s device size and therewith
Cps,rcs- A further countermeasure is the compensation of Cpgr¢s by a series inductance Lpg comp at the upper

band edge, which suppresses the increasing CM-gain and thus keeps the CMRR sufficiently high.
The most effective measures for guaranteeing CM-stability in GaN-technology are summarized once again:

e Use GaN process with highest available fr

¢ Avoid HEMTs with gate-source field-plates to minimize Cgg and Cpg

¢ Choose smallest possible device size for TCS-HEMT

e Use cascodes in TCS (if power dissipation is not of concern)

e Apply parallel feedback to mask / bypass Cgp

® Add series inductance to compensate / resonate-out Cpg r¢s of TCS-HEMT

Not all of the above mentioned CM-stabilization measures need to be applied necessarily simultaneously in
one single design. Which concrete measure to use is strongly related to the given requirements of the TD-PA.
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The overall goal of this work was the implementation of multi-decade broadband PA topologies in GaN
technology, which are suitable for the application within T&M instruments. In contrast to the class of narrow-
band PAs used in mobile communications, which leveraged GaN technology in the last five years due to its
higher efficiency and chip size compactness, broadband PAs applied in measurement instruments are on top of
their output power mainly assessed by their linearity and noise performance. Because of this reason, the core of
this work was dedicated to the investigation of suitable on-chip linearization and noise reduction schemes for
the realization of multi-decade broadband PAs implemented in AlGaN/GaN on s.i. SiC technology. The two
most promising PA topologies, namely the resistive feedback PA (FBPA) and the traveling-wave amplifier
(TWA), which are able to operate over multiple decades from DC up to several GHz, were analyzed in detail
with respect to matching, output power, linearity and noise performance within this work.

By means of a DC-6 GHz single-ended FBPA in 0.25um AlGaN/GaN
technology from the Fraunhofer IAF, the performance trade-offs of FBPAs
have been verified also by hardware measurements. The FBPA “Futago V3”
showed a very flat but slightly increasing gain from 9 dB to 11 dB, which is
in general a desired characteristic for PAs in T&M instruments in order to
compensate for the increasing losses of the upstream or subsequent switches

in the system architecture toward higher frequencies. With a P, of 36 dBm
Fig. 6-12: Photograph of DC-6 GHz and a corresponding P, 45 of 33 dBm, high output power with good linearity
GaN FBPA “Futago V3” could be obtained at the same time. Moreover, the linearity measurements
revealed a HD of better than -36 dBc at P,,; =25 dBm and an OIP3 of bet-
ter than 41 dBm. Together with the NF results of smaller than 6 dB at 6 GHz and 3.5 dB toward DC, the com-
bined outstanding performance of the FBPA in frequency operation down to DC, gain flatness, linearity and
low-noise at the same time, makes this topology the optimum choice for the application in signal generators,
operating down from a few kHz up to several GHz.

If higher BW's are targeted in the application, the distributed or trav-
eling-wave topology (TWA/DPA) proves to exhibit best wideband per-
formance. A DC-15 GHz uniform (“Unzen”) as well as non-uniform
(“Nasu”) distributed power amplifier (UDPA/NDPA) were implemented
in the same 0.25 GaN technology, achieving a flat gain with a maximum
ripple of £+ 0.5 dB at 10 dB of gain and better than 8 dB of //0-RL over
the full band. The P;45 and P; ;5 have been measured over the full band
to be larger than 35 dBm and 32 dBm, respectively. Comparison of the
UDPA with the NDPA yielded a slightly superior output power and gain
performance of the NDPA, since no portion of the output power gets
dissipated in the drain-dumping load. Although, based on the absence of

the drain-dumping load, a slightly worse ORL together with a higher gain

(b) ripple is the result. In terms of linearity both circuits exhibit high lineari-
Fig. 6-13: Photograph of DC-15 GHz GaN ty with an HD of lower than -40 dBc at P,,; = 25 dBm up to 13 GHz.
(2) UDPA “Unzen” and (b) NDPA “Nasu”  1he HD measurements of the NDPA showed again to be slightly better

229



FINAL CONCLUSION AND OUTLOOK

than of the UPDA, which is owed to the much better load-line matching of the first stages due to the missing
drain-dumping load. This coherency was also investigated in detail analytically, proving the present inherent
mismatch of the load in the 1" stage in a UDPA, where the load-line even starts to tilt into the passive region the
more ideal the design becomes. On top, the NF measurement of the two TWAs showed a strong rise toward DC,
with a minimum of 3.5 dB at around 3.5 GHz. After conducting a detailed analytically investigation of the TWA
noise, the cause for the low frequency rise in noise was identified to come from the gate-bias resistors on the
one hand and from the gate-line termination resistor on the other. The former noise contribution is only present,
when capacitive gate-coupling is applied in the design, whereas the latter is caused by the reverse transfer func-
tion from the gate-line termination to the output.

To fully bail out the maximum frequency of the GaN25 pro-
cess, a 0.5 GHz to 20 GHz non-uniform TWA was also imple-
mented with a targeted gain of 9 dB and a P, of larger than
33 dBm. In order to minimize thermal coupling between the ac-
—ammdl" | tive devices, the HEMTs were shifted in their positions in form of

a zig-zag path. The measurements showed excellent linearity with
a HD < -40 dBc up to 12 GHz at P,,; = 20 dBm and an OIP3 of
greater than 44 dBm up to 20 GHz, which is deemed to be an out-

Fig. 6-14: Photograph of 0.5-20 GHz GaN NDPA
“Namazuwa”

standing linearity performance for a broadband TWA in a 0.25um GaN technology, which is designed up to
2fr/3.

Based on the high requirements in T&M instruments for a low NF at low frequencies and high one-tone and
multi-tone linearity, different noise reduction and linearization concepts capable of operating over multiple dec-
ades were examined and the most promising ones implemented in chapter 3 and chapter 5.

For the linearization of the FBPA, a truly-differential (TD) design
concept was applied for the first time in GaN in order to further improve
the DR of the DC-6 GHz FBPA. Due to the inherent even-order harmonic
cancellation in differential amplifiers, the 2" harmonic could be sup-
pressed below the 3" harmonic, giving an increased SFDR. The measure-
ments showed for the DC-6 GHz TD-FBPA design an improvement of
more than 25 dB down to -60 dBc in HD2 at P,,; = 25 dBm and more
than 10 dB down to -55 dBc in SFDR. Above all, two-tone intermodula-
Fig. 6-15: Photograph of DC-6 GHz GaN tion measurements revealed additionally a very high OIP3 of larger than

TD-FBPA “Trafalgar V2 46 dBm at 6 GHz and even 51 dBm at 1 GHz. Power measurements
showed a P;4p of larger than 31 dBm at a nominal bias of Vpp =36 V,

Vo2 =6 V and Ipp = 200 mA/mm, whereas the maximum output power is confined by the tail current-source
(TCS), which imprints a constant supply current in a TD-FBPA. In order to gain the full output power, the gate-
voltage of the TCS-HEMT needs thus to be adjusted to class A. Despite this limitation, the TCS-HEMT enables
on the other hand the exact control of Ipp, which is often adjusted by additional on-board control circuitry in
T&M instruments to compensate for thermal variations or aging effects. Therefore, by making use of a TD-
circuit concept, control complexity could be minimized at the expense of an increased DC power due to the
stacking of two HEMTs. Not addressed so far is the sensitivity of TD-pairs to common-mode oscillations in
GaN technology. A detailed analytical analysis revealed that the cause for this unstable common-mode behavior

is the very large intrinsic capacitance ratio of Cpg to Cgp, which is characteristic for GaN. The higher the CMRR

230



FINAL CONCLUSION AND OUTLOOK

of the TD-circuit is, the more unstable becomes the circuit. For the ideal case of an ideal tail current source
(TCS), a TD-pair under 50 () behaves always unstable in common-mode at low frequencies. Fortunately, im-
plementation of a TCS in GaN technology alleviates this condition based on its “relatively” high output con-
ductance, which is typical for III-V semiconductors. Another remedy is the use of parallel resistive feedback, as
applied in the TD-FBPA, which bypasses Cgp and hence stabilizes the TD-circuit at low frequencies. Further-
more, in order to avoid unstable behavior at the upper band edge, which might be caused by the increasing
common-mode gain over the band, it is beneficial to incorporate a series tail-inductor to the TCS-HEMT, which
compensates the output capacitance of the TCS-HEMT at the band edge and therewith counteracts the increas-
ing common-mode gain. Also, omission of the gate field-plates helps in general to relax the overall stability re-

quirements in terms of the intrinsic Cgp to Cpg and Cgg capacitance ratios.

In the next step, a further improvement in linearity could be obtained by the combination of two class B bi-
ased TD-FBPA designs. On top of the even-order harmonic cancellation, the class B bias eliminates all odd-
order harmonics, giving high linearity. Unfortunately, a class B amplifier suffers from 6 dB less power gain,
which would be equal to a 16 dB design for the current 10 dB TD-FBPA. This would end up in a significant
frequency limitation for such a design. Nevertheless, it might be desirable for a quick evaluation of the degree
of linearity improvement to combine two TD-FBPAs by means of a Wilkinson power combiner on a PCB in a
first step.

Another linearization approach for TWAs, the so called nonlinear
diode predisortion concept, targets the compensation of the nonlinearity
introduced by the space-charge capacitor Cgg and has been applied for
the first time in a distributed structure. By placing anti-parallel diodes
with an invers Vg-dependence in each stage of the TWA, the resulting

total input capacitance becomes almost independent of Vg, but is at the

same time effectively doubled. The latter represents the only drawback

of this concept, which leads to an effectively halved BW. This is

Fig. 6-16: Photograph of DC-6.5 GHz GaN o o
L2ANTWA “Latukan’ deemed to be an acceptable sacrifice due to the very high intrinsic BW

of TWAs. The analysis additionally revealed that the nonlinearity in-
troduced by Cgg increases with increasing frequency due to the rising displacement current. Out of this reason,
the linearization takes especially effect toward the upper band edge. The proof of concept was done by means of
a DC-6.5 GHz linear low-noise TWA (LZNTWA) design, achieving a gain of 15 dB and up to 33 dBm of satu-
rated output power. The high linearity especially at the upper band was verified by two-tone intermodulation
measurements, showing an OIP3 of larger than 42 dBm over the whole band. Single-tone HD measurements
also underline the high linearity of the design with an HD of smaller than -38 dBc at an output power of 20
dBm. NF measurements indicate that a classification of the design as high power LNA is suitable. With a mini-
mum of 1.8 dB at around 2 GHz, the L2NTWA exhibits an extremely low noise performance with a P;4p of
larger than 29 dBm and the before mentioned high linearity at the same time. Since no capacitive gate-coupling
is applied in the design, solely the increase in NF up to 5.5 dB owed to the gate-line termination resistor needs
to be tackled.

For this reason, three different active cold load (ACL) concepts were investigated more closely and among
these (common-gate (CG), common-source with series inductive feedback (CS-SIF) and common-source with
parallel resistive feedback (CS-PRF)), the CS-PRF ACL proved to be the best candidate for the reduction of the
low frequency NF in TWASs due to its outstanding low frequency noise suppression of better than -180 dBm/Hz.
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Moreover, two different possibilities exist for the placement of the ACL in a TWA. Either the ACL substitutes
the gate-line termination resistor R;p or it replaces the last amplifying stage in the TWA to terminate the gate-
line, whererby R is simply omitted. The former solution exhibits the best low frequency NF, but degrades
also output matching and gain at the same time, whereas the latter solution does not affect output matching and
gain, but the NF is slightly higher. This is the preferred solution, since the general TWA topology is maintained
and thus the electrical output power performance not altered. As the ACL concept analysis revealed, the input
impedance of the CS-PRF ACL can only be kept constant for a certain frequency range, which is dependent on
the actual device size. In order to minimize the noise at low frequencies it is desirable to take the largest possi-
ble device size, which offers enough gain up to the corner frequency, wherefrom the NF starts to rise signifi-
cantly. Since above this corner frequency the gain starts to drop noticeably, the input impedance changes also
accordingly, which in turn was compensated by an upstream RLC-filter. The resulting combination of the CS-
PRF ACL together with the RLC-filter is also called “blue-noise” active termination (BNAT) due to the analogy
of the high frequency noise shaping to the optical spectrum of blue light. The measurements of the L2ZNTWA
with a §X100um device in the BNAT showed a NF improvement at 100 MHz of 1.9 dB from 5.5 dB with Rt
to 3.6 dB with BNAT. The general small-signal performance of the [2NTWA has not been altered, except for
deviations in the input match based on process variations of the active device in the BNAT. The results never-
theless prove for the first time that the BNAT enables the design of low-noise TWAs in GaN technology com-
pensating the well known NF “bathtub”-shape of conventional TWAs.

The impact of the BNAT on the TWA’s linearity could not be fully covered within this work, but needs to
be investigated in the future. It can be generally stated that the larger the device-size ratio between the HEMT in
the BNAT and the HEMTs in the active TWA stages is, the lower is the degradation of the overall TWA’s line-
arity for larger drive signals. This relationship is simply owed to the larger back-off operation of the BNAT
HEMT, which leads to a lower introduction of spurious harmonics onto the gate-line.
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The Y-parameter matrix of the simplified FBPA from Fig. 3-30 (a) at DC can be computed to

1 1
7 Rrp Rrp (A.1.0)
FePA 1 ImoRps 1 1
——+ —+
l pr Rfs + RDS(l + ngRfs) pr Rfs + RDS(1 + ngRfs)J
A.1. Computation of Series- and Parallel Feedback Resistance for Constant S21
Insertion of (A.1.10) into (3.21) yields Ry, for a given S, equal to
_2Z,(1— 521)(Rfs + RDS(1 + ngRfs) ) — 531Z0°(1 + gmoRps) (AL1)
521 = 1.
” S21(Zo + Rys + Ros(1 + gmoRys) ) + 29moRosZo
and correspondingly for R
R _ Rep(S21(Zy + Rps) + 2gmoRpsZo ) + $21Z0°(1 + gmoRps) + (S21 — 1)2ZoRps (A.12)
S21 = 1.
r (220(1 = $21) = RgpS21) (1 + GimoRos)
If Rpg is sufficiently high, Rs), 51 and Ry 551 can be approximated very well for Rpg — oo by
21— 521)(1 + ngRfs) — ImoZoS21
Rep,s21 = S (A.13)
Z_o (1 + ngRfs) + ngo
and
Z
Rrp(Sa1 + 2gmoZo) + 274 <1 — Sy (Fm9%0 4 1))
(A.1.4)

R 521 =
I 9m0521(pr - ZZO) *+ 2gmoZo
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A.2. Computation of Series- and Parallel Feedback Resistance under Constant S11 and S22

Similarily, for a given Sy, and S5, Ryp results in

(1 + S11)(1 + gmoRps)Zo® + 2Z¢Sy, (Rfs + RDs(l + ngRfs))

Rppoiq = (A2.1)
p,511
(1 = S11) (Zo + Rys + Ros(1 + gmoRys) )
(1 + 522)(1 + gmoRps)Zo” + 2ZS2, (Rfs + Rps(1 + ngRfs))
pr‘szz = . (A22)
(1—=532) (Rfs + Rps(1 + ngRfs)) —Zo(1+ S33)
and Ry in
(1 + S11)(1 + gmoRps)Zo” — Rep(1 — S11)(Zo + Rps) + 2ZRpsS11

Rfss11 = (A2.3)

((1 = S1)Rsp — 220511) (14 gmoRps)

(1 + S22)(1 + gmoRps)Zo* — Rep (1 — S32)Rps — (1 + $22)Z¢) + 2ZoRpsS,2

Rfss22 = : (A.2.4)

((1 = S22)Rpp — 220522) (1 + gmoRps)

If again Rpg is sufficiently high, Rep 11,22 and Rgg 511,22 can be approximated very well for Rpg — oo by

220511/22(1 + ngRfs) + gmoZo* (1 + S11/22) (A2.5)
(1 - 511/22)(1 + ngRfs)

pr,s11/22 =

and

Qmozoz(1 + 511/22) + 220511722 + Rep(S11/22 — 1)
Imo ((1 - 511/22)pr - 220511/22)

Ress11/22 = (A.2.6)
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B.1. Noise Parameter Derivation from Correlation Matrices

As H. Hillbrand and P. Russer have derived in their excellent paper [67], the four noise parameters
(Fin |Y0pt|,4Yopt, R,) can be derived by determination of the equivalent correlation matrix of the noisy

HEMT in chain-parameter format equal to

e [CA,ll CA,lZ] _ [< VUt > < vpin” >]

A7 Ca21 Cazel " l<vytin > <inint >
B.1.1
Fmin -1 * ( )
Rn 2 - Rnyopt
_4kT0. Fmin_1 2 '
- RnYopt Rn|Yopt|

It is sufficient to determine C, of the HEMT and the four noise parameters can be computed from (B.1.1) to

Ciip+Cypn¥o”
Froo=1 +( A,12 a,22Yopt ) (B.1.2)
2kT,
C C 2 C

A,11 A,12 . ‘A,12
Yoot = |=——[Im{=— +]-1m{ - } (B.1.3)

opt Ca 22 < {CA,22}> Ca22
_CGan (B.1.4)

" 4kT,

The corresponding noise factor F results hence in

1 Zs]-C,- [Zi] (B.15)

F=1
+ 4kT0 " Re{Zs} ’

with Zs being the source impedance. By following the transformation rules given in [67], the HEMT including
parasitics can be split up into several building blocks, where each block is described by its noise correlation ma-
trix in the best suited parameter representation, as Fig. B.1-17 depicts. It is worth noting that the the parasitic
pad capacitances are not shown, since they can be de-embedded from the model in a first step and do not con-

tribute any thermal noise.
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Fig. B.1-17: Schematic of equivalent small-signal noise model of a HEMT split up into its correlation matrices

The following recipe will describe the procedure to derive 64 by simply following the noise correlation

transformation rules from [67]:

Computation of intrinsic transistor noise correlation matrix in Y-parameter representation (C_)y_n- (input/output

short-circuit noise currents)

<igig*> <igip" >] (B.1.6)

YT <"G lD> <lDlD >

Transformation of (C_)Y,Tl- into Z-parameter reprensentation C, 2z i (input/output open-circuit noise voltages) by

the transformation

— - — - + Z Z o Z * Z *
Czri = TrozCrri(Troz) = |7} Z;Z] Crri |, Zi]

(B.1.7)
Inclusion of the series feedback parasitic impedance Zg by simple summation of C, zri With C, 7,25 yields

6Z,Ti+Zs = 8Z,Ti + 62,25- (B.1.8)

Transformation into ABCD-parameter representation of C, 7 Ti+zs from step 3 gives

o — o T +
Carivzs = Tz-aBcpCzrivzs(Tz—ancp)
(B.1.9)

=[(1) :g]CY,Ti _Z* _OC*]-
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The noise of the extrinsic elements Zg and Zp is included by the transformation rule for the correlation ma-
trices in chain-format, which is defined by

=g =g

- - - +
CA = CAl + TA1 * CAZ " (TAI) . (Bllo)

Insertion of the correlation matrix obtained in step 4 and twofold execution of (B.1.10) in order to include

E;l,Zg and (C_‘AVZd gives for the total noise correlation matrix of the HEMT in Fig. B.1-17

Cy = (CA,Zg + 179 Carivzs (TZg) ) + (TZg : TTi+Zs) *Caza- (TZg : TTi+Zs) . (B.1.11)

The noise correlation matrices of the passive parasitics in Y-parameter ((C_‘)Y‘Zx) or Z-parameter (6 7,7x) Tepre-
sentation can be simply computed by the corresponding admittance or impedance representations of the two-
ports.

Cyzx = 4kTo-Re{V,} A Cpzx = 4kT, - Re{Z,} (B.1.12)
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C.1. Correlation Between Induced-Gate & Drain Noise-Current for Capacitively-Coupled TWAs

The correlation coefficient of Van der Ziel s / Pucel s noise model between induced-gate- and channel-nose
can be expressed via [55]

L'n,G* “In,D
c= (C.1.1)
.12 . (2
|£n,G| ' |£n,D|
The NCSD of the noise current at the output of the k"-stage is according to Fig. 3-41 equal to
C2 | e
|£n,k| = |£n,G "Im Zg(w) + En,D|
(C.1.2)

= ling* 9m - Za(@) + Lup|” + |inp|” +2- Re {ling - gm Za(@)) Lup),

Cin,k

where Zg(w) is the complex impedance seen by the k"™-gate. Replacement of the term in curly braces in (C.1.2)
by (C.1.1) yields

(C.1.3)

Cin,k =2 "Im* Re{c 'ZG(‘U)*} '

In equation (C.1.3) g can be considered to exhibit only a real-part for GaN HEMTs, because 7 is with a
few ps very small and does not affect noticeably the intrinsic g,, up to several tens of GHz. Finally, since the
correlation coefficient ¢ of GaN HEMTS can be very well approximated to be only imaginary with ¢ = j0.8, the
Re{c AR (a))*} in (C.1.3) is only existent if Zg(w) exhibits an imaginary-part [59, 103]. Since from (C.1.3) it
can be inferred that the Re{g G (w)*} does not have any effect on C; , due to the purely imaginary correlation
coefficient ¢, only the Im{ZG (w)*} has to be taken into account. The imaginary-part of Zg(w) is for low fre-
quencies extremely negative due to the capacitances Cgg and C and strives with increasing frequency towards
zero. Hence, the complex conjugate Im{ZG ((u)*} is positive, giving negative values for Re{c Zg ((u)*}. There-
with, the noise contribution from iy,  and i, , is partially cancelled at the output. This takes unfortunately only
noticeable effect, where the frequency is large enough to produce significant noise contribution from i, g, since

in G is increasing with frequency.
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C.2. Noise Correlation of Conventional TWAs

If no capacitive gate-coupling is applied, Z; (w) can be assumed to be purely real and ideally equal to Zy/2.
The correlation term from (C.1.3) therefore yields

(C.2.1)

Cin,k = gm - Zy -Re{g}-
Again, with a purely imaginary correlation coefficient ¢ for GaN HEMTs C; , becomes equal to zero. It is

thus noticeable that additional noise power contributed by correlation between induced-gate noise i, and

channel-noise i, j, in the output load can be omitted if no series gate capacitors are present in the TWA.
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D.1. Derivation of Gate- and Drain-Line Propagation Constant

The propagation constant y = « + jf of a two-port network refers to the amplitude ratio between the output
and the input of the two-port and can thus be expressed by the ABCD-parameters in the following form of [100]

e =+AD —VBC. (D.1.1)

Since the artificial gate- and drain-line constant k-sections are always reciprocal (S;, = S,; or in terms of
ABCD-parameters AD — BC = 1), equation (D.1.1) can be rewritten to

-y =In(VAD —VAD - 1). (D.1.2)
With the mathematical relationship
In (x +4/x2%2 — 1) =cosh™'(x) ; x>1, (D.1.3)
equation (D.1.2) can now be expressed by the inverse hyperbolic cosine, giving
y = cosh'l(m). (D.1.4)
If the following, the general constant k-section in T-shape form is considered, as depicted in Fig. D.1-18.

7/2 7/2
o o

Fig. D.1-18: T-shaped constant k-section

The corresponding ABCD-matrix results in

zy zy
1+— Z(1+—)

_[A Bl _ 2 4 (D.1.5)
ABCD = | Dl ~ v 1+ZY
2
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Accordingly, if a T-shaped m-derived section is considered, as depicted below in Fig. D.1-19, the ABCD-
matrix can be calculated in a similar fashion. In general there are two different options for the description of a

T-shaped m-derived section, depending on the magnitude of m.

mZz/2 mZz/2 Z/(2m) Z/(2m)
o— f—o o—] —o
1-m2 m4-1
m < mZ
m< 1 m>1
my Y/m

(a) (b)

Fig. D.1-19: T-shaped lossy m-derived sections for (a) m < 1 and (b) m > 1

Calculation of the ABCD-matrix for Fig. D.1-19 (a) with m < 1 yields

A B
ABCDm<1 = C D “«
m
- m2Zy 214 m2ZyY (D.1.6)
| zava-myzyy ™ 4(1 + (1 — m?)ZY)
(a4 ) reg
| (1—m?)zY 2(1+ (1= m®)ZY)

and correspondingly for Fig. D.1-19 (b) withm > 1

A B

ABCDm>1 = cC D o1

- 7y 5(1 N 7y ) (D.1.7)
2(m?+ (m?2 —-1)ZY) m 4(m? + (m? — 1)ZY)
y m? 7y :
| E(l Tz 1)ZY) Y v =z |

It can be simply checked that the matrices (D.1.6) and (D.1.7) reduce to the k-section matrix in (D.1.5) for
m = 1. In the following, only the case (a), where m < 1, will be considered for minimizing calculation over-

head. From (D.1.4) the propagation constant for the k-section can now be determined to

zZY ZY
Yk = cosh™1 (1 + 7) & cosh(y) =1+ > (D.1.8)
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and accordingly for the m-derived section (m < 1) to

. m2ZyY
Ym = cosh <1 Toavaz mZ)ZY)>
(D.1.9)
m2ZyY
T A+ d—mozn)

< cosh(yy) =1

It is desirable to split up the term cosh(a + jf) into its real and imaginary-part, which can be obtained by

the equivalent mathematical trigonometric expression
cosh(a + jB) = cosh(a) cos(B) + j - sinh(a) sin(B). (D.1.10)

For relative small attenuations (a < 0.4 Neper/m) the hyperbolic functions can furthermore be approximated

by cosh(a) = 1 and sinh(a) = a, giving
cosh(a + jB) = cos(B) +j - a-sin(B). (D.1.11)

By separating the last term in equation (D.1.11) for its real and imaginary-parts gives on the one hand for

the real-part

Re{cosh(a + jB)} = cos(B), (D.1.12)

wherefrom the phase constant 8 ([8] = 1°/m per unit section) can be calculated to

B = cos™(Re{cosh(y)}) (D.1.13)

and on the other hand in an analogous manner from the imaginary-part the attenuation constant & ([a] = Np/m

per unit section

_Im{cosh(y)} _ Im{cosh(y)} _ Im{cosh(y)}
~ osin(B) V1 — cos(B)? - J1— (Re{cosh(y)})?

(D.1.14)

Expressing the sin(B) by /1 — cos(B)? in (D.1.14) enables the reuse of the already calculated term from
(D.1.12). Finally, inserting equations (D.1.8) and (D.1.14) into equations (D.1.13) and (D.1.14) leads to the gen-

eral formulas for the propagation constants of a k- and m-derived section (m < 1).

2
m{1+%} L Im{1+2(1+g—21;12)21/)}
U = 2 o 2
Ji=(e(+3) Ji- (el s )
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7y m2Zy
ﬁk:amﬂ(m{1+§%) ﬂn=“”ﬂ<m{1+za+w1—m%mﬁn

(D.1.15) (D.1.16)

D.2. T-shaped lossy constant k-section

After derivation of the general dependencies between Z and Y and the phase constant § and attanution coef-
ficient  of a constant k-section in (D.1.15), Z and Y can be replaced by the lossy gate- and drain-line compo-
nents, as illustrated in Fig. D.2-20.

L¢/2 L¢/2 Lo/2 Lo/2
Ces
Cps Rps
Ras

(a) (b)

Fig. D.2-20: T-shaped lossy k-section of artificial (a) gate- and (b) drain-line

By comparison of Fig. D.1-18 with Fig. D.2-20 (a) and (b), the complex gate and drain-line Z and Y can be
derived to

Zg =jwLg Zp = jwlp

jwC 1
J GS YD = R— +ijDS

Y. =——————
71+ jwResCas DS

(D.2.1) (D.2.2)

By insertion of equations (D.2.1) and (D.2.2) into the values for A and D from (D.1.5) and normalization for
of the transistor parameter for unit line length, the following expressions for the gate- and the drain-line result

L _I_ZG,YG’ =1 w®Lg'Cgs ny w*Cgs°Lg' Ras
2 2-0,(1+ (wCesRas)D) ! 1,1 + (wCgsRas)?) (D.2.3)
Re{cosh(yy)} Im{cosh(yg)}
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ZD,YD’ (A)ZLD’CDS i (A)LD,
1 + = — > . .
2 2 lD RDS 2 lDRDS
Re{cosh(yg)} Im{cosh(yq)}

(D.2.4)

By finally taking the real- and imaginary-parts of (D.2.3) and (D.2.4) the phase and attenuation constants for

the gate- and drain-line, as derived in equation (D.1.15), can be rewritten to

w?CgsRgsv L' Cas

A =

N =

1 L:'C,
~ = ZC R G “GS
2@ es Gs\jlc(l + (wCgsRgs)?)

(,L)ZL ,CGS
=cos™?! <1 - El )
ba 2-1(1 + (wCgsRgs)?)

.- Lg'Cgs
lg(1+ (wCgsRgs)?)

_1 Ly 1
=2 JCos ® i
RDSlD 1—CL)24D—IID)S
1 (L, 1

~ 2 {Cos ° Rpslp

Q)ZLD’CDS
D — COS_1 <1 —ﬁ>

Lp'Cos
~ - 22D
1/ Ip

With
2
w =
©9 VLcCes
_ 1
“og = RgsCs
(D.2.9)

jla(l + (wCgsRas)?) (1 T4 1+ (wCGSRGs)Z)) (D.2.5)

(D.2.6)

(D.2.7)

(D.2.8)

06T ToCos

We,a =

RpsCps

(D.2.10)

255



APPENDIX D

equations (D.2.5) - (D.2.8) can be expressed in terms of the corner (wg) and cut-off frequencies (w,) of the

gate- and drain-lines, as it is often found in the literature [97, 100].

w
w w
ag et (D.2.11)
w \?2 w \
\]1 + (w_a) B (wc,a)
2
2(aes)
Be =cos™1| 1 —% (D.2.12)
1+ (w_G)
Wp
an = We p
b (D.2.13)

2
fp = cos™1 (1 - 2< @ ) ) (D.2.14)
We,p
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E.1. Power Gain Approximations for TWAs

It is often meaningful to find a simplified expression for the power gain Gp other than presented in section
3.4.1 in equation (3.75). To come up with a solution it is necessary to determine validity ranges for the power
gain approximated formulas. In general, it is a valid assumption that the phase delays on gate- and drain-line are
equal (B¢ = fp) striving for maximum bandwidth. If so, a simplified expression for Gp in terms of the gate- and

drain-line attenuations per section & and ap can be established, as shown in (E.1.1) below.

[e—N-aDlD _ e—N-aGlG]

(E.1.1)

2 2
Im ZGZD -y
GP =—-|e ]2 aplp

4

1 1
e2@cle—aplp) _ ,~3(aglg=aplp)
=1

Since the magnitude squared of a complex exponential function is equal to 1, (E.1.1) can be further simpli-
fied to

ngZGZD [e—N'leD _ e—N‘dalc]

P 4

. (E.1.2)

1 1
e2t@cle—aplp) _ ,—3(aglg=aplp)
TF(Gp)

Since usually the attenuation on the gate- and drain-line has to be sufficiently small in the design, first ex-
pressing the denominator by a sinh-function, as in (3.75), and then approximating the sinh-function by the fol-

lowing Taylor-series expansion

3 x5

. _ x (E.1.3)
sinh(x) = x + 31 + o + -,
gives the following first order approximation in (E.1.3) for the denominator in (E.1.2)
(1 (E.1.4)
Z'Slnh(E(QGlG—aDZD)) =aGlG—aDZD U

This results in the same approximation as already found by Y. Ayasli et al. in [93], which is equal to

G, = ImZeln <6_N'“D1D - e_N'aGlG)Z (E.15)
P - .

4 a’GlG_aDlD

If furthermore the usually much smaller drain-line attenuation per section is approximated by ap = 0,
(E.1.5) leads to

2 _ ,—N-agl 2
Gy = gm“ZgZp (1—e 06 _ (E.1.6)
4 aGlG
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In a final step, making again use of the Taylor-series expansion for the exponential function

—x _ 1 _ XX (E.1.7)
e ¥ = x + TR +
in (E.1.6) yields
_ Im°ZeZp 2 N-agls  (N-aglg)> (N-aglg)® ’
Gp _T.N 1= 2! * 3! Bl 4! ) (E.1.8)

TF(Gp)

Taking expression (E.1.8) up to the second order (O(2)), as used by Y. Ayasli et al. in [96], is only a valid
approximation as long as a; < 0.1 Np, as the comparison of (E.1.8) with (E.1.6) in Fig. E.1-1 (a) depicts. For
higher a it is necessary to extent the Taylor-series expansion up to third order (O (3)) to attain a larger validity
range up to a@; < 0.2 Np. The graph for O(4) illustrates that taking even higher order terms into account does
not necessarily give a better approximation. Important to note is the fact that (E.1.5) is only valid for ap = 0. As
soon as the drain-line attenuation per section (@) gets in the order of magnitude of the gate-line attenuation per

section (@), the approximation is not valid anymore.

Fig. E.1-1 (b) shows in addition the variation of (E.1.2) over Aa (= a; — ap) in percent compared to
(E.1.5). As soon as the attenuation difference between gate- and drain-line approaches unity, the approximation
from (E.1.5) results in a maximum error of 8.6 %. For a difference in attenuation Aa of smaller than 0.4 Np, the
error introduced by (E.1.5) stays below 1.35 %. This proofs that (E.1.5) is a sufficiently good approximation for
(E.1.2) for the design of TWAs.

1.0 T T T T T 10 T T T T nl
— = = TF 0 0@
a.= |- TF. 0@3)
D aprx
081 7
7 0 TF pr O4) 8
——TFforap =0 o
3 061 TFfor ap = ag ?: 6 |
9] S =
o / —~ ~ -7 o
=04 S--——--70@) 1 oot |
D" S
o i, 0(3) 1.35%
02r G RNy 1 2r 1
e S ;
0 | | | | | " 0 i | | .
0 0.05 0.1 015 02 025 03 035 04 0 0.2 0.4 0.6 0.8 1
g inNp A« in Np
(a) b

Fig. E.1-1: (a) normalized power gain transfer function TF(Gp) vs. gate-line attenuation a for (E.1.8) with 2", 3™ and 4™ order
approximation and (b) power gain transfer function error in percent introduced by first order Taylor-series approximation for the sinh-
function in (E.1.5) compared to (E.1.2)
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E.2. Determination of Optimum Number of Stages

Based on the preceding considerations in D.1 regarding the power gain dependence on the gate- and drain-
line attenuations per section the optimum number of stages can be derived from (E.1.2), which maximizes the

transfer function TF (Gp). Therefore, TF (Gp) has to satisfy the following equation

) [e—N-aDlD _ e—N-aGlG]
m(l ooy Keoteco) = .
e2@cle—aplp) _ ,—3(aglg—aplp)
which can be calculated to
aGlG . e_Nopt'“GlG — aDlD . e—Nopt-aDlD. (E.22)

Taking the natural logarithm of (E.2.2) and solving for N, gives the final solution for the optimum num-

ber of stages, which is equal to

_ In(aplp/agle) (E2.3)

opt aplp —aglg
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F.1. Common-Mode Stability of Differential Amplifiers

For the common-mode stability limit of a TD-pair it was shown in chapter 6.1 that as long as |S.;.1| or
S, stays below one and an ideal constant tail current-source with Y-¢ = O S is presumed, the amplifier is
c2c2 y CcS p p

stable under Z. The stability condition can thus be expressed by
Sc1c1/c2c2 <1 (F.1.1)
with

(1 - ZO*YC1C1/C2C2)(1 + ZOYCZCZ/Clcl) + |ZO|2YC1C2/C2C1YC2C1/C1C2
A+ ZoYerc1/c2c2) X+ ZoYeocz/c1c1) — ZOZYcch/c2c1YCZCl/clc2

Sc1c1/c2c2 = (F.1.2)

and the additional information that the TD-pair is for Yog = 0 S symmetric, equation (F.1.2) can be rewritten for

areal Z to

1

S = |—
Clc1/c202| 1+ ZZOYclcl

. (F.1.3)

Separation of Y, into real and imaginary-part and rearrangement of the terms in equation (F.1.3) gives the
relation

Re{Yeic1} = =Zo - (Re{Yeqc1}? + Im{Yeie1}). (F.1.4)

Insertion of the HEMT parameters from equation (6.1) in section 6.1 into (F.1.4) and polynomial sequenc-
ing of the form

14
Y qui<o (F.1.5)

a=0

yields the following polynomial coefficients ¢, in Table F.1-1 below.

The magnitude of the single weighting terms w(p) = |cp| - wP can be now meaningful assessed by means

of the plot in Fig. F.1-2. Neglecting the terms for p > 2 leads to no significant error in computation for low fre-
quencies, because the magnitude of all higher order terms is several orders of magnitude smaller and therewith
does not impact the result.
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APPENDIX F

Table F.1-1: Polynomial coefficients ¢, for common-mode stability

C2 gmg(CGSCDS - CGngmZO)
Cq CasCpsgm(Cas + Cps)? — Zo[gm*((CasCps)? + 2(Copn(Cos + Cps) + CasCapCps(Cas + Cps))H]
2
Ce Zy(Cep(Cgs + Cps)? + CasCps(Cs + Cps))
10°
1070 ‘//7//)(/»4‘//:://
A1o‘2°—"/// o o7
= o
; 10*30 s -7
10 e
- - — = w(6)
107 :
10* 10° 10 10"
fin Hz

Fig. F.1-2: Weighting functions w(p) of TD-pair separated by their polynomial order
Thus, taking only the second order expression into account leads for equation (F.1.5) to
3 2 2
Im*(CasCos — Cop“gmZo)w® < 0. (F.1.6)

Solving of (F.1.6) in a final step for either Cgp or Cpg gives the relation between Cgp and Cpg for which
stability under Z; is guaranteed.

C Cop’9gmZ
GS Cps or Cps< GD 9m 0

(F.1.7)
mZO CGS
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